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Abstract

High frequency inductive wireless power transfer is a promising solution that can enable the
true potential of many technological applications. The Class EF and Class @ inverters have
properties that make them ideal candidates for primary coil drivers, but designing such cir-
cuits with accuracy is difficult using traditional first order methods due to their complexity.
A generalised design method is proposed in this work, that can be applied to any Class E
type inverter, and includes non-linear and parasitic effects that become prevalent at high fre-
quency operation. A 13.56 MHz 50 W Class EF5 inverter is developed using this method with
97 % efficiency, and no additional manual re-tuning, whilst maintaining all of the other design
requirements. In addition, several circuit configurations are introduced to enable high power
operation using GaN technology, including a single common choke push-pull Class DE topol-
ogy. A demonstration of a 3.39 MHz 3kW DC/DC inductive power system with 95 % efficiency,
using a parallel push-pull Class E inverter, is shown to confirm the theoretical findings. Fur-
thermore, the typical one-to-one wireless link design is generalised to a one-to-many resonant
system through a custom iterative method, which expands the application space of inductive
power transfer systems. Then, an implicit method for characterising links at high frequency
where measurement instruments fail to produce accurate results is proposed and demonstrated
through experiments, by using resonant converters. The limitations of Class E type inverter
operation at fixed loads are investigated and overcome by introducing various potential active
control schemes, which can even absorb the negative effects of reactive reflections to the primary
while maintaining output regulation. Finally, an analytic design method for Class @ resonant
gate drivers is presented and a detailed performance comparison with an equivalent half-bridge
driver is conducted, where the resonant gate driver despite the slightly lower efficiency displays

better switching characteristics.
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Preface

There are five main technical chapters in this thesis and seven chapters in total, organised as
follows:
e Chapter 1 is a brief, general introduction to inductive wireless power transfer systems.

e The main core of this work is presented in chapter 2, where a design process for Class EF

and Class @ inverters is proposed.

e Chapter 3 investigates the potential of operating high frequency inductive power transfer

systems at high power and several candidate solutions are introduced.

e A link design method for inductive power transfer systems with a single transmitter to
many receivers is proposed in chapter 4. In addition, an implicit inductive link estimation

method based on converter measurements is introduced.

e Potential solutions for real time adjustments of Class E type inverters to load variations

arc given in chapter 5.
e Chapter 6 contains an analytic design method for Class @ resonant gate drivers.

e Chapter 7 concludes the thesis.
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Chapter 1

Introduction

1.1 Wireless Power Transfer Techniques and Applications

As technology advances, a rising number of applications in various fields are revealed where
wireless transmission of power can either enhance their capabilities and performance, or is even
essential for their core function. An indicative example where Wireless Power Transfer (WPT)
is beneficial compared to current solutions is in recharging biomedical implants, where we can
substantially decrease the size of the battery required to be implanted, increase its lifespan,
and reduce the number of consecutive surgeries needed for battery replacement [2, 3]. As
we make improvements in miniaturisation and robustness of WPT systems and the transfer
efficiency becomes comparable to traditional connectors, WPT systems are strong candidates
for replacing connections that are sensitive to exposure to environmental elements (humidity,
dust, etc.) [4]. Furthermore, WPT can increase the autonomy of systems, for example by
dynamically charging vehicles while they are on the move and thus reducing their battery
sizes and minimising the amount of time needed for stationary charging [5]. Space based solar
power, which is the concept of capturing solar power in outer space and delivering it to the

earth through microwaves, is also a highly popular research topic with large interest lately [6, 7].

Historically, even though Faraday and Maxwell had already worked on the fundamental physical
concepts enabling WPT, it was Tesla who first experimented with transmitting power over a
distance [8]. Since then, and especially after World War II, research on several types of WPT

has been conducted, initially focused more on far field technologies, but with near field catching
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38 Chapter 1. Introduction

up later on, too [9]. The latest advances in Wide Band Gap WBG devices in recent years have
accelerated even further the interest and effort put into developing WPT systems for real-world

applications [10].

Electromagnetic field power transfer can be split into two subcategories: near field (coupled)
and far field (uncoupled) WPT [11]. Near field WPT is based on electromagnetic induction
and is used for distances from mm to m, whereas far field transmits energy using radiation
and can transfer power even across km. Far field WPT can be further distinguished between
Radio Frequency (RF) and microwave, operating at MHz to GHz, and optical (laser) power
transmission, at THz frequencies. Near field WPT can be achieved either with the electric field
(capacitive) or with magnetic field (inductive), and operating frequencies typically range from

low kHz to low MHz.

Radiative systems can inherently achieve power transfer over longer range compared to closed
coupled ones, but their efficiency is poorer [7]. The efficiency and range of strongly coupled
systems can be further improved by utilising resonance at the operating frequency [12]. Also,
closed coupled systems are generally safer compared to far field technology [11, 13]. Radiative
WPT systems can effectively deliver up to MW of power, whereas near field have so far achieved

efficient transfer of up to tens of kW [14].

Due to the directional nature of the electric field, the negative effects of the stray fields in
capacitive WPT are less disruptive compared to Inductive Power Transfer (IPT). However,
capacitive systems are inherently operating at extremely low coupling for useful applications,
which requires very high frequency and high voltage to achieve high transfer efficiency. In order
to reach the high magnitude of electric field required, multiple stages of impedance transforma-

tion networks are used, which increase the losses and the size of the primary driver circuitry.

Regarding WPT systems using magnetic coupling, there are two main approaches when it
comes to operating frequency. The most popular approach is using kHz frequencies, such as
the Qi standard which is widely used in low power consumer electronics, or the SAEJ2954
standard (85 kHz) for electric vehicle charging [15]. The design of the power electronics in these
kHz frequencies is relatively conventional and based on proven and well-established half-bridge
topologies. However, the magnetic link is bulky and requires a lot of copper and ferrite for

efficient power transmission.
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On the other hand, the alternative approach uses low MHz frequencies for the link, such as
the Airfuel Alliance (6.78 MHz). Operating at high frequency has the potential of significantly
reducing the size and cost of the magnetic link, while still maintaining high quality factors
[16]. In addition, high frequency enable the operation of the link at low couplings without the
need of ferrite materials. However, switching losses increase with frequency, which makes the
design of the converters a challenging task for high frequency high power applications [17]. In
order to fully benefit from the advantages that high frequency IPT offers, we need to accurately
design appropriate resonant soft-switching converters to enable efficient operation and be able

to precisely integrate them into the magnetic link, which is the main topic of this thesis.

1.2 Electromagnetic Theory of Induction

The magnetic flux @ at time ¢ caused by a magnetic flux density B through a surface area S

is defined by the relation

b (t) = / B(Ft)-d3, (1.1)
S(t)
where 7 is the position vector and ds is the infinitesimal surface area vector. Consequently, the

rate of change of @ through a moving loop area S'is

a6 d B}
L2 BFe-ds. 1.2
dt — dt Jg (r1) - ds (1.2)

The Maxwell-Faraday equation describes the interaction between a varying magnetic and elec-

tric field E and its integral form is given by [18]

| . OB

§I§ E(rFt)-dl=— — -ds, (1.3)
aS(t) S(t) ot

where 0 is the boundary of S and dl'is a segment of that loop. In the special case of 9S being

a conductive loop as shown in Figure 1.1, the right-hand side of (1.2) combined with (1.3) in

the macroscopic view produces

d — — — —
— B(F,t).<1§:—9§ E(Ft)+ (v(t) x B(rt))]| -dl, 1.4
7 s o T+ (90 x B (7)) (L)
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where ¥ is the velocity of dl.

Figure 1.1: A varying conductive loop 05 in the presence of a changing magnetic field B
resulting in a time changing magnetic flux d®/dt.

The Lorentz force F' is defined by an empirical axiom that describes the combined forces to a

test charge ¢ due to the presence of electromagnetic fields [18] and its differential form is
aF = [E(rt)+ (7(6) < B(7,1)) | dg. (1.5)

The electromotive force & is defined by the line integral of F per unit charge [18]:

dF -
gt::gﬁ — .l 1.6
(t) v 0 (1.6)

The differential form of Faraday’s law occurs by combining all of the above:

&(t) = — (1.7)

E 3

and it states that a changing magnetic flux through a closed conductive path induces an & in

that loop.

According to the Biot-Savart law, a constant current line I along 0S produces constant a
magnetic field at 7 [18]:
(1.8)

where 1, is the permeability of free space and 7 is the vector from di'to 7. Since B in (1.8) is
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proportional to I so is the @ generated by it, and by using (1.1) we get:

_ 2@
L= 0 (1.9)

where the proportionality factor L is the self-inductance of 9S and it is a geometry depended

quantity.

If I is varying quasi-statically so that (1.8) still applies, we get the relation of the voltage across

an inductor with the current through it, by combining (1.7) with (1.9):
(1.10)

which means that a varying current through a loop induces an & in itself.

According to (1.8), the magnetic field in Figure 1.1 can be generated by a current around

another loop in vicinity, as shown in Figure 1.2. In such configuration, the flux through S is
%@z/gwmw@:Mh@, (1.11)
So

where the proportionality constant M is the mutual inductance of the two loops. Using Stoke’s

theorem on the configuration of Figure 1.2, M is given by the general formula [18]

Mzﬁyﬁ }5 di, - i, (1.12)
A Jos, Jos,  [F]

where 7 is the distance between di; and dls. Based on (1.12), the value of M is independent of

which of the two coils carries the current and it is a purely geometrical quantity.

If I, is changing with ¢, it causes a changing magnetic flux through 95, according to (1.11),

which in turn produces an &, as shown in (1.7):

dr
8 (t) = — M. d;.

(1.13)

Since 0S5 is conductive in Figure 1.2, a current [, flows through it because of the induced &,

which in turn produces a B based on (1.8). This effect will result in an induced &, in 95,

dI
£Mﬂ=—MEf. (1.14)
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Figure 1.2: The current I, around the loop 0S; generates the magnetic field él, resulting in
the magnetic flux @, through the area S.,.

The total effect of I; on both 9S; and 0S5 is derived from the combination of (1.10) on

each loop individually with (1.13) and (1.14). Substituting the arbitrary conductive loops in

Figure 1.2 with the coupled coils in Figure 1.3, the relation of the voltages across the coils with

the currents through them is described by the following system of equations:

di di
Ul(f):le—tl—FMd—tQ _
dis  diy - (1.15)
v2 (1) = Lasqr + Mg

The coupling factor k in Figure 1.3 is a description of the part of the magnetic flux produced

by L; that flows through Ly and is defined by [19]

(1.16)

Figure 1.3: Circuit diagram of two mutually coupled inductors.
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1.3 Inductive Power Transfer System Fundamentals Overview

A high level overview of a conventional IPT system, from alternating current (AC) mains to
the remote load being charged, is shown in Figure 1.4 [20]. The mains rectifier (typically a
full bridge) as well as the DC/DC (direct current) converters in both the transmitter (Tx) and
receiver (Rx) sides are independent of the IPT operation of the system and are not discussed
in detail in this work. The primary side DC/DC converter usually includes an active power
factor correction (PFC) function and provides the required DC input voltage for the primary
coil driver. The secondary side DC/DC converter adjusts the voltage to the specifications of
the load and can also act as a voltage regulator. However, the power regulation can also be
performed through special high frequency (HF) rectifier topologies |21, and thus the extra

DC/DC conversion stage in the Rx may be omitted in some cases.

HF Resonant Operation

Tx Electronics i __________ R}F Electronics

AC Mains i HF . HF
Mains Rectifier DC/DC ! Inverteri Link iRectiﬁer: DC/DC  Toad

_______________________________

Figure 1.4: High level block diagram of the various power conversion stages in a typical IPT
system.

Along with the coupled coils, the parts of the circuitry in Figure 1.4 that perform the WPT
operation are the inverter, which acts as the driver of the primary coil, and the HF rectifier, that
turns the HF signal of the secondary back to DC, so that it has a usable form for the subsequent
receiver electronics |5]. Typically, the two coupled coils are part of respective resonant tanks, to
achieve higher power throughput especially at low coupling instances [17]. In addition, as the
frequency of the inductive link rises and the switching losses of the devices become a limiting
factor, the preferred inverter and rectifier topologies of the IPT link are also resonant converters
[22]. Depending on the application, an impedance matching network may be needed between

the resonant tank and the HF converters for optimal compatibility [23].

Each of the resonant tanks of the coupled coils can be connected either in series or in parallel
with the corresponding coils [24]. The most widely used inverter circuits for WPT are usually

series tuned, since they are voltage driven, whereas the type of the secondary resonance depends
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on the equivalent input AC resistance of the HF rectifier; with parallel tuning used for high
resistance and series tuning for low [19]. Using first order (FO) approximation the output of
the inverter can be modelled as an AC source at the driver frequency. A non-resonant rectifier
can be approximated with just an equivalent input AC resistor. A resonant rectifier is modelled
as a complex impedance at the IPT link resonance frequency, which consist of a combination
of capacitance or inductance and resistance, series connected for current driven topologies and

parallel connected for the voltage driven counterparts [25].

An AC approximation of a series-series resonant link is shown in Figure 1.5 along with the
equivalent circuit reflected to the primary side. The inverter is modelled as the sinusoidal
voltage source vs,, Cy, , and Ly, , are the primary and secondary series tuning capacitors and
coils accordingly, k is the coupling coefficient, R,. is the equivalent input AC resistance of
the rectifier, and 7eq is the secondary impedance reflected to the primary side. The series
resistances R, , represent the quality factors (Q) of the coils at the primary driver output

frequency f,. Cs, also includes the effect of any potential residual reactance of the rectifier.

252

Figure 1.5: FO AC model of the HF converters of the IPT link (left) and the equivalent primary
side circuit with the reflected secondary impedance (right).

The total link efficiency in Fig.1.5 is defined as the product

Ns = NsyMNsas (1.17)

where 7, is the primary link efficiency

R.,

oy = = 1.18
7 Rt . (1.18)
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1, is the secondary link efficiency
R(IC

= — 1.1
Root o, (1.19)

T2

The only degree of freedom for maximising link efficiency, for given AC load, coupling, frequency

and coil @ factors is through the reflected resistance Rey = Re (Zq) [19]:

7 = kQXLSIXLSQ [(Rac + RSZ) +1i (_XCS2 B XLSQ)]

eq 5 , (1.20)
(Rac + Ry,)" + (—Xo., — X01,,)
where
XLS1,2 = wls, ,, (1.21)
Xo (1.2)
ng T wcszv .
and w is the angular frequency
w = 27f. (1.23)
Maximising (1.20) naturally leads to secondary resonance at f, i.e.
(C.,) N ! (1.24)
s (Cs,) = max = wy = ——. :
n 2 T.C..

In the case that the secondary is designed to be resonant at the frequency of vy, , the equivalent
reflected impedance is [19]

(wsk)Q Ly, L,

Zeal sy = Redlyy, = o (1.25)

The first observation than can be made from (1.25) is that Z,, € R at f, regardless of changes
in k£ and R,. This is important for stable inverter operation, especially the Class E type
ones [26], since in a real WPT systems both the coupling and the load are not fixed constants.
Another noteworthy property of (1.25) is that R, < f2. Subsequently, by combining (1.25) with
(1.18) we conclude that higher operating frequency leads to higher link efficiencies. Although,
in reality the above statement only holds true for a specific limited bandwidth depending on
the geometry of L, , as the coil @ factor is also frequency dependent [27], it still applies for

IPT systems as they generally operate in a narrow bandwidth [19].
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1.4 Inverter Topologies

As explained in section 1.3, for efficient operation of WPT systems the primary coil needs to
be driven with a HF AC current. This HF signal is provided by a power amplifier, which is a
DC/AC inverter [19].

A generic block diagram of a single ended (SE) power amplifier (PA), adjusted for IPT appli-
cations, is given in Figure 1.6. A DC power supply feeds the block with the power transistors
through and input filter. The output of the transistors can be shaped through a series of res-
onant filters before it reaches the Tx coil. Many times, the transistors are paired with shunt
capacitors for ZVS operation [28]. Depending on the total required output reactance that the
inverter needs to drive, the coil inductance is usually countered with either a series or parallel
capacitor. For IPT applications specifically, series tuned output tanks are preferred since the
series load can be naturally modelled in the case of coupled inductors, as shown in Figure 1.5.
When both series and parallel tuning capacitors are used, the inverter is at semi-resonant op-
eration which effectively results in an output equivalent impedance increase |29|. Impedance

matching networks can also be used before the output stage of the inverter.

Impedance Residual

RFC & Decoupling Matching Impedance
Y I % I
— X
oy Harmon | |
. armonic Tx
Gate Driver Resonator Coil
DC _| | L L
Supply T T
Gate Power Reflected
Signal | Tyansistor Impedance

Figure 1.6: Circuit diagram showcasing some of the potential operating blocks of a single ended
inverter.

PA’s that use the device in the linear region, i.e. Class A, Class B and their derivatives,
are suboptimal for IPT applications because they exhibit low ideal drain efficiencies (50% <
nps < 80%) |28]. Class F power amplifiers also have losses with an ideal drain model [28].
Class C amplifiers at saturating mode can have 100% drain efficiency, but are unsuitable for IPT

applications because of their sensitivity to coupling variations [19]. A more thorough theoretical
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examination of the relation between the various types of PA’s through drain waveform harmonic

content can be found in [30].

Instead, the primary coil drivers are typically not linear inverters, where the device acts like
a switch and the gate is driven with pulses, effectively transforming the energy from the DC
power supply into a HF signal, which enables high efficiency performance [19]. Depending on
their architecture and principle of operation they are usually either Class D type, or Class E

type inverters.

In addition, these topologies are also frequently used in a differential or Push-Pull (PP) con-
figuration for improved output Total Harmonic Distortion (THD), increased output power for
given device stresses, and reduced demands in input filtering [31]. A PP inverter consists of
two individual identical SE inverters with a common supply, shared output network, and driven

with 180° phase difference, as shown in Figure 1.7.

Figure 1.7: PP inverter configuration for IPT applications consisting of two identical generic
SE inverters.

1.4.1 Class E Type Inverters

The Class E type inverter uses the drain voltage of a low side switch, filtered through the
resonant output tank, to drive the Tx coil with a sinusoidal current at the switching frequency
[32]. As shown in Figure 1.8, the supply current is filtered through the input choke inductor
(Ly¢c) before reaching the switching network. There, the shunt capacitor (C}) along with the
duty cycle and the residual impedance of the output tank, provide the conditions necessary for

ZVS and ZVDS operation.
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—_—&

Is Ry,

Figure 1.8: Generic circuit diagram of a SE Class E ZVS inverter.

Depending on the inductance value of the L, ., the Class E inverters are split into infinite and
finite choke topologies [33|. High (infinite) input inductance has the advantage of low input
current ripple which results in minimal input filtering requirements and simple supply circuits.
However, when the impedance of the input choke is comparable to the rest the resonant com-
ponents, this provides another degree of {freedom, which in turn gives more design capabilities.
One of the advantages of introducing a finite choke is load independence [34], which means
having a constant output current across a large range of reflected resistive loads to the primary

side while at the same time maintaining ZVS.

Class E inverters exhibit high efficiency operation and can operate at high frequencies, depend-
ing on the output capacitance of the transistor, however in the expense of high device voltage
stresses (VY > 3xV,) for a given output power level. This drawback can be improved by
adding additional resonant branches parallel to the switching network, as shown in Figure 1.9.
Again, depending on the impedance value of the input choke, these circuits are called Class EF
(infinite choke) or Class @ (finite choke), and the voltage stresses in these ones are significantly
reduced (vVEE ~ 2xVy,) [35]. In addition, Class EF/® inverters provide further degrees of
freedom during the design process due to their higher complexity, e.g. load independence with

infinite choke [1], but practical circuit tuning at high frequencies becomes a more complicated

task.



1.4. Inverter Topologies 49

Cs
Lo N
| |
L L.,
va —_ Q - Cp
Is ——Cy Ry,

Figure 1.9: Generic circuit diagram of a SE Class EF/® ZVS inverter.

1.4.2 Class D Type Inverters

Another popular topology for primary coil drivers in WPT applications is the Class D inverter
and the circuit diagram of the half bridge instance of it is shown in Figure 1.10 [36]. At optimal
operation, the high and low side transistors are driven with a 50% duty cycle signal at the
output tank resonance frequency, at 180° phase difference. The fundamental component of the
square drain voltage of the low side transistor is filtered through the output tank to provide

the sinusoidal current for the primary coil.

/0°
Q
C) {105 L.

/180°

e

Figure 1.10: Generic circuit diagram of a half-bridge Class D series resonant inverter.

Contrary to the Class E type counterparts which operate at a fixed frequency, the output power
of the Class D inverter can be modulated by varying the switching frequency, without causing
significant changes in efficiency [36]. It must be noted that the Class D primary coil driver is
not a pulse width modulation (PWM) converter, and the duty cycle is kept fixed to achieve a
sinusoidal output current. Also the Class D topology is inherently more immune to reactive
load changes, whereas the Class E inverters lose ZVS and efficiency drops rapidly under non

ideal reflected load conditions [19]. Also, because of the hard switching square shape of the
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upg, the device voltage stresses are equal to the supply voltage.

However, abrupt voltage transitions during hard switching on real devices with parasitic ca-
pacitances and lead inductances result in ringing and overall switching losses. In addition, as
the switching interval becomes non trivial, a dead time between the signals of the two tran-
sistors is required to avoid shorting the switching node directly to ground. Also, the internal
output capacitance of the transistors practically limits the upper frequency limit of operation
of such inverters. Another drawback is the need for high side gate driver circuit, which can
be a challenging task especially at high power, high frequency applications. Finally, the sup-
ply current is effectively the high side switching current, which creates the need for additional

supply decoupling and filtering.

The frequency limitation of the Class D inverter can be overcome by combining it with the
Class E operation, resulting in reduced switching losses. This is realised by introducing a shunt
capacitor across the transistors, which also absorbs the effect of the output capacitance of the
device, and operating at duty cycle below 50 %, resulting in the Class DE inverter in Figure 1.11.
In this operation, a substantial dead time between switching the devices is introduced, carefully
timed along with the shunt capacitance and the residual output impedance, so that ZVS and
even ZVDS conditions are achieved. This topology combines the low device voltage stresses
of the Class D along with the soft switching advantages of the Class E. It also manages to
minimise the effect of the non-linearity of the output capacitances of the transistors. However,
it loses the frequency modulation and load independence characteristics of the Class D circuit.
The maximum theoretical switching frequency of the Class DE for a given duty cycle inverter is

when the required shunt capacitance equals the effective output capacitance of the transistors.
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Figure 1.11: Generic circuit diagram of a half-bridge Class DE ZVS inverter.
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Class EF /® Inverter Design

2.1 Introduction

Transmitting power using HF induction offers numerous benefits for WPT systems as the link
can be realised with miniaturised and lightweight air core coils with high ) that can transmit
power efficiently over low coupling [37, 38, 27|. Advances in WBG devices make the realisation
of HF IPT systems operating at MHz frequency range more feasible, where the Class E type
single switch resonant converter circuits demonstrate benefits over the Class D type drivers

17, 19, 39).

The properties of the basic Class E inverter can be enriched and the design possibilities can
be expanded by adding resonant networks in parallel and in series with the series load network
[33, 40, 41, 1, 42]. These topologies have been given different names in the literature based
on the resonant frequency of the filters and the degree that the input choke is involved to
the rest of the resonant circuit of the inverter. In this work we use the term “Class EF,”
when referring to a design with an infinite choke and “Class ®,” when the finite input choke
is part of the resonant circuit, where “n” is the ratio of the resonance frequency of the single
parallel filter branch (¢p-branch) over the switching frequency. The two additional degrees
of freedom for defining the behaviour of the inverter that the ¢d-branch provides, enable the
Class EF/® inverters to achieve better device power capability utilisation by shaping the drain
voltage and to decrease THD by filtering the output current, compared to the typical Class E

converters. These features expand the design possibilities with more control over the properties

51
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and behaviour of the circuit operation [1|. For example, load independent operation can be
achieved with a Class E converter using a finite DC feed inductor [1, 43, 44|, but Class EF can
do the same with a infinite choke [1], which can be preferable in cases where a low ripple input
current is required. Load independent Class @, operation can be achieved using the design

method proposed in [45].

Because of the high number of design variables combined with the low component value toler-
ances of the Class EF inverter, it is typical that additional manual retuning is required, which
is an iterative procedure based on trial and error |1, 46, 47, 48]. This process is not trivial and
requires high level of insight and experience [48, 46, 49|, especially at high operating frequency
and power level. Most importantly though, after such alterations to the original design, it
is not guaranteed that the final experimental setup will still remain true to the initial design

requirements [26.

The main motivation leading to this work is to eliminate the need of manual retuning of
Class EF/® inverters, by developing a robust and reproducible design method, which can be
fully automated and produces reliable results with high accuracy. In addition, our method is
able to cater for designs based on specification of several different properties of the converter
circuit such as, the DC to AC current gain, the slope of the drain voltage at turn on while
maintaining ZVS at the specified ¢-branch resonance frequency. Finally, the proposed method
is by definition generally applicable and can provide results that are able to satisfy any combi-
nation of required operating conditions and circuit properties, as long as such demands do not
exceed the physical limitations of the topology itself. The scope of this work is to explain the

details of the proposed design algorithm rather than propose specific inverter designs.

Our proposed algorithm provides different levels of precision, depending on the amount of
information that is available about the system. Different complexities of models from ideal
FO approximations to SS models with a non-linear switching device are used. Furthermore,
in order to take full advantage of the design degrees of freedom that the Class EF/® inverter
provides, this algorithm regularly ensures during its progression that the required properties
of the circuit are maintained until the end, with no external supervision form the user being
needed. Such a high level of design precision and control over the design parameters of the

inverter is practically impossible to be achieved with traditional manual retuning techniques.
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2.2 Background

The circuit diagram of an ideal Class EF/® inverter is shown in Figure. 2.1. In this work
we implement the Class EF/® inverter as a primary coil driver in WPT applications. In the
diagram of Figure 2.1, L is the Tx coil inductance and R, is the series combination of
the primary coil resistance (Rs,) with the equivalent resistance of the secondary reflected to
the primary (Ry,), since the inductive link is running at the primary resonance frequency and
there is no reflected reactance as explained in section 1.3. The final component of the series
load network is the C capacitor. The input RF choke inductance (L, s.) can be either finite
(Class @) or infinite (Class EF) depending on its value relative to the rest of the energy storing
components of the inverter. V, is the DC input supply voltage; C), is the shunt capacitor to
the switching device () and L, in series with C'y form the added resonant ¢-branch network

parallel to the load network, which is absent in the Class E inverter.

V;n ppp— S\O Ups

\Y4

Figure 2.1: Circuit diagram of Class EF/® inverter using the FO formulation.

Various Class E inverter design methods for optimal operation have been thoroughly developed
in the literature with ideal FO analytic expressions for both exact [50, 51| and high @ approx-
imations [32, 26, 19] of load network. An alternative approach of deriving design equations
based on fitting datasets is presented in [46]. The potential advantages and disadvantages of

using a finite choke inductor have also been investigated [52, 53].
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Similar design equations based on the FO analysis of the Class E inverter have been derived
for the Class EF [35] and the Class ® [54, 55| inverters. Search optimisation algorithms based
on the more accurate linear SS simulation of the circuit have also been used for defining the
passive component values of the inverter [56, 40, 57|, with the downside that such numerical
approaches provide very limited insights and control of the tuning process to the user, do not
provide a broad range of design input parameters, are relying on random initial parameters
to run and are usually computationally demanding, and provide no guarantee of a practically
realisable design output. An extension to traditional first order design methods is proposed in
[58] using higher order analysis but some of the design component values need to be set initially,

which may be problematic.

The above mentioned theoretical approaches to optimally tune real world circuits with such
sensitivity to component variations have always been a practical challenge because of parasitics
and non-linearities, whose effect becomes even more prevalent as frequency and power levels
increase. This issue is typically resolved by performing additional manual retuning [49, 47|,
even though efforts to compensate for the output capacitance of the device during the design
procedure have been made both for the Class E [59] and the Class @ [60]. The manual retuning
steps are usually based on empirical observation and provide more qualitative instead of quan-
titative and precise guidelines [26, 46, 1] and tend to require multiple repetitive incremental
adjustments based on trial and error. An attempt to develop an automated design method
for Class EF inverters in WP'T applications that aims to minimise the requirement for manual
retuning by incorporating the output capacitance of the switching device using a combination
of FO and SS formulations is presented in our previous work in [61], but only an outline of the
proposed tuning method is provided with a very brief description and the theoretical results

are not supported with experimental measurements.

2.3 Overview

The inverter design process flow chart is illustrated in Figure 2.2. It consists of four main,
interdependent steps executed in sequence, which are further explained in the corresponding
sections. Depending on the desired accuracy of simulation to experimental matching require-

ments, the tuning process can be terminated at the end of any of the specified steps of the
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procedure.

The first step of the design algorithm (section 2.4) is based on FO analysis of the circuit. It is
the least accurate part of the proposed tuning process. However, it is the only one that uses
analytic expressions, and its main contribution is that it provides a good starting point for
the iterative methods that follow, ensuring speed and convergence. Typically, the component
values that this part of the design algorithm produces are not very accurate, mainly due to
its inherit simplification, as explained in subsection 2.4.2. The accuracy of the outputs can be
evaluated by an LTspice simulation, which will determine whether the subsequent steps of the

algorithm need to be applied.

Figure 2.2: Class EF/® inverter design flowchart diagram.

The second tuning part, analysed in section 2.5, is based on SS representation of the circuit and
resolves any approximation and simplification errors caused by the first part. The accuracy of
the outcome of this algorithm step should be practically enough when the switching frequency

is low enough so that the shunt capacitor value (circuit diagram details given in subsection
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2.4.2) is substantially higher than the effective output capacitance of the device (for a given
power level). This is due to the fact that the values of the energy storing components are
related to the operating frequency. Usually, when this is the case, the effect of the rest of the
parasitic capacitances of the device along with the stray package inductances and gate driver
imperfections are negligible, too. If any of the two first steps of the algorithm fail to converge
or produce a realistic result, it is an indication that the operation requirements cannot be met

with the given input conditions.

The third part introduces a more representative non-linear model of the switching device and
compensates for the changes caused by the parasitics of the device, and is discussed in section
2.6. Proceeding to this part of the algorithm is required at higher switching frequencies, as
the theoretical speed threshold of the converter is approached. If this part doesn’t converge, it

means that the parasitics of the transistor of choice cannot be absorbed in the circuit.

The fourth part includes effects caused by the unavoidable mismatch between the theoretical
optimal component values and their actual experimental measurements and is given in section
2.7. This stage is essential when this mismatch becomes substantial, mostly due to limitations
of off the shelf passive component values. The last two parts also include the effects of the
packaging of the device and gate drive signal shaping resistances. Convergence failure during
the last part of our algorithm shows that the circuit design cannot be realised with preferred

values.

The description of the experimental setup and circuit examples used for the verification of the
performance of our proposed method are given in section 2.8. Measurements are taken across
a variety of operating conditions and the evaluation of the accuracy and contribution of each

tuning step is performed.

2.4 First Order Approximation

2.4.1 Background

The first section of the proposed tuning algorithm uses a FO approximation. The derivation of

the design equations and the corresponding assumptions they are based on have been extensively
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described in [19, 32, 26, 36, 28] for infinite choke Class E, in [52, 53] for the finite choke Class E, in
[33, 54, 55] for the Class @, and in [35, 1] for the Class EF inverter. Second order approximations
for the simulation of Class E inverters have been applied in [62]. In this work we formulate the
problem using a combination of the analytic methods mentioned above in a way that provides
both control and insight to the user about the tuning of the resulting circuit. This part of the
design algorithm is the only one that is based on analytical synthesis; the rest use iterative
optimisation. As stated previously, the design algorithm uses the FO approach as an initial
point for the iterative procedures that follow in the next steps, for faster and more controlled

convergence.

2.4.2 Design and Simulation Equations

Switching Network

Since S in Figure 2.1 is modelled as an ideal switch, there is no voltage drop across it when
turned on and no current flows through it during turn-off. Also, the current through C', during
turn-on is considered to be zero. By applying Kirchhoff’s Voltage Law (KVL) to the ¢-branch

during the part of the period that the device is on we get:

di, (6) I
L o — du = 2.1
wlo—1p +ve, ( ON)+WO¢/@3NZ¢(U) u=0 (2.1)
where i, is the current through the ¢-branch, vg, is the voltage across Cl, 05 = 0 is the
right-hand side boundary of the turn-on angle. The angular switching frequency and angular

time are defined as follows:

w = 95Nf5 (22)
0 =uwt (2.3)

where where 05y = 27 is the left-hand side boundary of the turn-on angle, fg is the switching
frequency and t is the time. The input choke is regarded as infinite and consequently [;, is

considered purely DC. By solving (2.1) using the Laplace transform we get:

i (0)

1, n _
M 106Ny<0<05pp

= Ay (ig (65x)) cos (148) + By (ve, (65x)) sin (140) (2.4)
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where A; and B; are coefficients dependent on boundary conditions and 7, is the resonant

frequency of the ¢-branch normalised to the switching frequency:

1
Ty = —F—. 2.5
e (2.5)
The turn-off angular time is defined as:
Qorr = 0D (2.6)

where D is the duty cycle of the switching signal.

We assume that the load network @ is high enough, i.e., wL;, /Rs; > 15 [19], so that the current

through the coil can be approximated as sinusoidal at fg [32]:

o (0)

n

= Asin (0 + ¢) (2.7)

where ¢ is the output current phase relative to the gate signal of the switching device [36] and

A is the peak output current (/,,,) to input current ratio of magnitudes:

A= —. 2.
T (2:8)

During the part of the period which the device is not conducting, the current flowing through

it is zero. By applying KVL and Kirchhoft’s Current Law (KCL) we get:

0

_ 5 dig () + 1 :
vps (0) = wly Qo v (05er) + oCy /0 . i (u)du 2.9
dUDS (9)

i¢ ((9) = Im - WO¢ a6 - Z'O ((9)

By solving the system of equations in (2.9) we get the ¢-branch current equation during turn-off:

= As (ig (05p1)) cos (120) + Bs (ve, (05py)) sin (r20) — Py sin (6 + ¢)
04pp<0<boy (2.10)

+ K,
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where again Ay and By are coefficients dependent on boundary conditions and

Ty = —2 (2.11)

P = 2.12
! 2 —1 ( )
m=§ (2.13)

The loading factor p [56] and the capacitance ratio k of the shunt capacitor to the ¢-branch

capacitor are defined below:

A
- 2.1
G,
) 2.1
"= (2.16)

By applying KCL while the device is not conducting and incorporating (2.7) and (2.10), the

normalised current through C), is given by:

7 = Ky + Pysin (0 4+ ¢) — Ay cos (120) — By sin (120) (2.17)
n gt

OFF SGSQSN

where

Py=P — A (2.18)

The voltage across the device during the part of the period in which it is turned off is directly
derived from (2.17):

vps (0) = Bic / iy (u) du (2.19)

4
HOFF

where B is the normalised €, capacitance:
Be = wC,. (2.20)

Solving (2.19) results in the relation:

I

Ups (9) = BC

3(0) (2.21)
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where
Ay By
B (0) = Ks8 — Pycos (0 + ¢) — — sin (1,0) + — cos (1,0) + C, (2.22)
T Tg
Ay By
C = T_ Sin (TQQOFF) — T_ COS (TQQOFF) - KQQ()FF + PQ COS (‘9()1:‘1:‘ -+ gb) . (2.23)
2 2

The input voltage is equal to the mean of the drain voltage:

1 fon
V;ln = — UpDs (6) dé. (224)
Oon Jog
By combining (2.21) and (2.24) we get:
I
Vip = -t 2.2
5 (2.25)
where a is calculated from the relation:
06Na = KQ (GOFF — ‘96N)2 -+ PQ [sin (HOFF + ¢) + (GaN — QOFF) COS (QOFF + ¢) — sin (b]
As [ 1 )
+ 7_—2 [7_— (Cos (7'2861\1) — cos (TQGOFF)) + (06N — GOFF) sin (TQ@OFF):| (2.26)
2 | To

B 1
+ =2 {— [Siﬂ (T296N) — sin (7290FF)] — (95N — QOFF) COS (TQQOFF)} )

T2 (T2
Then, combining (2.21) with (2.25), the normalised drain voltage during turn-off is given by:

UD ((9) . 1
éﬂ N =—5(0). (2.27)

OFF

<O<O5y

Applying KCL while the switching device is conducting, by combining (2.4) and (2.7), gives

the normalised current through the device:

is (0)

P
105y <0<05pp

=1— A cos(740) — Bysin (1,6) — Asin (60 + ¢) . (2.28)

By taking the derivative of (2.4) and (2.10) and normalising using (2.25) we get:

UL¢ (6) = uJL(z,diz—e(e) (229)
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vr, (0) _wBeLy | T [B1 cos (140) — Ay sin (140)], 085 < 0 < Opp (2:30)
Vi a Ty [ By cos (1a) — Agsin (120)] — Pycos (0 + @), O5pr < 0 < Oy
and integrating them in the same manner results in:
1 0
ve, (05) + o /+ iy (u)du
ve, (6) = f Uoy (2.31)
vo, (08er) + —— / 16 (u) du
¢( OFF) wod) . ¢( )
(A B
L sin (140) — — sin (740) , 055 < 0 < Oopp
To To
UC¢ (0) k A B
V. T a 7_—22 sin (120) — 7_—22 sin (120) + Py cos (6 + ¢) + K10 + F, (2.32)
Ober < 0 < O
where
108 B 1 A
E=P (;;:: — cos (forr + qb)} —K19OFF+T—: [cos (1200FF) — e —7_—22 sin (7200rr) - (2.33)
Load Network
The voltage across Ry, is:
URSL (9) = RsLio (6’) (234)
where the reflected load and coil resistances are related by the equation:
Ry, = Rs, + Ry (2.35)

By following the convention proposed in [32], we define vy as the fictitious voltage across the

residual series reactance X of the load network at f¢ (X is assumed to be infinite at any other

frequency), since Cs and L, are not exactly at resonance:

- di, (0)
Vx (‘9) =X a0
where
1
X =wlL,, —

wCy

(2.36)

(2.37)
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Consequently, the part of Lg, that resonates with Cf is (wQCS)fl, as shown in Figure 2.1. We

define the voltage v; as the combined effect of vp , and vx:
vi (0) = vr,, (0) +vx (6).
Using (2.7), (2.34), (2.36) and (2.38), we have:
vy (0) = pl, sin (0 + ¢)

where

p= Rg\/1+tan?,
b1 =+,

X
RsL .

The magnitude of v; is equal to the Fourier component of vpg at fg:

1) = arctan (

1 fon
pl,, = —/ vps (0) sin (6 + ¢1) d6.

T Josy

Solving (2.43) gives the relation:

A
RBoAp (1) = Kafi () + Pata () + 322 (0) + 2%21 ()

where 1 is the phase difference between i, and v, and

fi () =sin (¢1 (¥)) — (Bon — Oorr) cos (¢1 (¥)) — sin (Borr + ¢1 (¥)),

£ () = cos (¢1 Ef/)) +¢) 7(1— D)sing + cos (20orr —Z¢1 (V) + )
_cos (forr — 1) N cost  cos (forr + 01 (¢) + ¢)

2 2 2 ’

sin (12 + 1) Oox + ¢1 (V) LD sin ((72 + 1) Oorr + ¢1 (1))
T2 + 1 T2 + 1
_sin (12 = 1) Oy + &1 (¥)) LT sin (72 — 1) Oorr — ¢1 ()

f3(¥) =

TQ—]. 7'2—].

— sin (TQQQFF + ¢ (77/1)) — sin (TZQOFF — ¢ (¢)) )

(2.38)

(2.39)

(2.40)
(2.41)

(2.42)

(2.43)

(2.44)

(2.45)

(2.46)

(2.47)
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1o 08 ((1 — 72) Oorr + &1 (¥)) _cos ((1 —T9) Oon + P2 (gb))

fr(¥) = 1—7 I—m
 T2c08 (72 + 1) Oorr + @1 (¥)) _ cos ((7'2 + 1) on + ¢1 (1/1)) (2.48)
To + 1 T2+ 1

— cos (Teborr — @1 (V) + cos (Taborr + &1 (V).

The output power is:
]2
P, = WTRL. (2.49)

Since the only losses incorporated in the circuit are in the Tx coil, the input power is:

Py, =~k (2.50)

By combining 2.8 and 2.50 we get the following relation for the input voltage:

AL, Ry
V. = QRL, (2.51)

The output voltage, i.e. the voltage across the loaded coil, is the series combination of the

voltage across Ly, and Rsy. Using (2.7) and (2.34) and normalising with (2.25), we have:

Vo (0) B BC/\
Vie @

(wLs, cos (0 + ¢) + Ry sin (6 + ¢)) . (2.52)

The minimum impedance value of the input choke must be substantially higher than the input
resistance of the inverter [28] and its inductance can be calculated by combining (2.8) with

(2.50):

Rin
L re 2.53
fe > " ( ‘))
where
AR,
Rin — %. (2.54)

For the special case of the inverter with a finite DC-feed inductance and 50 % duty cycle the
input inductance value can be calculated using the expression proposed in [63| combined with

(2.54). In this work, the case for the finite input choke is addressed in subsection 2.5.5.
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Boundary and Soft-switching Conditions

If we were to derive the exact waveform expressions of the inverter in 2.1, we should be solving
a 6™ degree differential equation (which is the approach we follow in the 24 part of this
proposed design algorithm). However, doing so results in overly complex analytical expressions
of very limited practical use, since they would no longer provide meaningful insight of the
circuit behaviour, which defies the main purpose of the FO approach. Even the approximation
of infinite L, . and high @ output network still requires solving a 3" order differential equation
with two boundary conditions (device turned-off and on). For comparison, the Class E inverter

requires solving just one FO differential equation [32].

To overcome this, we made one more simplification, which despite introducing another source
of error, results in more manageable expressions with a good trade-off between accuracy and
complexity: we treat the ¢-branch independently of the shunt capacitor network during turn-
off. This is also obvious from the formulation of (2.4) and (2.10), which incorporates only four
boundary dependent parameters (A; 2,8 2) instead of six, which effectively reduces the degree
of the differential equation from three to two. This results in simpler and more compact analytic
waveform expressions. The choice of the ¢-branch specifically is also based on the fact that
during turn-on it is already independent of the shunt capacitor, since the device is shorting it.
It should be mentioned that this approach is fairly typical in the existing literature [35, 1]. The
additional source of error introduced by this approach is eliminated by the more accuracy-based
iterative tuning process of the subsequent algorithmic stage in section 2.5, which simulates the

circuit using the full sixth degree state space differential equation solution.

Given the above reasoning, the on-off boundary conditions of the ¢-branch-shunt network
can involve any combination of two signals among vps, ig and vg,. Since the equivalent of
vps expressed at the ¢-branch is the sum of vz, and vg,, the simplified boundary condition
expressions can incorporate any two signals among i4, vy, and vc,. Different combinations of
boundary conditions will provide different inverter designs, for the same inputs. The designer
can choose the preferred boundaries based on the component values that they provide and the
focus of the modelling accuracy of the FO approximation, since the parts off the circuit that

the boundaries are applied will be simulated with more precision.

As an example, we derive the exact equations satisfying the switching continuity conditions for
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the iy and vg, boundaries. The same methodology can be applied for any other two signals
mentioned above, by using the corresponding equations. By using (2.4), (2.10) and (2.32) to

satisfy the boundary continuity conditions we get:

2 (H(SN) i (%LN)
ve, (Oon) | _ | vey (65x) (2.55)
ig (96FF) ig (%LFF)

| VCs (%FF)_ e (QSFF)_ _

Equation (2.55) is a system of four lincar equations with the four boundary coeflicients as

unknowns and its solution is given by:

T
A, B, A, B, —Ba (2.56)
where ) i
Ky — Py sin (Qorr + 0)
Kl — P1 sin ¢
Py cos ¢
a= K, (2.57)
1
Py |cos (Qopr + ¢) — (1 + TQKQ) cos cﬁ}
s (561\1 — QOFF) K,
COS (queOFF) sin (T¢‘90FF) — COS (TQ@OFF)
1 0 — cos (200x)
B=| .
sin (740orr) — cos (TpborF) 0
0 1 sin (7'266N) — sin (1200FF)
L 7—¢ T2

— SiH (TQQOFF)

—sin (7'265N)
1

(2.58)

E

1
Ky

T2 A4

cos (Toforr) — cos (7'266N) —
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Applying the ZVS condition through (2.27) results in the equation:

€ (5.6) =P (0.6 05+ 2 i (0572 1) — 05K )

2 (p)
(2.59)
_BQ(p7¢) Cos ~ T
Ty (p) g (‘90N 2 (p)) .

The drain current is equal to i, at turn-on, because of the discharge of the shunt capacitor.

Hence, we can apply the condition of the drain current at turn-on by using (2.17):

igN : _ i
; = Ky (p) + P> (p)sin ¢ — Ay (p, ¢) cos (60N7'2 (p)) — By (p, ¢) sin (601\17'2 (p)> (2.60)
where 9" is the drain current at turn-on.

2.4.3 Component Values

As shown in Fig. 2.2, the FO design process of the inverter begins by determining the require-
ments of the IPT system, namely the output power P, and switching frequency fg. Then, we
define the desired characteristics of the circuit, i.e., the frequency of the ¢-branch normalised
to fg (74), the duty cycle (D), the ratio A of the peak output current (I,,) to the input current
(I;) (which represents the DC to AC current gain), and the current through S at turn-on
(i9N). R,y is defined according to the inductive link properties and the corresponding choice

of L,,, while Ry, is an intrinsic property of Lg,. All the above parameters are the inputs to the

design algorithm.

Ry is computed from (2.35), followed by I, using (2.49). Then I;, is derived from (2.8), so
that next, V;, can be calculated from (2.51). If it is preferable to design with the input voltage

set as condition, then (2.51) needs to be solved for A instead.

After choosing the preferred pair of waveforms for the computation of the boundary continuation
conditions, as described in section E, we can apply (2.56), along with (2.4), (2.10), (2.11), (2.12),
(2.13) and (2.14), to calculate the boundary coefficients. The parameters p and ¢ are derived
by solving the system of equations formed by (2.22) and (2.60), with the incorporation of (2.18)
and (2.23). In this work, we solve the combined system of (2.56), (2.59) and (2.60), since the

boundary parameters are interconnected, using the trust-region-dogleg algorithm described in
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64, 65].

Next, we compute B¢ from (2.25) and (2.26), followed by C), from the combination of (2.2)
and (2.20). Then, Cy is directly calculated from (2.16) and Ly from (2.5). Numerically solving
(2.44), along with (2.40), (2.41), (2.45), (2.46), (2.47) and (2.48), gives 1. The iterative scheme
that we use to solve the equation above is a combination of bisection, secant, and inverse
quadratic interpolation methods described in [66, 67]. Thus, Cs can then be calculated from
(2.37) and (2.42).

2.4.4 Measurements and Numerical Example

The application of the FO tuning equations is presented in the numerical example below.
This example is further developed and improved in the following chapters of this paper. The
inputs that were chosen to define the circuit properties are given in Table 2.1, along with the
corresponding outputs of the algorithm. An analysis of the sensitivity of a Class E inverter to
its component values has been conducted in |26]. The waveforms across various parts of the

circuit shown in Figure 2.1 are given in Figure 2.3.

Table 2.1: Inputs and outputs of first order tuning example

Quantity Value Unit
P, 50 W
) 2 —
A 5 -
i9N 0 A
Inputs sz 8.6 @
R, 346 m¢)
Ly, 124 pH
fs 13.56 MHz
D 30 %
Boundaries  {ig,vc,} -
V; 78.835 \%
c, 228.971  pF
Outputs Ly 536.941 nH
Cy 64.141  pF
C, 150.317  pF

The complete WPT system of the experimental setup is shown in Figure 2.4 [68]. The inverter

is represented as a current source connected to the Tx coil and the Rx coil (Ls,) is connected
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Figure 2.3: Inverter waveforms of the numerical example given in Table 2.1. The voltages are
shown in blue on the left-hand side vertical axes of the graphs and the currents in orange on
the left-hand side. The parts of the circuit each individual waveform corresponds to is given
in Figure 2.1. The left-hand side graph shows the shunt network waveforms, the middle graph
represents the phi-branch and the right-hand side graph has the input-output waveforms.

to an AC load (R,.) via a series tuning capacitor (Cj,). The two coils are coupled together

forming the WPT link, where k; is the coupling factor and R, , is the radiation resistance of

T1/2

the Tx and Rx, respectively.

Figure 2.4: WPT link with a current source as inverter, series secondary tuning capacitor and

AC load.

R,. consists of 12 LTO100F100R0JTE3 AC resistors [69] in parallel. Because of the relatively
low value of R,. we opt for a series-tuned secondary [19], where the theoretical value of the

tuning capacitor is derived from the resonance condition at the switching frequency:

1
w?Lg,

Cs, =

(2.61)
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since the two coupled coils are identical in our setup, whereas the generalised computation of
the tuning capacitors is given in [70]. The WPT link coils consist of two planar spiral turns
made of FR-4 printed circuit board (PCB) with maximum outer radius 7, = 10.5 cm, minimum
inner radius r; = 6.75cm, track width of 1cm, across distance d, = 12cm with zero lateral
misalignment and angle. An estimation of the order of magnitude of the radiation resistances

of the coils based on the size and geometry mentioned above can be calculated with [71]:

fs

1
R, =~ 320m° {— (ro + n)] = 1.137mQ (2.62)

T
1/2 c

where c is the speed of light in vacuum.

Impedance measurements of the fully loaded (kg = A3*) and unloaded (kg = 0) IPT link
were taken both with an impedance analyzer (E4990A Impedance Analyzer from Keysight
Technologies) and a Vector Network Analyzer (VNA) (ZNB 4 from Rohde & Schwarz) across
the points A and B in Figure 2.4 and compared with each other. According to [72], for measuring
the quality and coupling factors of the IPT link for the frequency and @) factor value range of
our case study, the impedance analyser is preferable. Both the inductance and series resistance
values measurements with the VNA were higher compared to the ones from the impedance
analyser, as expected from [72]. The impedance measurements of the tuned resonant link using
the E4990A with the Keysight 42941A Impedance Probe Kit connected to the pin probe are

shown in Figure 2.5, where the fitting function of the ¢-branch reactance is

- 27TfL¢C¢ —1

AUEES (2.63)

The value of C, was manually adjusted using the tuning method described in [20] from the
starting theoretical value of (2.61). The measurements were taken from the empty inverter
board with only the Tx coil soldered in place. This way, the adjustment of Cy,, which in our
setup are 3kV COG capacitors [73], naturally incorporates the stray inductances and capaci-
tances of the PCB and the rest of the passive components, and the measurements represent
the effective values of the circuit components. If a parasitic extraction tool is available, the
incorporation of their effect can be done a posteriori in the calculations with the individual
component values, however the above mentioned method of measurements gave the most accu-

rate results when compared to the theoretical predictions. Also, if we want accurate impedance



70 Chapter 2. Class EF/® Inverter Design

]

1-50

R, ()
R, ()
X, ()

-100

g ()

Figure 2.5: Inductance and series resistance measurement of the fully loaded (solid line) and
unloaded (dashed line) IPT link (left), and total series resistance and reactance measurements
(solid line) and fitting curves (dashed line) of the ¢-branch, with impedance analyser.

representation during operation with a current probe attached, we should perform the above
measurement method with the current probe in place. However, the coupling of the current

probe with the IPT link is minimal [74], so it can be omitted.

The numerical values of the equivalent series resistances in the measurements of Figure 2.5
and Table 2.1 are several orders of magnitude larger than the radiation resistance estimation
of (2.62), and thus its effect can be considered negligible. An analytical approximation of the

Tx inductance can be derived by [75]:

n? (r, + ri)2

Ly, ~9.84 x 107
! % 15r, — Tr;

= 1.062 pH (2.64)

where n; is the number of turns of the coil. The estimation in (2.64) agrees with the measure-
ments of Figure 2.5, if we take into consideration and add the effects of the stray inductances
of the SMA connectors. The coupling factor can be calculated using the formula in |20] and

the experimental measurements as inputs:

o \/RL (Rac + Rsl)
B wklLsg,

max
ks

~ 8.011%. (2.65)

It must be noted at this point that the link was not optimised neither for radiation |71, nor for
gain [76], since this procedure is irrelevant from the inverter design and thus beyond the scope

of this study.

The aim of this inverter circuit example is to achieve high efficiency. The switching frequency of
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choice is one of the commonly used lower ISM bands [77]| both to reduce electromagnetic inter-
ference and increase the link efficiency by increasing the @ of the Tx and Rx coil, while resulting
in realistic values of capacitances. In order to be able to measure AC current accurately, we
limit the output power within the capabilities of the current probe at these frequencies, namely
Keysight N2783B [74]. The order of the harmonic content of the output current is inversely
related to its contribution in its THD in the case of the Class E inverter, according to [19, 78|,
so we set the ¢-branch to resonate at double the switching frequency. We minimise the ohmic
losses by reducing the currents and increasing the voltages in the circuit through a high A
value. Additionally, we minimise the switching device losses by applying zero derivative volt-
age switching (ZVDS), despite that this condition will result in non load independent operation,
as defined in [1]. The duty cycle was chosen based on [1]. The output power capability and
distribution of device stresses are mainly determined by A and D; high A and low D increase
the current demands and decrease the voltage requirements, and vice versa. The boundaries

were selected according to the signals that we want to simulate more accurately.

By comparing the input requirements in Table 2.1 with the waveforms in Figure 2.3 we can
verify that all the desired properties of the inverter are met. The limitation of the applied

boundary conditions is revealed through the discontinuity during switching of vz,.

2.5 State Space Tuning

2.5.1 Background

The second tuning step of the proposed algorithm uses a piece-wise SS representation for
the formulation of the problem, similar to [40, 56]. However, instead of using a predefined
optimisation tool for the design process, we developed a custom Newton based iterative method,
starting from the solution of the previous step. The SS simulation resolves the approximation
errors of the FO analysis and the aim of the numerical optimisation is to fine-tune the inverter
while maintaining the required design properties. The advantages in modelling accuracy of
the SS approach compared to FO approximations in Class E converters are demonstrated in

79, 80].
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2.5.2 Simulation Equations

At this part of the algorithm, we replace the infinite choke with its actual measured value, and
we model the switching device as a variable resistance RgN/ OFF, which represents the resistance
of the switching device during turn-on/off. Also, as shown in Figure 2.6, we incorporate the
series resistance R, s, of the input choke, and the series resistance of Ly, through the parameter

Pg, since it is proportionate to the windings of the inductor:
Ry = pyLy (2.66)

where
T ¢w

= : 2.67
QL¢, (f) ‘f:T(/)fS ( )

Py

Cs
e ||
+11-

R, > U

2.
+ iL4> ZL51 \4
V;n B — UCp L(l)

+ Rqp,

C'¢ —— Yg,

Figure 2.6: Circuit diagram of Class EF /® inverter using the State Space formulation.

The 6" order system of linear SS differential equations of the inverter is given by:

di_g@ = Aq () + bu(0) (2.68)

where wu is the unit step function and the state vector is defined as follows:

a(0) = [ i1, (0) v, (0) i1,(0) ve,(6) ve,(6) in, (0) ] - (2.69)
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The rest of the parameters of the differential equation (2.68) are:

1.
Aonjorr = ;dl‘dg "(Lyje, Cp, Ly, Cy, Cy, L))

R, -1 o 0 0 0 |
-1
U ooworr <L 00
S
0 1 —R, -1 0 0 (2.70)
0 0 10 0 0
0 0 0 0 0 1
0 1 0 0 -1 —Ry
v,
b=—"--¢. 2.71
wLchel ( )

where e, is the single entry column vector whose i'" element is one and the rest are zero.

Equation (2.68) is solved separately for the part of the period that device is turned-on and off,
in a piece-wise linear manner, hence the dual nature of (2.70). The solution of (2.68) is given

by:

= e(eiagN/OFF)AON/OFFq (

q(0) |9 <0<0= ‘QON/OFF)

+
ON/OFF OFF/ON

(2.72)
+ Ac_)ll\l/()FF (e(e_egN/OFF)AON/()FF . I) b

where I is the identity matrix. The boundary continuation conditions when the switching device

is turning on and off during one period are described by the relation:

0, oF
q (eOFF) q (GSFF)
By combining (2.72) with (2.73) we get:
0

alox) | _ i (2.74)

q (QOFF)
where

I _e(%N—GOFF)AOFF

C— (2.75)

—elorrAon I
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At (c05torhore 1)

E = (2.76)
Ac_)ll\l (eQOFFAON _ I) b
The inverse of (2.75) can be calculated by applying the Schur complement [81]:
- —1
[I _ e(GON_QOFF)AOFFeQOFFAON] O
Cc'!= _
0 [I _ eeOFFAOFFe(GaN_QOFF)AOFF:|
(2.77)
I e(GEN—QOFF)AOFF
eforrAon I

where 0 is the zero matrix. The current through the switching device is given by the relation:

_ Vo (0) (2.78)

is (0)]g1/ ON/OFE
s

+/= /=
on/orr S0=065r jon

Simulating the inverter with (2.72) gives a more accurate and realistic representation of the
operation of the circuit (Figure 2.7) compared to the FO formulation, since the assumptions
and simplifications that are incorporated in the FO equations are no longer present in the SS
approach. By comparing the waveforms in Figure 2.3 with the equivalent part of Figure 2.7,
neither the required design properties of Table 2.1 nor the soft switching conditions are met,

and further tuning is required.

The additional input parameters needed for the SS simulation in Figure 2.7 along with the ones
in Table 2.1, are given in Table 2.2. [,,, is calculated in the previous tuning step, as described
in subsection 2.4.3, and the rest of the input values are based on the component selection of
the experimental setup, which are more thoroughly presented and justified in subsection 2.5.5.
Specifically for the input choke, according to (2.53) the impedance value chosen in Table 2.2
is around 57 times higher than the FO input resistance of the inverter, which practically acts
as an infinite choke. The input component values for this stage of the algorithm are not
limited only to the ones produced by our proposed first tuning step, but can be derived by any
arbitrary design algorithm for Class EF inverters that needs additional correction, as long as

the formulation of input conditions matches, such as the special cases discussed in [1].
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Figure 2.7: Simulation of the Class EFy inverter waveforms using state-space formulation. The
dashed line is used to represent the design that occurs from the FO tuning method and the
solid line shows the state-space tuned inverter.

2.5.3 Iterative Tuning Process

In this section we introduce a tuning method using the SS representation in order to correct
the inaccuracies caused by the FO formulation. We choose to keep the ¢-branch unaltered and
adjust the rest of the control parameters accordingly to reassure that the circuit is operating as
defined by the input parameters in Table 2.1. This corresponds to readjusting P,, A, v¢, (96N)

and i§N at their desired values by optimising for V,, D, Cp and Cs.

The input voltage determines the output power, which basically is the amplitude of the output
current, since the load is regarded as constant. C sets the load network impedance, which
primarily defines A but also shapes the drain voltage waveform. C), and D also shape the drain

voltage, with the first one mainly contributing to the value at turn-on and the latter mostly
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Table 2.2: Inputs and outputs of state space Class EFy tuning example

Quantity Value Unit
I 3.481 A
Lyge 72 H
Inputs” Rrye 500 m
RS 100 ms?
RQFF 650 MO
P 10° QH-!
Vin 75.7 v
Outputs D 25.169 %
Cp 284.559 pF
Cs 143.166 oF
5 (Vin) ~3.977 %
Relative Change 6(D) —16.103 %
5 (Chp) 21.277 %
3 (Cs) —4.757 %

“The inputs given in this table are in addition to the data of Table 2.1.

affecting the derivative. Changing the combination of Ly-C, while keeping 74 constant also
affects the drain voltage shape, however including them as independent variables in the iterative

scheme impacted the convergence negatively and made it uncontrollable.

The state vector formulation in (2.72) is defined in terms of matrix exponentials which is not
a convenient form for dealing with the output current characteristics. By approximating the
output current waveform using the sine wave fit algorithm proposed in [82] we can solve for
peak output current as well as minimise the THD. The sine coefficients of the fitted waveforms
are defined as:

Yp = 21 €080, + 29 cos 0, + 23 (2.79)
where n = 1,2,..., N, N is the waveform discretisation number, and

1

z= [D'D] D'y, (2.80)

cosf; sin#; 1

cosfly sinfy 1
R (2.81)

cosl, sinf, 1
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¥ =i, 00 in, 02 o i, (eN)]T, (2.82)

(2.83)

We define the following system of non-linear equations in the form of a vector function:

F(x) = [uc, (Boxix) ic, (Bonix) — Q% V() + 2 (0~ Ln 2 (x)

T
max |ig, (0;x)
J iv. | Al (2.84)
Ierc (X)
where
T
X = [Cp D V, Cs] . (2.85)
The current through C), and the DC input current in (2.84) are:
. . ve, (Pon;X) .
ic, (OoxiX) =i, (Box;x) — % —ir, (fox;x) —ir,, (fon;X), (2.86)
S
1 fon
I, (x)= T/ ir,. (0;%)do. (2.87)
Oon 05x

The peak output current in the fifth element of (2.84) can be calculated by setting the derivative
of (2.72) to zero:

dqon/orr (0; %) _ e(9—9$N/OFF(x))AON/OFF(x) (

a0 Aoxsorr (%) g (Boxjorr; x) + b (x)) . (2.88)

The solution to (2.87) can be obtained either arithmetically e.g., through the trapezoidal rule
[83], or by analytically integrating (2.72):

95FF/ON(X) _ e
/ donyorr (0;x) df = A(_)ll\r/OFF (x) { <e( o0 (=08 0 (3)) Ao o ()
0

SN/OFF(X)
~1)d (Goxjorri X) + [Agk o (%)

(2.89)
. (e(eaFF/ON(X)_eJOrN/OFF(X))AON/OFF(x) _ I)

+ (Q(JSN/QFF (%) = O6rr 0N (x)) I] b (x)} ,

An alternative to the above tuning scheme would be the combination of (2.84) and (2.85), but
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without the last element of each vector. This version is computationally lighter and easier to
converge compared to the full scheme because the inverter behaviour is very sensitive to Cl.
The drawback of such objective function would be that the occurring design would no longer

satisfy the condition for A.

The circuit design resulting from the solution of (2.84) corresponds to the required conditions
for ideal tuned operation of the Class EF /® inverter, based on the inputs in Table 2.1. More
specifically, the first component of (2.84) is the ZVS condition, the second one sets the slope of
the drain voltage at turn-on to the desired value, the third condition sets the output current
amplitude according to P, and the fifth component controls A. The fourth component of (2.84)
is the DC part of i, and combined with the third component result in reducing THD, when

satisfied.

We solve (2.84) using the combined gradient-descent and Newton’s method iterative algorithm

mentioned in [84]:

x(mHD = x(m) _ {ﬁ/ (aN [JF (X(m)) Je (x(m))} o aGDI) + aGDI} JT¥ (x(m))

. f (x(m))

(2.90)

where m denotes the iteration index, v is the mixing parameter of Newton’s and gradient-
descent methods, ax and agp are the respective converging coefficients and Jg is the Jacobian
matrix of f with respect to x. We define the condition that needs to be satisfied for the

termination of the iterative process in (2.90) as follows:

Jx - xinb]
0

||X(m) ”2

<€ (2.91)

where ¢ is the error tolerance.
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2.5.4 Jacobian Computation

The components of the Jacobian in (2.90) are given by the relation:

0z (x) 02y (x)
82()() — 81)@]0 (‘QON; X) aicp (05N; X) 1 (X) 87“1 T 22 (X) 8Tz 823 (X)
" Or; Ox; VA )+ 23 (%) Iz
T
Omax iy, (6;%)]
1 g e\ , ol (x)
m Ip,,. (x) . — max |st1 (6; )| f)fxi (2.92)
where 7 is the index of x.
The first two elements of (2.92) are computed from (2.74):
Oon; X E C
88 AWorix) | _ ot ()2 -~ ) g1 ? - %) 1 () B (). (2.93)
Ti |1 q(forr: x) Ti Ti
Equation (2.93) with respect to the input voltage gives:
Oon; X A7l (x 8(95N—90FF(X))AOFF(X) —Ile
0 [alosin) | _ 1 oy Aok () ( Jer 200
Vin | q (Bopr; x) why e Aok (x) (ePorr(9hoxt) _ 1) ¢,
The partial derivatives of the third and fourth elements of (2.92) are given by:
07 (x) 1~ Y (%)
=|D'D| D : 2.

The right-hand side of (2.95) differentiated with respect to the input voltage can be calculated

using the corresponding partial derivative of (2.72):

Afl
Wi W g, onvore )
. (e(Q—QJOrN/OFF(X))AON/OFF(X) _ I) e.

(2.96)

The fifth element of (2.92), with respect to V;,, can be calculated by combining (2.96) at the
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angle of maximum output current with the following term:

95FF/0N(X)
0 / JON/OFF (0;x)do
0 (x)

ON/OFF

oV, = AC_)ll\I/OFF (x)

. { (e(eaFF/ON(x)_egN/OFF(x))AON/OFF(x) - I)

) Jdq (GON/OFF;X) n 1 [
a‘/in Werc

. (e(GSFF/ON(X)_egN/OFF(x)>AON/()FF(X) . I)

(2.97)

A(_Nl\I/OFF (x)

* <9$N/OFF (%) = O6rr 0N (X)) I] 81} :

The partial derivatives in (2.93) when differentiated with respect to the duty cycle can be
directly calculated using (2.75) and (2.76):

OE _e(eaN—QOFF(X))AOFF(X)b x
9E (x) = 0on & (2.98)
oD eborr (¥)Aon ()| (X)
0C(x) _,- 0 Aorr (x) e{fox—0orr(x)) Aorr () 299
oD ON —Aon (X) eforr (x)Aon(x) 0 ‘

The right-hand side of (2.92) differentiated with respect to the duty cycle can be calculated

using the following equation:

dqonyorr (0;%) _ e(0—93N/OFF(X))AON/OFF(X) 9q (fon/oFF; X)

oD 5D
n
86(9_00N/OFF(X)>AON/OFF(X) )
oD q (fonjorri x) + Aok opp () (2:100)
ae(G_GSN/OFF(x))AON/OFF(x)
b
oD (x)
where
86<9_0$N/OFF(X))AON/OFF(X) 0, O5x < 0 < Oy (2.101)
oD _06NAOFF (X) e(O—GOFF(X))AOFF(x), eé)-FF < 0 < H(SN | .

The fifth element of (2.92), with respect to D, can be calculated by combining (2.100) at the
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angle of maximum output current with the following equation:

GSFF/ON(X)
8/+ qonyorr (0;x) do
’ &) = + QaNe( OFF/ON(X)_GgN/()FF(x)>AON/OFF(X)

ON/OFF

oD
q (QON/OFF3 X) + A(_)Il\I/OFF (x)
. |:(e(95FF/ON(X)_9$N/OFF(x)>AON/OFF(x) _ I) (2.102)

) dq (QON/OFF§ X)
oD

. <e(%FF/ON<><>—9$N/OFF<x>)AON/OFF<x> T 1) b <x>} .

+ Oox

The partial derivatives in (2.93) with respect to C), and C are given by:

|:8A6%‘F (x) (e(GSN—HOFF(X))AOFF(X) _ I)

JE (x) B C,/s
(‘)Op/s - . aQOOFF(X)AON(X)
A
{ ON (x) 5‘Cp/s
. 86(96N_00FF(X))AOFF(X) <2'103)
Ak () e b (x
p/s
aA—1
d%gN (X) (eQOFF(x)AON(x) . I):| b (X)
p/s
ae(egN*HOFF(X))AOFF(X)
0 _
IC (x) aC, s
ocC /s - aEQOFF(X)AON(X) v/ (2'104)
P — 0
0Cys
where DAL %)
Ao orr (X _ JAonjorrF (X)
OO T AGL oy (%) O AL e (%) (2.105)
0Cys / 0Cys /
The partial derivatives of A in (2.105) are given by:
O0A X 1
Ogé’()];F ( ) _ _O / J2/672/6AON/OFF (X) (2106)
p/s p/s

where J*/ is the single entry matrix where the element J* [4, j] is one and the rest are zero.

The right-hand side of (2.95) differentiated with respect to C}, and Cs can be calculated using
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the corresponding partial derivatives of (2.72):

ddon/orr (05 %) 8e(Q_OSN/OFF(X))AON/OFF(X)

9C, s - 9C,)s q (HON/OFFQ X)
-1
(6_95N/QFF(X))AON/OFF(X) dq (QON/OFF; X) 8AON/OFF (x)
+e +
86’]o/s GCp/S
(2.107)
. (e (0_0gN/OFF(x)>AON/OFF(x) - I) + A(Sll\I/OFF

9o (-0 j0re ) Ao orr ()

0Cys

b (x).

The fifth element of (2.92), with respect to Cp/s, can be calculated by combining (2.107) at the

angle of maximum output current with the following equation:

5 OFF/ON(X) (6 ) 49
qon/oFr (U5 X _
QSN/OFF(X) _ 8A()11\I/OFF (X)A (X)
aC,)s ac,), ON/OFF

98FF/()N(X)
: / donyorr (0;x)do
05 (x)

ON/OFF
- 8AC_)11\I/OFF (x)
+ Ao orr (X) { [Tp/s

. (e(00FF/ON(X)_9$N/QFF(x))AON/()FF(X) . I)
-1
+ AON/OFF (x) (2.108)

50 (0mr jox 09 ~05 o 09 Ao o (%)

0Cys

b (x)

e (GSFF/ON (%) —9$N/OFF (X)) Aon/orr(x)

i ac, .

q (HON/OFF§ X)

+ <e(QSFF/QN(x)_QSN/QFF(x))AON/OFF(x) _ I)

'8q (90N/0FF; X)
0Cys '

The partial derivatives of the Jacobian components in (2.92) that cannot be directly computed,
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i.e. the exponential derivatives in (2.103), (2.104), (2.107) and (2.108) with respect to C), and
Cs, can be calculated by any combination of the methods described in [85, 86]. The method
described in [85] uses the complex step derivative approach and is simpler to implement as
well as less computationally demanding compared to the one in [86]. However, the approach of
|86], which is based on matrix diagonalisation, provides a better insight on the actual analytic
equation of the derivative. We provide bellow the exact equations of these terms for both
approaches, where the subscripts “C'S” and “M D” denote the complex step and the matrix
diagonalisation derivatives, respectively:

O, (9_0+ (x))AON/OFF(X) Im <e (e_egN/OFF (x(k)))AON/OFF (x(m)+jhel/4)>
g€ ON/OFF

= , (2.109
8Cp/3 h ( )
x=x(m)
—0F x) ) A (x)
8MD6(9 Yo joxe () Rox/ors ON/OFF _
o = Xonjorr (%) Vo O (x:0) X5k opr (%) (2.110)
p/s
where j is the imaginary unit and % is an infinitesimal positive number [85]. Xon/orr is the
matrix whose " column is a right eigenvector corresponding to the cigenvalue d?N/ O of
AON/OFFi
Aonjorr (x) = Xonjorr (x) D /O™ (x) Xoxorr (%) (2.111)
DYYO'T (x) = diag (d?N/ OFF (), ovry dON/OFF (x)) (2.112)
where Xox/orr and DXN/ P can be calculated using the QZ decomposition method |87]. The
ON/OFF

individual entries of V are given by:

p/s

_e(e_egN/OFF(X)>d?N/OFF(x)) /(dQN/OFF (X)

)

VON/OFF [773] (X; 6) — _dQN/OFF

v OO (%)) i

G/ 1i,1) (%) (0= 0o (%))

) e(9_93N/0FF(x)>dz‘ON/OFF(x)

(2.113)

=

where

aAON/OFF (X)

ON/OFF _
Gp/s/ (%) = Xon 0rr (X) TXON/OFF (x). (2.114)
/s
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2.5.5 Inverter Design Examples

Class EF,; Tuning Example

In this subsection we further improve the numerical example of the Class EF5 inverter presented
in subsection 2.4.4 of this work by using the SS formulation. The additional inputs needed for
the computational process, to the ones given in Table 2.1, as well as the resulting adjusted
component values with their relative change to the previous tuning step, are given in Table 2.2.
The inductance of the choke [88] was measured using the method described in subsection
2.4.4 at f4 and its series resistance was measured with a multimeter (Keysight 34465A Digital
Multimeter), since the input current is mostly DC. Based on the peak of the drain voltage and
current waveforms in Figure. 2.3 as well as the switching frequency requirements, the switching
device of choice is the GS66504B from GaN Systems [89], which is where the ON and OFF
resistances in Table 2.2 were derived from. The value of pg was based on the properties of the
air-core inductors [90] at 74fs used in the ¢-branch, since the requirement of the combination
of the relatively low inductance with low HF () makes cored inductors unsuitable for this
application [27]. The waveforms of the improved design are shown in Figure. 2.7 displayed in
solid line, compared to the ones from the FO tuning method, shown with dashed lines. It is
clear from Table 2.3 that after the SS tuning procedure improvement, the operating conditions

described in (2.84) are met.

In this example, we calculated (2.89) numerically and used the pure Newton version of (2.90).
For the Jacobian computation we implemented the approach in (2.109). The iterative pro-
gression of the solution convergence of (2.84) is shown in Figure 2.8 and the final conditions
that terminated the iteration, along with the corresponding algorithm parameters, are given in
Table 2.3. Apart from I,,, which was calculated in the previous tuning step, the choice of the

component values in Table 2.2 are based on their experimental measurements and datasheets.

Class ¢, Tuning Example

As mentioned in the Introduction, in this section we show the design of a Class ®, inverter in
order to demonstrate the versatility and the design possibilities that the proposed SS tuning

method can provide. In the previous numerical example in subsection 2.5.5, the inductance of
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Table 2.3: State space tuning algorithm parameters and outputs

Quantity Value Unit
N 1000 points
v r -
an 1 —
Parameters
aGgp 0 —
€ 10~ -
h 10-20 -
”UCP (HON)’ 0.253 nVv
lic, (0ox) — 19N 0.128  nA
EF, ’max (ile) - Im’ 0.912 nA
ir< 40.864  pA
%—/\‘ 2,284 x 10710 _
Il‘rfc '
lve, (fox)| 52.03  pV
lic, (Bon) — 19N 97.158  pA
Dy lmax (ig, ) = Im| 0.211  nA
ip< 27.061  pA
maxlin, ) _ ,\’ 357x 10712 —
Ierc ’

Relative Error (%)

lteration #

Figure 2.8: Convergence progression of (2.91). The blue circles correspond to the Class EF,
and the orange diamonds to the Class @5 inverter examples presented in this paper.

the input choke is large enough so that its involvement on the resonance of the rest of the circuit
is minimal around f¢ which is confirmed by the small amplitude of the AC compared to the DC
part of the input current waveform. However, by reducing the value of the choke inductance,

relative to the inverter input resistance, we get closer to the Class ®5 operation. Compared
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to the Class EF inverter, the Class ® inverter has higher limits of operating frequency, since
reducing the input choke results in higher values of shunt capacitance, for a given inverter

design. In addition, lower input choke inductance values can results in more compact circuits.

The inputs and outputs for the Class @5 inverter design example are given in Table 2.4, in
addition to the component values required from Table 2.1 and Table 2.2. Here, the impedance
of the input choke is half of the input resistance and the condition for infinite input choke
operation in (2.53) does not apply. The algorithm parameters used for this example are the same
with the ones in subsection 2.5.5 and are given in Table 2.3. The progress of the convergence
procedure is shown in Figure 2.8. The FO inverter design that is used as an initial point for
the iterative process is again the one mentioned in subsection 2.4.4. The waveforms of the SS
variables in Figure 2.6 before and after the application of the SS tuning method are shown in

Figure 2.9.

Table 2.4: Inputs and outputs of state space Class ®, tuning example

Quantity ~ Value Unit
Inputs” Lyje 600  nl
Vi 77.068 V
Outputs D 20.817 %
Cp 515.532  pF
Cs 142.641  pF
6 (Vin) 2368 %
Relative Change (D) —30.61 %
5 (Cp) 125152 %
6 (Cs) -5.107 %

*The inputs given in this table are in addition to the data
of Table 2.1 and Table 2.2.

As expected, the FO method is even more inaccurate when using a finite input choke, since
it is based on an infinite input choke assumption. This limitation is reflected in the difference
of the waveforms shapes before and after tuning in Figure 2.9 as well as the mismatch of the
corresponding parts of Figure 2.3 and Figure 2.9. Also, the tuning process was slower compared
to the Class EF,, as shown in Figure 2.8, mostly because the FO initial point of the iterative
method is by definition less suitable for the Class ® inverter design. However the algorithm still
manages to produce an inverter design that complies with (2.84), which can be proven from

Table 2.3.
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Figure 2.9: Simulation of the Class @5 inverter waveforms using state-space formulation. The
dashed line is used to represent the design that occurs from the FO tuning method, the dashed-
dotted line shows the FO design with an antiparallel diode incorporated into the device and the
solid line shows the state-space tuned inverter. The negative limit of the ig overshoot in the
graph is not shown to its full amplitude for improved readability and scaling, since it doesn’t
provide any meaningful information.

A comment that could be made is that for the Class ® inverter designs, it would be more
suitable to use the RMS formula in (2.87), instead of the DC, since the AC component in
the input current is not negligible anymore. Actually, the RMS value of the input current
would be the generally most applicable measure, but it would complicate the computation for
the Jacobian even more. However, that part of (2.84) mostly affects the value of Cy, and by

comparing the capacitor values in Table 2.2 and Table 2.4, we see a difference that is practically
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not important.

Class EF; Reduced Tuning Example

As mentioned in subsection 2.5.3, we can alternatively apply a reduced version of tuning process
in the SS part of the design algorithm. The difference between the complete and the reduced
version is that the latter does not further adjust C'y, from the FO step and does not incorporate
the input condition for . As an example, we apply this design approach to a 150 W 13.56 MHz

Class EF, inverter based on the equivalent experimental setup in [1].

The inputs and outputs of the FO tuning step are given in Table 2.5, and the corresponding
waveforms both in FO and SS simulation are given Figure 2.10. Again, although the FO
simulation in Figure 2.10 seems to successfully apply the input conditions, the more accurate
SS simulation of the FO design reveals that neither the soft switching nor the power and loading

conditions are met.

Table 2.5: Inputs and outputs of first order reduced tuning example

Quantity Value Unit
P, 150 W
To 2 —
A 5 —
iON 0 A
Inputs Ry, 6 Q
Ly, 114 pH
fs 13.56 MHz
D 30 %
Boundaries {ig,ve, } —
Vi 106.066 \%
c, 328.19  pF
Outputs Ly 91.935 nH
Cy 374.61 pF
C, 150.68  pF

Then, we apply the reduced SS tuning to the output of the FO design of Table 2.5, by using the
parameters in Table 2.3. The component values and the waveforms of the reduced SS optimised
inverter are given in Table 2.6 and Figure 2.11, respectively. The SS design does maintain both

voltage and current soft switching conditions, while delivering the desired output power to the
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iin [A] iS [A]
1.4 0
200
1.3 -20
100
1.2 -40
a— 0
0 0.57 ™ 1.57 27 0 0.57 ™ 1.57 27
i) [A]
40 2
20 0
-2

0 0.57 ™ 1.57 27 0 0.57 ™ 1.57 27

Figure 2.10: Comparison between first order waveforms calculation (solid blue line) and state
space solution (dashed orange line) using the components derived from the first order analysis.

load with low output THD, as can be confirmed by the shape of vpg and ig, and the amplitude
and shape of i, in Figure 2.11. The THD is quantified experimentally in section 2.8 However,
the DC to AC current gain of the output design is higher than expected, since A & 5.7, which
is the predicted shortcoming of the reduced tuning method. It must also be noted that it took
5 iterations for the algorithm to converge, same as the complete Class EFy example, which is

expected since fundamentally the two inverters do not differ significantly.

2.5.6 A Note on Load-Independent Operation

In this work, the circuit design conditions that we choose to incorporate are focused on direct
low level waveform shaping as shown in (2.84), instead of more abstract properties. We prefer
this approach because it is more general and produces greater variety and control over the

behaviour of the resulting circuits.
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Table 2.6: Inputs and outputs of state space Class EFy reduced tuning example

Quantity Value Unit
I, 7.701 A
" Lyge 1 mH
Inputs
P RGN 100 m
RQT™ 650 MQ
Vi 122.869 \%
Outputs D 24.28 %
Cp 359.267 pF
3 (Vin) 15.842 %
Relative Change 5 (D) —19.067 %
5 (Cp) 9.469 %
lve, (Bon)] 146.4 pV
ic, (Oon) — 19N 261.87 A
Termination Limit |ZCP ( QN) ' | b
lmax (i, ) — In| —5.699 nA
i< ~73.19 nA
“The inputs given in this table are in addition to the data of Table 2.5.
iin [A] Ups [V]
30
1.22
20
1.21
1.2 10
1.19 v
T S gy, 0 . .
0 0.57 T 1.57 27 0 0.57 . 27

i) [A]
. '_’\g\g/
-10
-20
-30
0 0.57 T 1.57 27
i, V]
100
N
Fan
0
[ 3
100 =~

400
300
200
100

Figure 2.11: Comparison between the iteratively optimised state space solution (solid blue line)
and the same circuit with the inclusion of a voltage dependent switch capacitor (dashed orange

line).



2.5. State Space Tuning 91

Such example of a more complex design property is the load-independent operation mentioned
in [1], where the FO design equations are used to mathematically produce the formulation of
the invariance of some specific waveforms over changes in the resistive reflected load. However,
the FO approach, apart from the accuracy issues it inherently has as shown in Figure 2.7, it
is also not convenient for the direct computation of the partial derivatives with respect to the

reflected load that are required.

The above mentioned shortcomings of the FO equations for achieving Load Independent Class
EF/® inverter designs can be overcome by using the SS tuning method we propose in this
section. One possible way of defining the load independent conditions, i.e. ZVS and constant

output current respectively, is given below:

dve, (Borr;
ve, (Borr; x) _o, (2.115)
IRy, Rpe[o,Rpaz]
B fon Oon I
6—/ it (6;%)do = O T (2.116)
RL GgN RLE[O,RT“’:] \/§

The partial derivatives in (2.115) and (2.116) and their respective terms in the Jacobian can
be calculated according to subsection 2.5.4. However, in order to ensure convergence of the
iterative tuning algorithm, similar adjustments in the selection of the tuning parameters in
(2.85) must also be made. Nonetheless, this kind of investigation is beyond the scope of this

paper and could be implemented as possible future work.

2.5.7 Simulation of the Device Anti-parallel Diode

As shown in Figure 2.7 and Figure 2.9, simulating the circuit in Figure 2.6 using (2.72) and
(2.73) doesn’t incorporate the effect of the reverse conducting diode, which is an intrinsic
property of power MOSFETSs [91] and HEMTs [89], since the device is blocking both positive
and negative current when turned off. The impact of the antiparallel diode to the behaviour
of the circuit can be included by adding to the a priori known switching boundary conditions
in (2.73) the points in time where v¢, changes polarity during turn-off. However, the process
of figuring out the parts of the period during which the reverse diode is conducting is not

straight forward and requires a dynamic calculation approach. In this subsection, we propose
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an iterative scheme, which is broken down in the flowchart in Figure 2.12, for the calculation

of the time points within a period where the reverse diode turns on and off.

No

Existence of Zero
. Compute Boundary . S
Inverter Design o Crossing Regionsin
Conditions .
Drain Voltage?

Inverter Waveforms LI A (el Calculate Zero
match the Boundary Points

Conditions?

with Reverse Diode

Figure 2.12: Flowchart of the algorithm proposed in subsection 2.5.7 for simulating the ef-
fect of the intrinsic reverse conducting diode of the switching device to the waveforms of the
Class EF/® inverter using the state space formulation.

The algorithm begins by setting the inverter design with the corresponding component values
and computing the state vector waveforms, as described in subsection 2.5.2. The next step
involves figuring out whether and when the drain voltage during turn-off changes polarity.
Solving for the zeros of v, is achieved first by splitting the waveform in a predefined number of
equal pieces and checking forward in time if the boundaries of a part have opposing signs. If a
waveform part crosses zero, we solve for that point using the Two-Point Newton method in [92],
starting the iteration from the edge points. If, however, no such point exists in the entirety of
the drain voltage during turn-off, the reverse diode is not conducting and the simulation process
is terminated. Once we have solved for all the potential zero crossing points with the current
boundary conditions, we readjust the boundary conditions accordingly for the next iteration.

At every boundary condition, the conducting state of the device is switched.

The iterative process has converged once the boundary conditions have reached a steady equi-

librium. One way to express this can be by:

He(sm“) - egm)Hoo <e (2.117)
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where 0O is the vector with the boundary points in angular time and € is the tolerance, given that
the two vectors have the same dimension. The length of 85 is n, ¢; = 0 and 0,, = Oprr. Another
way to set the termination condition without the requirement of the consecutive boundary
points vectors having the same length is by using the normwise backward error for linear

equations [93|:
||d — An—lc”oo

<€, (2.118)
[Anlls llell, +[1dll
where
Cc = q(@l) _ 6(9n—9n—1)An—1q(9n_1) 7 (2119)
d = (elln=On-0Ar1 _T) b, (2.120)

As an example for the demonstration of the algorithm in Figure 2.12 we use the FO design with
finite choke of subsection 2.5.5, since the diode conduction part of the period is substantially
larger compared to the corresponding Class EF; design. We used the condition in (2.117) for
termination with tolerance 107%. The resulting waveforms are shown in Figure 2.9 and it took
4 iterations for the scheme in Figure 2.12 to converge. The need for the iterative scheme in
order to determine the reverse diode conducting regions becomes clear from Figure 2.9, since
the actual point in time that the antiparallel diode of the device begins to conduct does not

match exactly the zero crossing point of the non diode drain waveform.

2.6 Tuning with a Non-Linear Device

2.6.1 Background

In section 2.4 and section 2.5 we simulate the device behaviour as an ideal switch and a variable
resistor, respectively. However, power MOSFETs have non-linear parasitic capacitances [91]
which not only introduce delays but also, specifically Cs for the cases of Class E [59] and
Class EF inverters [60], are part of the shunt resonant network and their effect should be
taken into account in the tuning calculations in order to get accurate results. As we’ve already
shown in section 2.5, the FO approach is not suitable for Class EF/® inverter designs, which
means that the method proposed in [59] is not ideal for this case, and [60] is based on manual

tuning and fitting of the waveforms along with experimental measurements. A numerical design
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procedure for Class E inverters at 50% duty cycle is presented in [44], however it is not directly
applicable to Class EF inverters. If a detailed and extensive model of the parasitics of the
device is not available, the iterative tuning method in our previous work [61] is a powerful
option. However it doesn’t incorporate the gate drive signal in the calculations and focuses
only on maintaining ZVS, while the other properties of the circuit may be altered during the

tuning process.

In this section we propose an iterative tuning method, that will further adjust the design
produced in section 2.5 so that it absorbs the unwanted effects of the device parasitics and
the non-ideal gate drive signal, while maintaining all the required input design properties.
The circuit model of the device as well as the simulation equations derived in this section are
generally applicable to any transistor. The same applies to the tuning methodology proposed,
which is universal. However, since we are dealing with non-linear effects uniquely defined by
the specific semiconductor device used, the exact functions of the parasitics behaviour need to

be defined accordingly for each individual transistor model.

2.6.2 System Modelling

The circuit diagram of the Class EF inverter topology that is used for simulation in this chapter
is, for the most part, the one shown in Figure 2.6 with a different, more thorough and realistic,
transistor model. The switching device [89] is modelled as a non-linear voltage-dependent
current source along with a network of non-linear voltage-dependent capacitances [94, 95, 10]
and temperature-dependent resistors, as shown in Figure 2.13. The stray inductances caused
by the packaging of the device are incorporated in the computations as inductors at the pins

of the device.

Since the three capacitors in Figure 2.13 form a delta network, only the voltages across two of
them are considered independent SS variables. In this work we choose v¢,, to be the dependent

one, which is related to the other two device capacitor voltages by the relation:

ve,a (0) = ve,, (0) —vey, (6). (2.121)

The same principle applies for the currents through the package inductances, which form a star

network connected at a hypernode. The dependent variable of choice is iy, which is given by
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the relation:

ir, (0) =ig, (0) + i, (0). (2.122)

In line with (2.68), applying KVL and KCL to the inverter with the non-linear device model in
Figure 2.13 leads to the non-linear 10'" order differential equation of the system given below:

dv (0)

wM (v) 0

=U (v,vgs, T)v (0) + e1Vi, + nvgs (0) + m (v)ig (v, T) (2.123)

where T is the temperature of the device and

R, -1 0 0 0 0 0
1 0 -1 0 O —1 0
0 1 —Ry, -1 0 0 0
0 0 1 0 0 0 0
U= 0 0 0 0 O 1 0
0 1 0 0 -1 —Ry 0
0 —1 0 0 0 0 —ngRs— (g +1)Rye
0 ngs+1 0 0 0 0 Roate — ngs s
0 0 0 0 O 0 Mys
i 0 0 0 0 0 0 1
0 0o o0 |
—1 0 0
0 0 0
0 0 0
0 0 0 (2.124)
0 0 0
0 0 0
ge (Re+ Ry) — Ry 1 —ngs — 1
—Myg 0 0
Mg 0 0 |
T
V= [ierc Ve, L, Vo, Vo, Ly in, L, UG, Ucds] (2.125)
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M (V) = dla’g (LTfC7 OP’ L¢7 C(Z)v Csv Lsp Lgds: Lgds~7 C’gds (V) ) C(gds (V)) (2126)
T
HZ[O 0000 O0 ng+1 —10 O] (2.127)
T
m(v)=[0 0000000 ng(v) —my(v) (2.128)
Lgds = (nds + 1) Lg + Ly (2129)
IQc,, (v)  0Qc,, (v)  0Qc, (v)
Coas (V) = mygs (V) afjc ™), T T u (2.130)
ds gs ds
L
Ngs = L—g (2.131)
Ngs = % (2.132)
Rgate (vas) = R (vas) + Ry (2.133)
aqu chs (V)
s = ———+1 2.134
e (V) aucngng (V) " ( ¥ )
8ucds chs (V) ‘
Mg (V) = rc, Qe &) 1 (2.135)
m (V) - 8UCQSQCQS (V) + 1 (2 136)
’ aucgd chd (V) ' .

QQW Qc,, and ch , are the electrical charges in of the corresponding capacitors of the circuit
in Figure 2.13 and R is the resistance for shaping the rise and fall of the gate signal of the

switching device.

The input gate signal is determined by the characteristics of gate driver circuit used in the

experimental setup, which in our case is [96], and is modelled as an ideal pulse wave:

sy =4 0 0F < forr (2.137)

0V, Oorr <0 <05y
The above mentioned choice of gate driver may not be ideal efficiency-wise for this switching
device because, according to [89], the lowest Rpg(on) is achieved at 6V and the bias voltage
during turn-off can be as low as —3 V. However, the main purpose of this work is to demonstrate
the accuracy of the proposed modelling and optimisation techniques under given operating

conditions, hence the choice of optimal components is beyond the scope of our study.
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Figure 2.13: Circuit diagram of a non-linear model of the switching device in the Class EF/®
inverter, including parasitic capacitances and resistances, stray package inductances and input
gate signal with ON/OFF resistors.

The effect of the temperature on the device operation was emulated by the internal drain and
source temperature dependent resistances Rgq/s (1), which are modelled using the linear FO
approximation [97]. The equations of the capacitances and the current source in Figure 2.13
are defined based on the small signal and DC MOSFET models described in [98]. The fitting
of the drain and source resistances, the drain current, and the internal capacitors of the device
on the datasheet curves was performed using the Levemberg-Marquardt damped least-squares
method, described in [99] combined with information from reverse engineering the LTspice
model provided by the manufacturer. The exact details of applying the fitting algorithm are
skipped, since it is a complicated procedure very specific to our case study and with little

potential for generalisation and out of the scope of the inverter design method.

A demonstration of the visual fitting and comparison between some specially selected data
from the datasheet measurements of the device [89] and the above mentioned internal device
component models is given in Figure 2.14. The chosen data curves are the ones quantitatively
closest to our case study. The numerical values of metrics for the evaluation of the accuracy of
fitting are shown in Table 2.7. Specifically, the Mean Absolute Error (MAE), which represents
the average of the absolute difference between the actual and predicted values in the data set,
the Mean Squared Error (MSE) which represents the average of the squared difference between

the original and predicted values in the data set and the Root Mean Squared Error (RMSE)
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which measures the standard deviation of residuals [100], have been calculated. A more detailed

investigation of Cs losses in a device level approach is presented in [54, 101], however such

characterisation is beyond the scope of this work and this kind of behaviour could further enrich

the data in Figure 2.14 to produce even more accurate transistor models.
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Figure 2.14: Visual comparison of the dependence of the internal non-linear capacitances (left)
and the drain current (right) on the drain voltage between the datasheet and the fitted model
curves. For the case of the drain current, the choice of gate bias and temperature were chosen
so that they reflect as closely as possible the numerical example of our experimental setup
operation. For the top graph we set vgs =0V and T, = 27°C for the bottom one.

Table 2.7: Performance evaluation metrics of the fitting curves in Figure 2.14

Curve MAE MSE RMSE
Coss (VDs) 6.98 97.28 9.863
Ciss (vps) 3.844 18.4 4.289
Crss (vps) 0.6164 3.795 1.948
ps (Vbs) |s v 2500 0.8123 0.7172 0.8469
bs (Vbs) Is v, 1s00C 0.12 0.018 52 0.1361
bs (Vbs) lov,2s00 1.708 5.932 2.436
bs (Vps) lov.2sec 6.799 60.12 7.754
The fitting equations used in Figure 2.14 are given bellow:
Rq(T) =8.518 x 107 [1+1.35 x 1072 (1" — Ty,)]

(2.138)
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Ry (T) =469 x107° [14+1.35 x 107* (T — 1,,)] (2.139)
1.83 1
is (v,T) = - n(s1(v)) (2.140)
0.003333T + 0.8267>"  s2(V)
0 6.465 x 1071
QCgs (V) = X (2141)
dvg,, e “eM0s +().2988
) —2.023 x 10~
o, (v) _ e - (2.142)
(%)Cds 1 +62'333X10 ”Cds_7'7><10
IQc,, (v 3.851 x 10~ 66.9
QC’gd ( ) _ - 10 X I S (2143)
v, e % 12,246 e 0" 41,547 x 1013
2. 108 .0004331
9Qc,, (v)  2.335x 10 0.000433 (2.144)

= +
dve,, ¥ +330.3 " 4-3.269 x 106

where T, is the reference temperature and

(v) 2.524 X 107 %00 41, wg,, > 0 (2.145)
S1(Vv) = 140
9.686 x 1075 + 1, v, <0

,

el +0.2, (ve,, > 0) A (0.2550c,, + 1.356 < 0.2)

v) 0.255v¢,, + vg, +1.356, (vg,, > 0) A (0.255v¢,, + 1.356 > 0.2) (2.146)
So (V) = '
Vet — 0.2, (v, <0) A (0.2550¢,, + 1.866 < 0.2)

| 0.2550¢,, + vg), + 1.865, (vc,,<0) A (0.255v0,, + 1.866 > 0.2)

The input, output and reverse transfer capacitances of Figure 2.13 are defined below, respec-

tively:
_ 0Qc,, (V) | 0Qc,, (v)  9Qc,, (V)
Ciss (V) = 3ucgd + Duc, + Duc, (2.147)
~ 9Q¢,, (v) | 9Qc,, (v)
Coss (V) = (,)qus + (()/U/ng (2148)
Crss (V) = a’vcgd QOgd (V) . (2149)

Since (2.123) is a non-linear system of differential equations, it cannot be solved analytically as
(2.68) is in subsection 2.5.2. For this reason, we approximate the solution of (2.123) using the
numerical approach described in [102|. We define the application of the implicit Crank-Nicolson

discretisation formula via an arithmetic mean to (2.125) as follows:

Vntl T Vi
Vil (Vng) = N e 5 (2.150)
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where v,, = v (6,). Substituting (2.125) with (2.150) in (2.123), approximating the derivative
with the FO terms of the Taylor series and rearranging the terms appropriately results in the

following equation:

g (Vi) = H (V1) v — h(via) (2.151)
where
w 1
H(v,1) = 5 gM (vn+%> -5U (vn+%, e (9n+1)) (2.152)
1
h (Vn—|—1) = (§U (Vn—l—%? uags (‘9n+1)) + i -M (Vn—l—é)) vV, + eﬂ/m + Nugs (0n+1)
n (2.153)
+1m (Vn+%) s (Vn+%) .
The time discretisation parameter is given by:
A0 =0,.1—0,. (2.154)
The converged value of v, is produced by the following iterative scheme:
foﬂl) = V£z+1 —rdg ( n+)1) g (Vgi)l) (2.155)

where 7 is the relaxation parameter. The individual entries of the Jacobian matrix in (2.155)

are defined as:

Jg [6, 7] (Vas1) = Hij (Vay1) +7 (Z dvl T jH Un1l] — ﬁ) (2.156)

where Ny is the size of the state vector. The mixing parameter in (2.156) refers to the Newton
(v =1) and Picard (y = 0) iterations. The inverse of Jg can be calculated either directly or by
applying the bad Broyden method [103]:

_ -1
Amvn-i-l - ng (sznll )) Amgn-i-l

HAmgn-i-l”g i

where

AV /g1 = v/gi — /gl (2.158)

However, even when using (2.157) there is still the need for either an explicit computation
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or an approximation of the inverse of (2.156) for the initial iteration, since every subsequent

calculation depends on the value of the previous iteration.

The termination condition used in (2.155) is the equivalent of (2.91) adjusted to v, 1:

1AVl o
‘ (m)

n+1 9
where €, is the relative error tolerance for the state vector approximation. The initial boundary

<ey (2.159)
Vv

conditions of (2.123) mainly affect the convergence speed of the differential equation solution
until it reaches steady state and in this work we propose three different ways. The first and
simpler possible approach is to start off with a zero state vector and let it evolve until conver-
gence. Another approach, which is by default used in LTspice transient simulations [104], is
to treat the inductors as short circuits and the capacitors as open circuits. Then, the currents
through the inductors and the voltages across the capacitors are determined by the independent
current and voltage sources in the circuit topology, accordingly. The third suggested approach
for defining the initial conditions of the differential equation is to use the state vector values
from the previous tuning step, i.e. the linear SS model. The simulation is considered to have
reached steady state when the state vector behaviour over a period is not evolving anymore
and the process has converged. The condition that we use to determine the termination of the
computations is based on the relative error of the DC component of the inverter input current

between the last two periods:
(mr)  pimr-1)

erc Lch

(mr)
Ierq;

< ep (2.160)

where I, , is calculated using the trapezoidal method for numerical integration [83], my is the

rfe

iteration index of complete periods computations and e is the corresponding error tolerance.

2.6.3 Tuning Method

A tuning algorithm for adjusting the drain voltage and slope at turn-on using the shunt and
series load capacitors for the Class E inverter is proposed in [105|. However, changes in the
value of C result in changes in the output power of the inverter, and further tuning of the input
voltage, Tx coil inductance and load is required to maintain the desired circuit properties. The

higher dimension of degrees of freedom in the Class EF/® inverter, compared to the Class E
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counterpart, enables the absorption of the unwanted effects of the switching device on the
shape of the drain waveform using the combination of the shunt and the ¢-branch capacitors,
which introduce minimum effects on the output power of the circuit. Instead of the ¢-branch
capacitor, we could also adjust the duty cycle to control the drain voltage slope at turn-on,
however this would result in changes in A, which corresponds in deviation of the inverter

behaviour from the input design requirements.

The proposed tuning process is explained in the flowcharts shown in Figure 2.15a and Fig-
ure 2.15b. It is composed of two parts, the “master” and the “slave” tuning methods, similar
to the master-slave D flip-flop terminology. The master tuning method (Figure 2.15a) dictates
the results of the slave tuning method (Figure 2.15b) and the algorithm terminates when the
conditions of both processes are satisfied. Both methods are based on the same principle: first
set appropriate boundaries in such way that a solution exists within the resulting range, and

then search for the solution in it.

The goal of this algorithm is to set the value of the drain voltage at turn-on to zero, by adjusting
the value of C), as well as the drain current to ig" at turn-on, using Cy. Any adjustments
to Cy are followed by the corresponding alterations of L, according to (2.5), and Ry is based
on (2.66), so that the resonant frequency of the d-branch filter remains constant. The order
in which the two tuning requirements, the drain voltage and current values, will be assigned
to the master and slave iterative schemes is up to the designer to choose and affects primarily
the convergence but could also lead to different results. For example, the EF, example that
we use in this work uses the C, tuning as the master scheme and the C), as the slave, as
it is discussed in the following subsection. However, tuning the inverter design proposed in
the experimental section of [1] with this method required the implementation of the opposite
master-slave assignment order, compared to the example mentioned above, in order to achieve
convergence. The requirement for the tuning process to be repeated iteratively originates
from the fact that the effects of C}, and Cy are interconnected and not independent and their
adjustments must be treated simultaneously. Instead of the actual drain voltage, we track the
ve,, (Oox) state variable, since it is the internal signal of the device that controls is. As for the
drain current, we use the combination of the shunt capacitor current and the output capacitor

current of the device:

ic, (Box) +ic,.. (9on) = ir, ;. (Box) — i, (Box) —ir,, (Box) — is (fox) (2.161)
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Figure 2.15: High level flowchart diagrams of the "master" and "slave" tuning processes for
adjusting the drain voltage characteristics of the non-linear switching device in a given Class EF
inverter design. The subprocess of the "slave" tuning algorithm in (a) is explained in more detail
in (b).

where 75 is the current of the dependent source in Figure 2.13 without reverse conduction during

turn-off.

The “Initial Inverter Design” in Figure 2.15a can be defined with one of the ways proposed in
subsection 2.6.2. The “Inputs Slave Inverter Design” in Figure 2.15b is always set to the state
vector of the previous iteration, since this approach achieves convergence faster as the iterations

advance.

The “No Reverse Conduction Simulation” block in Figure 2.15b begins with a simulation ac-
cording to subsection 2.6.2 until steady state is achieved. The property of reverse conduction
during turn-off in the device is modelled through the behaviour of ig and controlled by the
sign of ve,,. To simulate the device as if it was not reverse conducting we first need to locate

the zero crossing point of v¢,, and then extend with the evolution of ig from that point until
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f = O5y- The search of the zero crossing point can be done either by looking for ve, () < 0
forward in time or for ve,, (f) > 0 backwards in time, with the choice of the search direction
affecting the speed of the algorithm. The reason for calculating the electrical signals in the
circuit without the property of reverse conduction is because this way we can achieve a better
estimation of how far from the solution the current state is during the iterative tuning process
and adjust the solver accordingly with more precision, since during reverse conduction both

conditions will be close to zero, regardless of how detuned the circuit is.

The block for computing the limits of the boundaries uses the same methodology for both
the master and the slave part of the tuning algorithm. First we check whether the existing
design constitutes the upper or the lower boundary, based on the sign of the corresponding
termination condition. Then, the opposite boundary is updated iteratively until the required
sign condition is satisfied. This approach ensures that the resulting range contains a solution
since the boundaries are of opposing signs and the transfer function of the inverter is continuous.
The update of the component for the opposing boundary limit is computed using the following

relation:

it = (14, ) i) (2.162)

where ic, € (0,1) is a parameter that determines the extent of the update. High values of
tc,,, will require fewer iterations to converge, however low values will result in smaller range,
hence better solution approximations for the following steps of the algorithm. One more way to
control the speed and accuracy of the boundaries computations, and differentiates the master
block to its slave counterpart, is to update the slave parameter mentioned above before each
"Slave Tuning" block:

(mar+1) _ S\ 4(mar)
ten = (L)t (2.163)

where m,; is the iteration index of the “Master Tuning” block and t2, € (—1,1) is a parameter
that determines the incremental update of the slave boundary update parameter in (2.162)
and can have an effect on the speed of the process by taking advantage of the fact that as the

algorithm evolves the approximation of the solution improves.

Once the range and limits of the boundaries are well defined, we use the algorithm proposed in
[106] to find the roots of the condition functions within. This algorithm uses a combination of
inverse quadratic interpolation and bisection methods for locating the zero of the function in

a computationally efficient way, depending on its properties. In this paper we follow the same



2.6. Tuning with a Non-Linear Device 105

formulation and notation as in [106], wherever we refer to this method.

The slave tuning block tries to follow the changes introduced by the master tuning method,
since every time the master block updates, the slave block needs to re-adapt accordingly. The
procedure converges after enough iterations are performed and the algorithm terminates after

the two conditions are satisfied simultaneously and the final inverter design is defined.

2.6.4 Simulation and Tuning Example

Instead of using the full model in Figure 2.13, at this point of the tuning algorithm (3™ part
of the flowchart in Figure 2.2) we use a reduced model by omitting the effects of the package
parasitic inductances and the rise/fall gate resistances. Reducing the accuracy and level of
detail of the model is acceptable in this case, since [89] introduces relatively low stray package
inductance and its effect does not affect significantly the overall behaviour of the circuit. The
reduced accuracy of simulation is counterbalanced by a significant increase in computational
speed, both because the SS model has fewer degrees of freedom (8 instead of 10) and the
discretisation number is not required to be as large compared to the full device model, since
there is no need for capturing the HF oscillations caused by the packaging stray inductance.
Mathematically, this process is equivalent to equating Rgate to Ry, omitting the 7" and 8™

rows and columns in (2.123), and replacing with the following expressions in the corresponding

places:
Uc, — Uc, +L(UGS_UC)
‘ §2 ds Rg +RS gs
in, = I (2.164)
Rs+ Rs + 5

R, + R,

ugs — Uc,, — Rsip,
R, + R,

L, = (2.165)
The simulated waveforms of the inverter SS variables before and after tuning are shown in Fig-
ure 2.16. The design and algorithm inputs, in addition to the ones used in the previous tuning
steps of the algorithm, as well as the output component values and performance metrics of the
iterative process are presented in Table 2.8. The use of the last four tolerance criteria in the
“Parameters” section of the table is explained in [106]. As expected, the adjustment of the shunt
capacitor value is the most prevalent (~60% decrease from the value of the linear SS tuning

in Table 2.2), mainly to compensate for the effect of the output capacitance of the switching
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device. Also, from Table 2.8 we can confirm that the accuracy of the termination conditions
agrees with the tolerance demands. This fact can also be confirmed form the corresponding
waveforms at the bottom right corner in Figure 2.16, where both the soft switching as well as
the slope of the drain voltage requirements at turn-on have been restored. Also, by comparing
the tuned waveforms in Figure 2.7 with Figure 2.16 we can confirm that no additional stresses
were introduced on the transistor by the non-linearities of the device, and the tuning algorithm

successfully absorbed any potential unwanted effects.
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Figure 2.16: Simulation of the Class EF inverter using the numerical simulation with the non-
linear switching device model. The dashed waveforms correspond to the linear State Space
design and the solid ones represent the tuned version.

A characteristic visual demonstration of the output of the process represented by the “No
Reverse Conduction Simulation” block in Figure 2.15 and further explained in subsection 2.6.3
is shown in Figure 2.17. Without this process the magnitude and direction of the incremental
adjustment of the shunt and ¢-branch capacitors would be inaccurate, since the drain voltage
and current waveform values at turn-on during reverse conduction are not representative of the

extend of the detuning.

The figures that follow display the convergence properties of the simulation method (Fig-
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Table 2.8: Inputs, outputs, algorithm parameters, and performance data of the Class EF

inverter tuning example with a non-linear device model

Quantity Value Unit
T, 27 °C
Inputs* T ) 27 c
Device GS66504B —
Gate Driver LMG1020 —
t2 —0.2 -
Master—Slave Cy — Cp -
Reverse Conduction Forward Search —
to) 0.5 -
to) 0.5 -
Jg! Gaussian Elimination —
er 1x10°9 —
Parameters Ev Lx107° B
Initial Conditions LTspice —
T 1 —
Y 1 -
Root Finding Method in [106] —
bisection
‘i* ol o 1 mA
[uc,. (Bon) et 1 mV
€A 1x10°° —
e 1x 1010 -
Cp 108.196 pF
Outpts C, 88.374 pF
Ly 389.703 nH
Ry 389.703 mS?2
5(Cy) —61.978 %
Relative 5 (Cy) 37.781 %
Change §(Ly) —27.422 %
d(Ry) —27.422 %
it (Bon) — i~ —279.397 nA
UG (Bon) 233.925 nv
Cycle Iterations 1740 —
Performance Newton Iterations 4.0963 x 106 —
Slave Iterations 23 —
Master Iterations 4 —
Algorithm Iterations 26 —

“The inputs given in this table are in addition to the data of Table 2.1, Table 2.2

and Table 2.3.

**i*cp refers to (2.161).
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Figure 2.17: Example of the output of the "No Reverse Conduction Simulation" block in
Figure 2.15b, as described in subsection 2.6.3.

ure 2.18) and tuning algorithm (Figure 2.19) described in subsection 2.6.2 and subsection 2.6.3,
respectively. The relation between the choice of the initial conditions and the computational
speed and efficiency of the simulation process is demonstrated in Figure 2.18. By using the
state vector at turn-on from the previous iteration as initial conditions for the current step
during the evolution of the Slave Tuning block in Figure 2.15a, the required number of itera-
tions for convergence is reduced drastically, as shown by comparing the graphs in Figure 2.18
from left to right. A four dimensional phase space representation of the evolution of the tuning
algorithm is given in Figure 2.19. The spiral shape of the reflection of the path to the plane
defined by the C), and C axes proves that the scheme in (2.163) does accelerate the search to

convergence.
Algorithm lteration #1 Algorithm lteration #7 10 Algorithm lteration #14 < 10
1o, 07495156 1o
0.7F 0.72039 [ i 118
10 i5 0.7495154
0.720385 | 145 11.7
06F 14 0.7495152
0.72038 | 115
11072 135 0.749515
L 0.720375 | 5 T
05 13 0.7495148 18 ‘g
< i 0.72037 | < ] (=
=, 04l 7107 125 =, 07495146} 14 W
- 0.720365 | 5 2
] 0.7495144 1 113
0.3t 110 0.72036 2 o
0.7495142
0.720355 | 112
0.2 115 0.749514
ERT 0.72035 f 1
0.7495138 1.1
0.1 0.720345
. 0.7495136 |
L L L L 110 0.72034 L L L L e K L 1
20 40 60 80 100 5 10 15 20 25 1 2 3
Period Cycle (#) Period Cycle (#) Period Cycle (#)

Figure 2.18: Convergence of the input current value and its relative error of the Class EF
simulation with a non-linear device model for various indicative stages of the tuning algorithm.
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Figure 2.19: Four dimensional phase space representation of the tuning algorithm evolution
using the non-linear switching device model. The blue line is the two dimensional reflection on
the input plane of the higher level convergence path.

2.6.5 Reduced Non-linear Tuning

Background

In some cases, the information for reproducing the full device model in Figure 2.13 is either
not available or the implementation of the modelling described in subsection 2.6.2 along with
the tuning method in subsection 2.6.3 may be too complicated and time consuming. In this
section we propose an alternative tuning method that requires much less detail and information
about the intrinsic properties of the device while still managing to capture the effects of the

non-linearities to a comparable degree and maintain ZVS.
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Simulation

The circuit model that we use for this design method, shown in Figure 2.20, is based on
Figure 2.6 with the inclusion of a non-linear drain voltage dependent output capacitance Cg;
in parallel with the variable switch resistor. The behaviour of C\,, is approximated with the
following scaled sigmoid function:

U—-L

S —
Coss (UDS) =L+ 1 + e¢—"(wps—zo0)’

(2.166)

where L,U,r and xo are fitting parameters. The fitting of (2.166) was performed with the
combination of [107] and [108] and both the fitted and datasheet C s shapes of [89] are shown

in Figure 2.21.

L
RFC Cs I I
LRFC *ls iL +Y_
+ ’ < i3
v, ‘: ZRS¢ -\, qu le S
CI Juc,
R COSS l — +
Ie te, p— Cw R,

Figure 2.20: Class EF inverter with the state space variables shown and the switch modelled
as variable resistance in parallel to a voltage dependent capacitance.

The differential equation that describes the evolution of the behaviour in time of the circuit in

Figure 2.20 is:
d

wM(Q") 54" (0) = Aoxjorrd” (6) + b, (2.167)
where
M (q*) = diag (erm C,+ O3, (Uép) Ly, Cy, Cs, le) , (2.168)

@ (0) = [ s, (6) vz, (60) in, (6) v, (6) vo,(6) iv, (e)]T, (2.169)
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Figure 2.21: Coss(vpg) of GaN Systems GS66504B transistor (solid blue line) compared to the
sigmoid function with the best fitting results (dashed orange function).

0 -1 o 0 0o 0 |
1
1 ——— 1 0 0 -1
RgN/OFF
Aonjorr = 0 ! 0 —-1 0 0 (2.170)
0 0 1 0 0 0
0 0 0 0 0 1
0o 1 0 0 -1 —Ry

Since Equation (2.167) is non-linear and there is no direct analytical solution, it is solved
numerically by using the 4™ order Runge-Kutta (RK) iterative method [109]. It is repeatedly
solved during one period, until the boundary conditions are satisfied to the required tolerance

(erk ), which is defined below:

max ||q*(kRK) (9—) o q*(k’RK) (9+) ||2 < €rrc, (2'172)

{0on,00rr}

where kg is the iteration index.

Figure 2.11 shows the effect in the operation that the inclusion of the switch capacitor intro-
duces. It is clear that the circuit is no longer in the desired tuning state when the effect of
the switch capacitance is taken into account, and the device is hard switching at over 50V,

according to Table 2.9. The rest of the circuit components are identical to the ones derived
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from the iterative tuning method of subsection 2.5.5. The initial condition for the RK method
was the final state vector during turn on at the iterative SS tuning method. The inputs and
outputs of the calculations are given in Table 2.9. The waveforms of the currents through the

switch and the parallel capacitor are given by:

B0 = i (0 -5 -0 - 0 0), 2173
i (0) = qi}j) + C"“Ciq;)z; 0). (2.174)

Table 2.9: Input, outputs and parameters used in the reduced tuning method in subsection 2.6.5.

Quantity Value Unit
u 65.713 pF
L 246.75 pF
r 0.1 V-1
Parameters
7o 51.913 v
€ERK 10~3 _
€B 1073 A4
Q@ 1.226 A
RK Inputs” 92 146.217 pV
kp =0 q3 —0.47 A
kri =0 0 71.038 v
# = foxe as 656.117 v
6 1.696 A
a1 1.182 A
q2 51.79 A
Bisectio*n a _0.611 A
Iknplfso q4 75.753 AV
kmf ;606 gs 567.496 AV
0 = Oon+ de 3.554 A
Cy 112.517 pF
cr 359.267 pF
a2 (68x) 0.535 mvV
Outputs Cp 253.712 pF
kp =16 6 (Cp) 29.38 %
THD (i, ) 1.195 %

“The inputs given in this table are in addition to the data of
Table 2.5 and Table 2.6.
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Tuning

The tuning of the non-linear model of the circuit is performed by implementing a modified
Bisection method [110], by adjusting C, until ZVS is achieved. The high limit of the range is
the value of C) from the previous SS tuning step, i.e. Table 2.6, since it will always produce a
value of €, higher than required because it does not include the effect of the output capacitance
of the device. The lower limit of C), is produced by subtracting from the previously described
high limit the value of C,s (vps = 0), since C,ss in monotonically decreasing [91] and the
effective constant output capacitance of the transistor is typically around the supply voltage

level [1].

Apart from the range of the shunt capacitor, the rest of the component values are directly
derived from the previous SS tuning step in Table 2.6. The initial conditions of the state vector
for the RK simulation are also taken from the SS tuned state vector at fon. Once the RK
solver has converged, the bisection method is applied to further adjust C,, and this scheme

repeats iteratively until the final termination criterion is satisfied:

|q§ (QON)| < €pB, (2175)

where ep is the tolerance of the ZVS in the Bisection method.

Finally, we evaluate our model with an LTspice simulation, using the final component values
that occurred after the non-linear tuning part of the design algorithm, and the device model
provided by the manufacturer. The resulting waveforms of both the LTspice simulation and
the design algorithm are plotted in Figure 2.22. Our model has successfully incorporated the

effect of the actual switching device and the two sets of waveforms highly agree.

The results from the Fourier analysis performed on the output current and voltage waveforms
from the state space solution of the final model are given in Figure 2.23. The reduced 2"¢
harmonic confirms that the inverter design is a Class EF5 and the output THD remains low for
both the Tx coil voltage and current. However, we can notice from Figure 2.22 that although
the ZVS condition is met, P, is slightly higher than expected, X is lower and ZVDS is not
exactly achieved. Though in practice, all the final operating conditions are quite close to the

design inputs, and the inverter would still be suitable for application.
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Figure 2.22: State space solution with components from iterative tuning including the effect
of Css (solid blue line) and corresponding LTspice simulation with the actual switching device
model (dashed orange line).

2.7 Measurements and Tuning of the Experimental Setup

2.7.1 Background

In this section of the paper we explain the mechanisms involved in the last tuning step of
Figure 2.2, i.e. the “Complete System” process block. The theoretical design procedure for
defining the component values of the circuit has been completed in the previous tuning steps,
and the resulting values are used as guidelines for populating the PCB accordingly. However
the actual measured values of the components in the final topology will almost certainly deviate

from the ideal case, due to limited off-the-shelf component selection and tolerances.

This issue is typically resolved by performing additional manual retuning [49, 47]. The manual
retuning steps are usually based on empirical observation and provide more qualitative instead
of quantitative and precise guidelines [26, 46, 1] and tend to require multiple repetitive incre-
mental adjustments based on trial and error. Here, we propose a post-measurement iterative

scheme to readjust the operation of the inverter to the actual components using only the pro-
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Figure 2.23: Fourier analysis of the output waveforms of the reduced non-linear finalised model.

vided electrical signals of the board, while still maintaining the desired behaviour based on the

input features.

2.7.2 Component Measurement and Simulation

For simulating the inverter and computing the corresponding waveforms we used the full switch-
ing device model along with the method described in subsection 2.6.2 and the values of the
component measurements used are given in Table 2.10. As initial boundary conditions for the
simulation calculations we use the SS vector values from the previous tuning step along with
(2.164) and (2.165). This choice results in the fastest computational speed, since the gate
shaping resistance and stray package inductance along with the relatively minor deviations of
actual components from the ideal values (ranging from 0.12% to 2.59 %) results in the initial

point not being far from the final solution.

The ON and OFF gate signal shaping resistances are measured individually using the TTi
LCR400 Precision LCR Bridge and the package inductances are derived by reverse engineering
the LTspice model of [89], since the datasheet does not provide quantitative stray inductance
information. It must be mentioned at this point that the above measurements may deviate
when applied at MHz frequencies because of instrument and Spice model limitations, however

their overall effect to the operation of the circuit is not crucial in terms of optimal tuning.
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Table 2.10: Inputs, outputs, algorithm parameters, and performance data of the Class EFy
inverter tuning example with a complete non-linear system model

Quantity Value Unit
T 40 °C
Cp 111 pF
Ly 391 nH
* Ry 489 m{)
Inputs
C¢ 90 pF
Cs 142 pF
RN 5.3 Q
ROFF 2.2 Q
N 2000 points
ok Initial Conditions Previous Tuning Step —
Parameters bisection
Vin|min 1 mV
D Secarch Range [15.169, 35.169] %
Outputs Vi 73.055 A%
D 24.93 %
5 (Cyp) 2.592 %
d(Ly) 0.333 %
Reluti J(Ry) 25.48 %
Cizflg: 5(Cy) 1.84 %
5 (Cs) —0.814 %
8 (Vin) —3.494 %
0 (D) —0.95 %
P, 49.93 W
Tinverter 97.583 %
I, 510.766 nA
Performance THD (iz., ) 1.907 %
Vin Iterations 8 —
D Tterations 15 —
Algorithm Iterations 25 —

“The inputs given in this table are in addition to the data of Table 2.1, Table 2.2 and Table 2.8.
“*The parameters given in this table are in addition to the data of Table 2.8.

Also, the ON and OFF gate resistances selection is based on the guidelines of the transistor
manufacturer and were measured experimentally in situ, rather than derived from theoretical

optimisation, since this kind of investigation is out of the scope of this work.

The shunt and series load capacitors |73| are measured while soldered in place at f 4, as described
in subsection 2.4.4. Another option could be to measure the impedance of the fully populated
series load branch, i.e. C; and fully coupled Tx and Rx coils, and fit a series damped resonant

model on the measurement point at switching frequency. This is the approach that we use
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for the ¢-branch components values derivation, which is based on fitting on the curves of the
total resistance and impedance around the frequencies fg and 7, X fs, as shown in Figure 2.5.
It must be noted that the resistance measurement is unreliable (existence of sections with
negative value) because of the high @ factors [72] of the inductors [90] and capacitors |73]
used. Also, for the case of ('), and ¢-branch the probes are connected during measurements
to compensate for their additional capacitance to the system. If PCB board and component
parasitics, either obtained through impedance measurements or by software extraction, are to
be included separately, they can be directly added to the formulation of (2.124). This applies
for both linear and non-linear components. Linear board parasitics can also be simulated in

the sccond part of the algorithm through (2.70).

The resulting waveforms of the inverter simulation are given in Figure 2.24, based on the inputs
shown in Table 2.10. As previously, input data that has already been mentioned in previous
parts of this work and have not been altered are ignored. The effects of the ON and OFF
gate resistances and the package inductances can be noticed when comparing ve,, with the
current through the drain of the device between Figure 2.16 and Figure 2.24. Specifically,
the softer voltage level transitions of vg,, are caused by R¢ and the HF ringing oscillations
of iy, after turn-off are driven by the stray package inductances. The ringing of ¢;, would
be more pronounced across the whole period if the design did not have ZVDS. According to
subsection 2.6.4, in order to successfully capture these HF ringing transitions in simulation, a
finer discretisation is required, which is confirmed since the value of N in Table 2.10 is double

that of Table 2.3.

PAERES 150 1 " a L AN
Ll ey o N =2 z 250 300
N
076t 7 . 1 200 200
= r NN L < 100 — S =
< 075 s.ef 2 < 2 150 Z 100
© o -0 © »
o4 < = 100 B
073 50 - 50
- -100
072 0
0 2 -200
02 04 06 08 02 04 06 08 02 04 06 08 02 04 06 08 02 04 06 08
05 4 150 =1y
2 3 4
< g ©° T 2 s 3 S 100
= < < " ”
K = =31 32 S
- 0.5 o > = 50
2 1
1 0
-

6/(2m) ()
Figure 2.24: Waveforms of the state space vector in (2.125) before (dashed orange line) and
after (solid blue line) adjusting the electrical input signals of the inverter for absorbing the
undesired effects of the measurement mismatch with the ideal theoretical design component
values.
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2.7.3 Explanation and Results of the Tuning Method

This last part of the tuning process consists of two separate and independent iterative schemes
that aim to optimise the operation of the final experimental evaluation of the inverter board
by adjusting the input voltage and duty cycle in order to achieve the desired power output
level with maximum possible efficiency. If we had perfectly ideal components, i.e. linear as
in section 2.5, we would expect that the input voltage would only affect the magnitude of the
electrical signals of the inverter proportionally, without disturbing the soft switching conditions
and desired operation properties of the circuit. However, the non-linear output capacitance
of the device results in loss of ZVS when the input voltage deviates from its optimal value.
Also, the duty cycle has an impact on the power throughput of the system, since it changes the
equivalent input resistance of the circuit. The above stated reasons basically mean that although
we defined the optimisation of each parameter independently, their effect is interconnected,
and hence the proposed tuning method should be applied repeatedly until the desired accuracy
level is reached. In our case, since the mismatch of the components is low, as mentioned in
the previous subsection, and the GS66504B device has low package inductance [89], a single
iteration of the algorithm gave satisfactory level of accuracy and was enough for practical
application. Another detail worth mentioning is that optimising the duty cycle for efficiency in
general and not strictly to achieve ZVS may be more beneficial in practice and lead to better
designs, since with real, non-ideal parts in the circuit ZVS does not always translate to better

overall performance [47].

The tuning of the input voltage follows the flowchart shown in Figure 2.15b, with the differen-
tiation that instead of using simulation results with no reverse conduction, we use simulation
results of the normal device operation. The condition for the boundaries definition is that the
two boundary values of the input voltage define a range that includes the desired output power
level, by using (2.162) but adapted to V,. If more than one repetitions of the full algorithm
are applied, we can use (2.163) to speed up the process, which is not the case of our example.
The rest of the algorithm evolution follows exactly the description in subsection 2.6.3. The
convergence progression of the algorithm is shown in Figure 2.25 and the algorithm parameters

and outputs are presented in Table 2.10.

After the input voltage is defined, we proceed by optimising the duty cycle in order to maximise

the total efficiency (n) of the inverter. We apply a combined minimisation algorithm comprised
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Figure 2.25: Tuning progress of the input voltage to achieve the desired output power level
(left), which is indicated with the dashed line, and the optimisation search of the duty cycle for
maximum efficiency (right). The blue circles on the left graph indicate the intermediate points
during the solving process and the red one is the final result. On the left graph, the full circle
represents the initial point, the rhombuses are points found with golden section search, and the
circles are derived using parabolic interpolation.

of golden section search and parabolic interpolation methods, which are explained in more
detail in |67, 66| to find the local minimum of —» within a predefined range. The progression of
the duty cycle search of the minimiser is given in Figure 2.25 and the corresponding algorithm

parameters used for our example are shown in Figure 2.10.

The SS waveforms of the final design of the Class EF5 inverter model are given in Figure 2.24,
and the resulting adjusted parameters and performance metrics of the tuning algorithm are
shown at the bottom section of Table 2.10. At this point, it must be clarified that the efficiency
on the vertical axis of the right graph in Figure 2.25 includes the losses of the link due to the
@ factor of the primary coil, whereas the efficiency value stated in Table 2.10 corresponds to
the efficiency of the inverter only (which is the most common way of defining efficiency in the
literature). In both cases the provided power from the gate drive signal is incorporated in the
calculations. The efficiency of the real world setup is expected to be lower due to the losses of
the gate drive circuit, which the model of an ideal signal generator cannot capture, however the
power consumption of the gate drivers for GaN devices can be regarded as negligible compared

to the losses of the power components, because of their relatively low input capacitance.

A clearer picture of the percentage distribution of the losses, including the losses of the Tx

coil, are given in the pie chart in Figure 2.26. The aim of a low current design, as mentioned
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in subsection 2.4.4, results in relatively low heat dissipation of the passive components. The
ZVDS condition and low duty cycle design also contributes to achieving low conduction and
switching losses on the device. Also, the correct frequency tuning of the ¢-branch to the desired
frequency is confirmed from the Fourier coefficients distribution of the output current in the left
graph of Figure 2.26, where the amplitude of the 2 harmonic is suppressed. The contribution
of tuning the ¢-branch to the second harmonic is also reflected in the low THD value of the

output current (Table 2.10).

i sy Harmonics Losses Distribution
T T T T T T T T T 5% 2% 7’3
100 i | "
Perc
- P Device

1%

107F o Py,
TP
< 102 19
3 '3
E]
£
-3
E10
19% 60%
107 E
Il I m?ﬂT” T e
0 35

5 10 15 20 25
Normalised Frequency (-)

40 45 50

Figure 2.26: Amplitude of the output current Fourier series coefficients (left) and relative
distribution of the total losses of the Class EF, inverter (right).

2.8 Experimental Verification of the Inverter Performance

2.8.1 Overview

A photograph of the experimental setup of the Class EF inverter board, IPT link, and AC load
board connected to the Tektronix MSO58 mixed signal oscilloscope is shown in Figure 2.27. In
addition, we use the Fluke Ti400 infrared camera for monitoring the temperatures of various
components on the inverter board and the Yokogawa WT310 digital power meter for measuring
the inputs of the system. A more detailed image of the inverter board is shown in Figure 2.28,
where the top and bottom view of the 3D populated PCB model is presented. The switching
signal for the gate driver can be generated either directly from an external signal generator

(TTi 100MHz Arbitrary Waveform Generator TGA12104) or a frequency divider formed by a
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crystal oscillator (SG-210STF from Seiko Epson Corporation) and a flip-flop (NC7SV74 from
from ON Semiconductor), using a potentiometer at the RC stage for duty cycle control. The
gate driver signal and input DC voltage were provided with external power supplies (U8032A
from Keysight and N8741A from Agilent Technologies, respectively).

Figure 2.27: Photograph of the final experimental setup during operation connected to the
oscilloscope for performance verification. The individual parts of the system are highlighted
accordingly.

The measured waveforms of the inverter board over a range of various loading situations are
shown in Figure 2.29. Measurements across indicative loading situations over the entire pos-
sible load variation range are taken, for more accurate post-measurement characterisation of
the inverter and evaluation of the degree of precision of the tuning algorithm and simulation
methods. The measurements of v¢, and v, are done using the Tektronix TIVH08 probe with
the SQPIN 500X sensor tip cable, since they provide accuracy over a combination of high
bandwidth and high voltage [111]. For tracking ir, , and iy, we use the current probes in
|74|, because their coupling with the IPT link is minimal. The input voltage to the gate of the
GaN device is measured with a Tektronix TPP1000 probe. The power meter measurements are
presented in Table 2.11, along with the duty cycle, input voltage and equivalent reflected load

for each case.
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(a) Top view (b) Bottom view

Figure 2.28: 3D model of the Class EF/® inverter PCB. The common mode choke tracks as
well as the capacitor voltage dividers are shorted in the real board and the anti-parallel diode
is removed. The Tx coil is connected to the SMA connectors.

Table 2.11: Experimental measurements and Tx impedance error correcting parameters for the
LTspice simulation

Unloaded Semi-loaded Optimal Overpowered
R, Q) 0.346 2.5 8.6 8.6
Vin (V) 75.25 75.25 75.25 125.09
D (%) 25.17 25.17 25.17 30.85
P, (W) 5.52 18.05 48.58 153.58
Rin () 1025.6 313.86 116.57 101.89
pi.. (%) 1 1 1 1
rr, (%) 30 0 -3 -3

* 7 LTspice __ E4990A
le 19 = (1 —I—ple)le .

% HLTspice E4990A
RsL = (1 +pRsL)RsL .

2.8.2 Error Analysis

The corresponding LTspice simulations to the measurements are also given for comparison
in Figure 2.29. For the simulation, we use some correction parameters to compensate for
the possible @) factor measurement errors of the IPT link, which are given in the last rows
of Table 2.11. These parameters are set to achieve the best matching to the experimental
waveforms. As expected, the inductance measurement of the Tx coil, as well as the equivalent
series resistance for the link instances with higher coupling are extremely accurate, given the
HF measurement condition. However, a 30 % adjustment was required for the real part of the
impedance of the Tx coil when uncoupled, which is in agreement with the limitations of the

measuring instrument, according to [72].
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Figure 2.29: Comparative display of the experimental waveforms of the inverter extracted
from the oscilloscope (blue) over the corresponding outputs of the LTspice model, with 75V
input voltage along different coupling ranges. The first row shows the fully loaded system, as
described in (2.65), the second row shows the results for the same load coupled over a larger
gap (Rs, = 2.5), and the third row is the completely uncoupled case.

Some of the errors between simulation and measurements can be attributed to measurement
artifacts. The mismatch of the voltage across the ¢d-branch is due to the error introduced by
the high attenuation of the probe (2x500X) combined with offset accuracy limitations of the
oscilloscope. The main cause of the noise on the input current measurement is that the choke
inductors chosen have an SRF below the switching frequency of the inverter. The placement
of the probe used for the measurement of the input gate voltage resulted in it being affected
by the magnetic field of the IPT link as well as introducing parasitics to the gate path, which
results in noise on the gate signal and a slight delay to the measured drain voltage compared

to the simulation.

Other errors between the theoretical expectations and measurements can be attributed to in-
accurate modelling. For example, the higher amplitude oscillations of the real drain voltage,
which are more prevalent when ZVDS is not achieved, are due to an underestimation of the
stray inductance of the GS66504B packaging combined with PCB track inductances in the
drain path. The spikes during transition of the LTspice input gate voltage are a simulation
phenomenon caused by the switching of different turn-on and turn-off resistance values. In
addition, as shown in Figure 2.14, the behaviour of the simulation model of the GS66504B is
not in complete agreement with its datasheet. However, the most important limitation of the
simulation method is that the behaviour of the passive elements in the inverter can be more

accurately approached to capture a larger range of frequencies if a more complex network of
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passive elements is used to model them. A demonstration of this fact is shown in the exis-
tence of higher frequency harmonics of the Tx current present in Figure 2.30, compared to
Figure. 2.26. Although this modelling complexity can be easily incorporated to our proposed
simulation method so that the tuning of the inverter does compensate for the resonant effects of
the passive components, it increases the computational requirements disproportionately to the
advantages it offers. This is further supported by the practically insignificant level of deviation
between the waveforms of Figure. 2.24 and Figure. 2.29 which show the primary voltages and

currents in the circuit.
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Figure 2.30: Spectrum view from the oscilloscope of the output current measurement using a
current probe (left) and a qualitative representation of the magnetic field close to the IPT link
using a near field probe. The relative positioning of the link and the near field probe is shown
in Figure 2.27.

The tracking of the progression of specific error metrics with regards to the experimental mea-
surements as the algorithm transitions between its various stages is displayed in Figure 2.31.
The normalised deviation of both the components values and waveforms matching is provided.
The general form of the error metric we use for evaluating the accuracy of simulation waveforms

is the normalised MAE

(2.176)

where u is the waveform, U is the normalisation parameter, N is the discretisation number,
the superscript s refers to simulation data, and the superscript e refers to experimental mea-

surements. Since the DC component of vps and vg, is set by Vy,, we normalise the MAE of
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these waveforms accordingly. The MAE of iz is normalised using its measured RMS value.

The rest of the absolute error metrics are normalised using the corresponding experimental

measurement.
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Figure 2.31: Progressions of error metrics regarding the component values and the waveforms
fitting between the tuning algorithm stages and the experimental data. The percent error (€)
is based on the absolute change and the fitting metrics of the waveforms are normalised using
experimental data. For the case of the input current we used the DC values of the waveforms,
to filter out the noise of current probe measurements.

Overall, for our Class EFy example, we observe that stopping the design procedure at the FO
stage produces component values that are between 5% and 50 % away from the true experimen-
tal values. After the final part of the algorithm, the component errors have been eliminated and
the accuracy of the waveform simulations has been improved two to twelve times, depending
on the case. Furthermore, the limitations of the first order modelling due to the boundary
definition in Figure 2.3 is reflected to the fitting error of vg, in Figure 2.31, and the accu-
rate predictions of v¢, are crucial for reflected load estimation techniques [112]. It must be
noted that the computational penalty for achieving these results is insignificant compared to

the benefits, since the total computation only takes a couple of minutes to run on an Intel Xeon

E5-2630 v3 CPU using Matlab R2020b.

As mentioned before and verified by Figure 2.31, the FO stage is only used to provide an initial
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estimation to be used as starting point for the iterative tuning schemes that follow, and none
of the component values that are derived from this stage remains unaltered as the algorithm
progresses. The SS stage contributes mainly to the adjustment of V;,, D and C§, whereas the
third step corrects the ¢ and shunt networks. The last part of the algorithm acts as a final
fine tuning stage, which in our case turned out to be unnecessary because of precise selection

of passive components and low parasitics of the device.

2.8.3 Verification through Implicit Measurements

We use the spectrum view option that the MSOA5S offers to derive the graphs in Figure 2.30. The
magnitude, i.e. the vertical axes, can only be measured in dBm, assuming a 50 () impedance,
which makes the data in Figure 2.30 useful only in a qualitative way. For the near field
measurements of the magnetic field created by the inductive link we use the 25 mm Aaronia
RF Near Field Probe. Both measurements include the filtering effect of the second harmonic
on the output of the inverter, which verify the simulated model in Figure 2.26. Since the effect
of the ¢-branch is tested indirectly, we conduct two different kinds of measurements to avoid

any room for error.

The thermal performance of the inverter is shown in Figure 2.32 across a variety of operating
conditions. The images were captured after the inverter was running long enough to achieve
steady state temperature. No active cooling is used and the heatsink only attaches to the
bottom part of the board where the GaN device is located. The components that tend to
be stressed the most, according to Figure 2.32, are in agreement with the power distribution
predicted in Figure 2.26. The small form factor of the transistor makes its thermal dissipation
challenging and this is reflected in the measurements. The inductor in the ¢-branch also is
a significant cause of loss because of its finite () factor. The final component that undergoes
significant heating is the series load capacitor, because of the high output current, as shown in
Figure 2.24. In Figure 2.26 the ohmic losses of the capacitors are included in the corresponding

series inductances, so high temperatures of Cy were expected.

Since the design procedure is defined so that the inverter is optimised for a single operating
point, we expect maximum efficiency to be achieved when the full load is connected, which is

confirmed from Figure 2.32c. As the distance between the two coils increases, decreasing the
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Figure 2.32: Thermal image of the inverter board during operation using the infrared camera
for four different loading and powering scenarios. As we deviate from the optimal operating
point (c), the thermal stresses on the components rise. The safe thermal limit of the design
with the given passive cooling solution is shown in (d).

coupling, the efficiency starts to drop and temperatures rise. The worst case scenario is when
the Tx coil is completely decoupled from the load, which is confirmed in Figure 2.32a. For this
reason, the power consumption of the freewheeling inverter in Table 2.11 is higher than the
expected losses in the board when running under full load. Combined with the Tx @) factor
correction in Table 2.11, the theoretical efficiency statement in Table 2.10 holds. However,
these temperature deviations are very subtle and the inverter can in practise operate safely

across the full range of possible couplings.

The inverter is supposed to be capable of operating not only among a range of coupling factors
but also with various power levels supplied. The descending nature of C,4 while the drain
voltage increases (Figure 2.14) and its direct correlation with the effective value of C',, combined
with the fact that efficiency-wise, reverse conduction is a much more preferable operation
condition compared to hard switching, makes the optimal input voltage the lower bound of
supplied power level. The upper limit of V,, for the given thermal solution used in our

experimental setup, is also given in Table 2.11, which corresponds to three times the optimal
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power. A comparative presentation of the vpg and vgg waveforms from measurement and
LTspice simulation is given in Figure 2.33, and the accuracy of the simulation method and
measurements is confirmed again. The thermal image of the inverter for this operation instance
is shown in Figure 2.32d, where now the switching device clearly becomes the limiting factor.
It should be noted that by increasing the input voltage from the optimal value, with the
optimal load connected, the device starts reverse conducting, and thus the overall efficiency
drops because of increased conduction losses. We compensate for this effect by increasing the

duty cycle manually, until ZVS is achieved.

Figure 2.33: Drain voltage and gate signal from experimental measurement (solid line) and
LTspice simulation (dashed line) for Class EFy inverter with the maximum input voltage that
the given thermal dissipation setup allows for safe operation. The duty cycle is manually
adjusted to avoid reverse conduction and decrease the power consumption of the switching
device, with the dashed black line representing the turn-on time point of the non-adjusted duty
cycle.

2.8.4 Load-independent Design Experiment

In order to further showcase the capabilities of our proposed design method, we apply it to
the load independent Class EF inverter introduced in [1]. We use the same inductive link,
load, power level and transistor as in the main body of this chapter, however the circuit design
inputs are completely different to the Class EF, example, as can be confirmed from Table 2.12.
This way a direct comparison between the two can be made, since the application remained

the same.

The final component values of the experimental setup as well as measurements are given in
Table 2.12 and Figure 2.34. The level of agreement between experimental and simulated wave-

forms in Figure 2.34 again confirms the high accuracy of our tuning method. The change in
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Table 2.12: Inputs, outputs and measurements of the load independent Class EF inverter
example.

Quantity Value Unit
Ty 1.7 -
Inputs” A . -
i . R
Vin 57.33 v
D 34.82 %
Outputs Chp 65.252 pF
Ly 320.01 nH
Co 147.521 pF
Cs 126.79 pF
Measurements” Pin 50.19 W
Rin 65.487 QO

“Including the data of previous relevant Tables.

simulation accuracy when comparing the first step of the algorithm to the last can exceed
120 % and component values can be off by more than 300%. The output capacitance from
Figure 2.14 of the device at input voltage for our two experimental examples is quite similar,
however the change in C, in Figure 2.31 and Figure 2.35 is different by seven-fold. This ob-
servation confirms that the widely accepted technique in the literature of using the mean of
the drain voltage to calculate the effective output capacitance of the device is oversimplified
and unreliable. Interestingly, after the efficiency maximisation during the fourth step of our
algorithm, the final design was slightly hard switching, as can be seen in Figure 2.34, which
although being seemingly unusual agrees with the definition of "optimal operation" in [49].
Indeed, slight hard switching, reduces device stresses and increases power capability, which is

even more cffective in non ZVDS conditions.

The THD of the Class EF5 example is below 1 %, whereas on the load independent one is 9 %.
This is visually noticeable from the output current waveforms in Figure 2.29 and Figure 2.34
and is a consequence of the ¢ branch resonant frequency of the two instances. Although the load
independent design has significantly larger duty cycle than the EF,, the latter has over 40 %
higher power capability, assuming equal output power. Notwithstanding that precise efficiency
measurements on an AC load can be challenging at MHz frequencies, since the two setups
share the same link, we can calculate their efficiency ratio using only input power and output

current measurements. The Class EFy example is 16 % more efficient overall. By combining
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Figure 2.34: Simulated (orange) and measured (blue) waveforms of the the voltage across
the drain and the ¢ capacitor and output current of the load independent Class EF inverter
example.
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Figure 2.35: Progression errors of the tuning algorithm in correspondence to Figure 2.31 for
the load independent Class EF example.

the simulated ¢ branch current and the corresponding () factor, the losses on Ly on the load
independent example are roughly three times higher than its counterpart. Lastly, the device

temperature on the EF5 is half of that on the load independent.

2.9 Conclusion

A detailed and thorough description and application of a novel proposed algorithm, along with
the underlying mathematical expressions, is presented for designing Class EF /® inverters. The

algorithm can easily be implemented in computer code and offer an automated solution for
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determining the component values of the circuit with high accuracy. All design equations and

calculation details are provided in order to make this work completely reproducible.

The design procedure offers to the user the ability to determine a variety of operating parameters
(loading factor, ¢-branch frequency, drain current at turn-off), according to the requirements
of the application. The algorithm is general and covers both finite and infinite choke topologies.
The proposed method is divided into four subroutines, where each consecutive one offers higher
accuracy compared to the subsequent one, and can be terminated after any of these four stages,

depending on the level of detail of available measurements.

The algorithm is then applied to design a Class EF/® inverter and the experimental results
match the simulation without the requirement of manual retuning. This example includes
the effects of both linear networks for simulating passive components as well as non-linear
semicoductor modelling. The level of accuracy achieved from this work is demonstrated and
verified with experiments. Having the level of control that this algorithm provides over the
behaviour of HF resonant systems, as in the case of HF-WPT applications, can enable us to
confidently define the safe operation limits of the system. This is also confirmed experimental.

The work in this chapter has been published in [61, 113].



Chapter 3

High Power Designs

3.1 Introduction

3.1.1 Background

In general, components suitable for high frequency applications tend to be physically small,
since smaller structures naturally have less parasitic energy storing capabilities, and thus exhibit
higher resonant frequencies. On the other hand, devices capable of handling high power tend
to be physically large, since this property enables them to dissipate heat more effectively and
thus avoid being damaged during operation. This fundamental and unavoidable contradiction,
however, is the core reason that makes building high power HF IPT systems an engineering

challenge.

As explained in chapter 1, the inverter topology with the highest power capability is the Class D
full-bridge. High power IPT applications at switching frequencies in the order of 10’s of kHz have
been demonstrated using silicon MOSFET [114] and IGBT [115] in the literature. However, at
MHz switching frequencies the effect of the parasitic inductances of the PCB layout combined
with the increase in switching losses and severity of EMI issues because of hard switching [116],

make this kind of inverters impractical for HF IPT applications.

Even though Class E type inverters are capable of operating efficiently at higher frequencies, the

upper limit is set by the output capacitance of the device. For this reason, granted that Si power

132



3.1. Introduction 133

MOSFET and IGBT modules can handle high currents and voltages, their large C\,, combined
with the high gate charge requirements and large parasitic inductances because of their typical

packages [37|, makes these power transistor technologies unsuitable at MHz frequencies.

GaN devices overcome all of the above mentioned issues, with low input and output para-
sitic capacitances and compact dies that can fit in low inductance packages [10, 117]. The
power capability of Class E type inverters is bound by the high drain voltage requirements,
which depending on the specific topology can be several times over the DC bus level [28]. At
the moment, commercially available GaN transistors typically have a maximum drain voltage
of 650V [89], which is a major limiting factor when attempting to scale up the power of a
Class E inverter, and reduces efficiency as we are forced to use designs with high currents and
low voltages. There are some devices based on GaN that state drain voltages up to 0.9kV
[118], however these are based on a cascode structure with a Si MOSFET and lose the reverse

conduction properties of a pure GaN device.

SiC technology offers higher breakdown voltages than GaN, with commercial devices going as
high as 1.7kV [119], and can withstand higher operating temperatures. A high power IPT
DC/AC system has been demonstrated at 3 MHz [120], based on a push-pull Class E inverter.
A comparison of two Class @, 2kW WPT inverters was conducted at 6.78 MHz in [121], one
being a single ended design with a custom 1.2kV SiC for reduced parasitics, and the other a
push-pull with GaN. The inverter with the GaN still had higher operating efficiency, despite
having twice the amount of components. In addition, the gate requirements of GaN are very
simple, whereas SiC devices usually need both positive and negative gate levels, and have a

high gate charge. The effect of the SiC package on the inverter losses is demonstrated in a

13.56 MHz 2kW Class @4 design in [122].

3.1.2 SiC - GaN Comparison

As an illustrative comparison example we run LTspice simulations using GaN and SiC devices
with around 30 A current rating on a 3kW push-pull Class EF, inverter, at two switching
frequencies, 3.39 MHz and 6.78 MHz. The gate is an ideal voltage source without gate resistors,
to eliminate non-ideal gate driving effects on the overall circuit. We use the inductance values of

coils shown in Figure 4.13. The Rx is a resonant 50 Q2 AC load with impedance transformation
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to achieve the desired reflected resistance value of 15 ).

The circuit diagram of the system is shown in Figure 3.1. The GaN device is the GS66508B
from GaN Systems and no reverse diode is used, since GaN transistors have practically no
reverse recovery charge. The commercial SiC device is the 1.2kV C3M0075120J combined with
the C4D10120H diode, both in TO packages. The custom SiC device has the UJ3N120065K3S
transistor with the UJ3D1210K2 diode in a single QFN package for low inductance. The gate
and drain waveforms of the devices are given in Figure 3.2, where the drain voltage is kept

below 650V for a fair comparison between GaN and SiC. All the examples are tuned to achieve

both ZVS and ZVDS.
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Figure 3.1: DC/AC system used to compare GaN and SiC performance in an HF IPT system.
The system consists of a push-pull Class EF inverter with an AC load on the Rx side.

Measurements on inverter efficiency, device losses and gate requirements are given in Figure 3.3.
Here, we also include measurements from designs with 1.2kV drain voltage, in order to inves-
tigate the benefits of having SiC devices operating at their full potential. Overall, The GaN

based inverter has the highest efficiency, lowest power losses and lowest gate power required.
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Figure 3.2: Gate and drain waveforms of the voltages and currents of the GaN and SiC devices
in the system shown in Figure 3.1. The blue waveforms are from the UJ3N120065K3S, the
orange are form the GS66508B, and the yellow ones are form the C3M0075120J device.
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When comparing the effect of the drain voltage limit across designs with the same device and
at the same frequency, the 1.2kV designs have higher efficiencies, which was expected. The SiC
device from Wolfspeed is too slow even for operation at 3.39 MHz, which can be confirmed both
from the switching delays in Figure 3.2 and the high device consumption at Figure 3.3. The
main reason for the slow switching speed is the high gate resistance of the device (9 Q according
to [123]), which limits the gate current, as shown in Figure 3.2. On the other hand, the custom
QFN packaged SiC achieves fast switching speeds, without lagging significantly from the over-
all efficiency figures of the GaN examples. The ringing in Figure 3.2 can be reduced with an
external gate resistance, in the expense of switching losses, and can be further improved with

lower stray inductances in the package.

An experimental prototype of the GaN version using the GS-065-030-2-L transistor was built
but could not maintain efficient operation above 2.16 kW, because of the coil characterisation
difficulties explained in section 4.2. The experimental inverter PCB is shown in Figure 3.4 and

the drain and primary coil current waveforms at maximum power are shown in Figure 3.5.

The benefits of the Class EF over the Class E when it comes to power capability have been
discussed in chapter 2, and it is the main reason that the Class EF/® topology is generally
preferred for high power, high frequency applications in the literature. A 600 W DC/DC WPT
system has been developed using a push-pull load independent Class EF inverter with GaN
devices at 6.78 MHz [124]. Alternative configurations of the Class @5 push-pull topology have
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Figure 3.3: Bar charts with measurements of efficiency, device losses, and gate requirements
for various design examples of the system in Figure 3.1. The GaN devices are in orange, the
commercial SiC devices are in yellow, and the custom SiC devices are represented with blue.

Figure 3.4: Push-pull GaN based inverter driving the coil shown in Figure 4.13a.

been proposed in the literature, with even lower device voltage stresses by combining the ¢-

branch in [125], and center-tapped choke and single ¢-branch inductor in [48].

However, the conduction losses on the ¢-branch inductors scale up with power, which makes
achieving high efficiency challenging at high power applications. This is not the case for switch-
ing losses, so it is preferable to increase the amount of switching devices to scale up the power.
In addition, it is also preferred to use GaN, despite its limited drain voltage limit. Further-
more, as the current on the coil increases, the heating on the output capacitors also needs to be

taken into account. In this chapter we propose a circuit configuration of paralleling push-pull
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Figure 3.5: Drain (orange and green) and primary coil current (blue) waveforms of the inverter
board in Figure 3.4. The non ideal shape of the output current is due to the noise floor and
distortion caused by the Rogowski current probe, since the measured amplitude is relatively
low for the sensitivity of the instrument.

inverters to increase the power output, while keeping the individual component stresses low.
Such approach enables us to overcome the power capability limitations of the Class E topology
combined with GaN devices, while benefiting from the high efficiency. We also introduce a
modified differential Class DE topology with a single input choke, which maintains the benefits
of a Class DE inverter without the need of input filtering.

3.2 Parallel Inverter Combination

3.2.1 Outphasing Modulation

The concept of combining the AC outputs of two resonant inverters (can be either the current
or the voltage [36]) into a common load to create a fixed frequency, phase controlled (PC)
converter was first introduced in the literature in [126], and has been used both with Class D
[127, 128, 129] and Class E [130, 131] topologies. Apart from output power modulation, the
phased controlled topology also has the advantage of delivering to the load double the maximum

power of each individual inverter, whilst keeping the component stresses to the equivalent of
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half the output power. This latter feature is the one that is of interest in this chapter, since
we investigate ways of increasing the output power of a HF-IPT system, beyond the electrical

limitations of the transistors and the rest of the passive components.

The high level block circuit diagram of a generic resonant PC inverter is shown in Figure 3.6.
The main difference between the PP configuration in Figure 1.7 and the PC configuration in
Figure 3.6a is that the the output inductor in the PC case is not part of the common load.
So, even though both the PP and the PC topologies provide to the load double the power of
each individual stage, only the PP is suitable for IPT applications. A possible but suboptimal
way of adjusting the circuit in Figure 3.6a to drive a primary coil would be to fully resonate
the coil at the switching frequency and connect it as the output load, as shown in Figure 3.6b.
This approach, however, negates the benefits of using the primary coil inductance as part of
the output resonant tank of the inverter, and has reduced efficiency because of the additional

large output inductors required.

3.2.2 Circuit Analysis

Parallel Push-pull Configuration

Our objective in this section is to increase the power throughput of the PP configuration even
further by combining it with the PC approach, with the resulting topology still being applicable
for IPT systems. This can be achieved by setting the phase of the PC configuration to zero
and replacing the SE inverters with differential ones. The output coil can now be connected
in parallel with the PP inverters and by applying a specific impedance transformation, it can
also maintain resonance with the individual output branches of the PP inverters. This setup
obviously loses the PC property, but achieves the power combination of multiple PP stages,

and is not limited to just two.

A visual example of such a parallel push-pull configuration based on two Class E inverters (but
can be any kind of resonant topology) driving a single Tx coil is shown in Figure 3.7. There
are four discrete points of connection in this topology: A, B, C, and GND. The common power
supply is connected between points A and GND, and the primary coil is connected between

points B and C. The input of each PP inverter is connected to point A and the outputs are
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Figure 3.6: Circuit block diagrams of a current driven PC inverter, where ¢ is the phase
modulating the output power to the load Ry, Ci/; and L,/ form the output resonant tank,
and Cles is fully resonating with the primary coil at the switching frequency.

connected to B and C. It is important that each of the points B and C is only connected to the
same phase branch of the PP part. As already known, the PP topology has twice the power
output of the equivalent SE one. In turn, the parallel PP topology of Figure 3.7 has twice the
power capability of a single PP stage, i.e. quadruple the power of a SE inverter. Of course,

this kind of configuration in not limited to only two PP stages as shown in Figure 3.7.

The design method for a parallel push-pull topology is similar to the simple push-pull case, with
some key modifications. For a given primary coil loaded impedance Z,;, and output power P,
of each SE stage, the corresponding PP configuration has 27, loaded primary coil impedance
and 2P, total output power. In turn, a parallel PP configuration of N stages using the above
SE design has a loaded output impedance of 2Z,;,/N and total output power 2N P,. The rest

of the inverter components, including the input power remain unchanged from the SE stage.
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Figure 3.7: Parallel connection of two push-pull Class E inverters on a common loaded primary
coil, supplied by a common voltage source, to form a parallel push-pull configuration.

An interesting observation for the special case when N = 2, as in Figure 3.7, is that both for
the discrete SE inverters as well as for the whole parallel PP system, the output impedance is
identical, which simplifies the design process, as well as the dynamic analysis of the inverter

behaviour under varying load.

Parallel Single-ended Configuration

This type of parallel combination of the outputs of inverters to a single Tx coil is not limited
only to PP topologies, but can also be similarly applied to SE converters. The equivalent version
of the inverter in Figure 3.7 but with SE circuits is shown in Figure 3.8. Again, the supply
voltage is connected between points A and GND, but the Tx coil is now connected between
points B and GND. Obviously, this means that the output current is not differentially driven in
the parallel SE case and the topology does not exhibit the even harmonic cancellation effect of
its PP counterpart. In addition, the input current ripple also is additive among the individual
stages and not cancelled out as in the PP case. The total output power is M P,, where M is
the number of total SE stages, and it is equivalent to the parallel PP topology. The loaded coil

impedance however now is Z,; /M, which is significantly lower compared to the parallel PP.
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Figure 3.8: Parallel connection of four single-ended Class E inverters on a common loaded
primary coil, supplied by a common voltage source, to form a parallel single-ended configuration.

Comparison of Component Stresses

A thorough comparison of the component values and stresses between the different topologies is
shown in Table 3.1. The data in Table 3.1 are general and the overall outcomes are applicable to
any resonant converter topology, in an analogous way. Table 3.1 has four inverter configurations:
single-ended, push-pull, parallel single-ended, and parallel push-pull. All of the inverters are
driving the same primary coil and reflected resistance, and provide the same output power,
to give a fair and representative comparison. The data in Table 3.1 are all normalised to the

values of the single-ended case, so that the results are relative to a specific standard.

Overall, the configuration showcasing the best performance and lowest component stresses
from Table 3.1 is the parallel PP topology. It combines the reduced voltage stresses and input
current ripple of the PP with the reduced current stresses of the parallel SE. A more common
way of reducing device stresses in converters is by either paralleling transistors to share the
current, or connecting them in series to share the voltage drop. This technique, however
requires very precise switching timing, otherwise there is risk of uneven loading of the devices,
which can cause failure. The parallel PP configuration is relatively resilient to small phase

differences in the switching signals, or component imbalances among the individual branches.
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Table 3.1: Comparison of component stresses and impedance values among various combined
inverter configurations, relative to the simple case of the SE inverter.

PP M-parallel SE N-parallel PP
Vi 1/2 1 1/2
Riotal 1/4 1 1/4
Rindividual 1/2 M N/2
i/ Lin, 1/8 2M 1/8
Ir, .. 1 1/M 1/N
gy 1/2 1 1/2
g 1 1/M 1/N
chmf 1 1/M 1/N
vrcm: 1/2 1 1/2

Also, paralleling transistors increases the effect of the non-linear C,4, and connecting them in
series requires high side switching. In addition, this approach does not reduce the stresses on
the passive components, which become crucial as the power scales up and conduction losses

become significant.

3.3 Current Reduction Techniques

In a resonant inverter, adding extra capacitors between specific points on the circuit can result in
reducing the overall current stresses in the topology. For example, in a push-pull configuration
that is achieving ZVS through shunt capacitors, the addition of a differential shunt capacitor
results in further reduction of the peak transistor current [132, 133]. However, this technique
has some limitations in real world operation that have not been addressed in the literature.
In a single ended resonant inverter, adding parallel resonance to the primary coil, after the
series resonance of the converter, results in impedance transformation of the load, that can also
reduce the current stresses in the circuit [19]. Once the topology becomes more complex, e.g.
push-pull, parallel push-pull, etc., the exact methodology of applying this kind of impedance

transformation is not defined in the literature.
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3.3.1 Differential Shunt Capacitor

The circuit diagram of a push-pull Class E inverter incorporating a differential shunt capacitor
is shown in Figure 3.9. The parameter r determines the effect of peak current reduction that
occurs due to the presence of the differential shunt capacitor. To investigate deeper the benefits
and drawbacks of including a differential shunt capacitor we run simulations on a 6.78 MHz,
1kW push-pull Class E inverter, driving a 2pH primary coil with full reflected load of 4.
We include simulation results both for the ideal case, and with the GS66516B transistor, to
highlight potential differences when a real transistor model is used. The input voltage is 42V,
the choke is 70 pH, the duty cycle is 50 % the original shunt capacitance is 2.1 nF, and the series
capacitance is 583 pF. For the real device model, the duty cycle is adjusted to 88 % of the ideal
case, the shunt capacitance is reduced by 45%, and a 32 gate resistor is added in order to

maintain the same effective drain voltage shape and minimise ringing.
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Figure 3.9: Push-pull Class E inverter with a differential shunt capacitor to reduce device

current stresses. The value of r ranges from 0 to 1 and controls the effect of the differential
shunt capacitance.

The benefit of including a differential shunt capacitor is shown in the drain current waveforms
in Figure 3.10. For the ideal case the peak current has been reduced by 29.4 %, which is a
significant reduction and can enable us to use a lower rating transistor, such as the GS66508B,
which is a 30 A device, instead of the 60 A one currently used. The reduction in the non-ideal
case is noticeably less (13.9 %), and is mainly because of the limiting effect that the parasitic

output capacitance has to the differential shunt capacitance. However, the shape of the drain
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current does not change its mean value, which remains constant around 12 A in all cases. Since
the combination of the single ended and differential shunt capacitors form effectively a current
divider, the total shunt capacitor current is shared between the two, resulting in reduction of

current stresses in those passive elements as well, as shown in Figure 3.11.

Ideal device model Real device model
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Figure 3.10: Drain current waveforms from the circuit in Figure 3.9, for various values of r.
The data on the left are from simulations with an ideal switching device and on the right using
the model of the GS66516B GaN transistor. The current spikes on the ideal case are caused
from a simulation artifact due to the low R9%.

In theory, the addition of the differential shunt capacitor should not alter the overall behaviour of
the circuit, with the drain voltage and output current waveforms remaining the same. However,
depending on the value of the differential shunt capacitor, the turn on slope of the drain current
increases, which combined with the parasitic inductances in the device (and potentially the PCB
traces) result in significant ringing on the corresponding waveforms, as shown in Figure 3.10 and
Figure 3.11. This ringing even negatively affects the noise level on the drain voltage waveform,
as shown in Figure 3.12. But, according to the data in Figure 3.13, reducing the peak drain
current with a differential shunt capacitor reduces the power dissipation on the device, with
the extreme case of no single-ended shunt capacitor having 5.5 % less power loses compared to

the traditional topology, which is in line with the findings in [132].

The main drawback of the differential shunt topology is the strict requirement of a 50 % duty
cycle. If the duty cycle deviates from 50 %, either by reverse conduction due to dynamic changes
in the load or by design such as the Class EF topology that typically has lower duration of
conduction during the period, the current reduction benefits no longer apply. This is because

once the drain is shorted to the ground, the differential shunt becomes an open and all of the
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Figure 3.11: Single ended (top) and differential (bottom) shunt capacitor current waveforms
from the circuit in Figure 3.9, for various values of r. The data on the left are from simulations
with an ideal switching device and on the right using the model of the GS66516B GaN transistor.
The current spikes on the ideal case are caused from a simulation artifact due to the low RPY.

residual current flows immediately through the drain. This effect is shown in the waveforms in
Figure 3.14, where the circuit in Figure 3.9 is simulated with half the nominal reflected resis-
tance, resulting in reverse conduction of the transistors. When the parasitics of the switching
devices are taken into account, the ringing in the differential shunt circuit can even surpass the
peak transistor current of the traditional topology, which negates the purpose of the differential
shunt capacitor in the first place. So, unless the inverter is load-independent with 50 % duty

cycle, the differential shunt capacitor technique is not recommended.

3.3.2 Semi-resonance

The performance of weakly coupled IPT systems can be improved in terms of efficiency by
connecting a capacitor in parallel to the primary coil, so that it resonates with it slightly above
the switching frequency, as explained in [19]. We showcase the effect of semi-resonance by
applying capacitors of various values across the primary of the IPT link used in chapter 2,

and measuring with the impedance analyser. The results, for a distance between the coils of
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Figure 3.12: Drain voltage waveform of the circuit in Figure 3.9 with an ideal device (blue)
for any value of r, and with the GS66516B GaN HEMT for no differential shunt capacitance
(yellow), and no single ended shunt capacitors (orange). The difference in the peak value
between the ideal and non-ideal case is due to the effect of C\s.
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Figure 3.13: Power dissipation on a single device in the circuit in Figure 3.9 for various values
of r.

11.3 cm is shown in Figure 3.15. The lowest frequency resonance is from the AC load on the
secondary, which is at 13.56 MHz. The three higher frequency resonances are caused by the
parallel capacitors connected to the primary coil. The closer the external capacitor resonance

is to the secondary resonance, the higher the impedance transformation.

The concept of the impedance transformation that takes place with the inclusion of a parallel
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Figure 3.14: Drain voltages (top) and drain currents (bottom) for ideal devices (left) and the
GS66516B (right), of the circuit in Figure 3.9 with duty cycle less than 50 %.

capacitor to the Tx coil is shown through the equivalent circuits in Figure 3.16. The process
begins by choosing the resonant frequency f, of the parallel combination of the loaded primary

and Cl,, where

fo=nfs, (3.1)

with n > 1. The lower the value of n the larger the impedance increase, according to 3.15.

Then, the value of the resonant capacitor is calculated by the relation

Cs’r — LSl 29 (32)
Ry + (nX1,,)

where

XLSl = ngsl. (33)

The effective value of the impedance of the loaded primary at the switching frequency is given

by the equations:

Rop X2 R
Ry (fs) = — Cor L (3.4)
RSL + (Xle + Xcsr) 1 _ i
n?
XS’I" LS
Lsr (fS) = (fS) ~ 11 ) (35)
Wg 1 — —
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Figure 3.15: Equivalent inductance (top) and series resistance (bottom) measurements, using
the impedance analyser on the IPT link and AC load combination used in chapter 2, with
various parallel resonant capacitors to the primary coil.

where ,
XCST RS + XLS XL S + XCST
Xsr (fS) — |: 2L 1 ( 1 5 )] 7 (36)
RSL + (XL31 + Xcsr)
Xo, = —1 (3.7)
Cor WSCST .
le Lsr(fS)
I Csr I
RSL Rsr(fS)

Figure 3.16: Equivalent circuit of the impedance transformation that occurs with the inclusion
of a parallel capacitor to the Tx coil.

In a power combining configuration, such as the push-pull and the rest proposed in section 3.2,
there are two ways of connecting capacitors to achieve semi-resonant operation, shown in Fig-

ure 3.17. The first type of connection is shown in Figure 3.17a and it is the typical configuration
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extended to the push-pull topology. The second type is achieved by splitting the resonant ca-
pacitor to each branch of the push-pull and connecting them to ground, i.e. Figure 3.17a. Both
configurations have the same effect, however the calculation of the value of the capacitors is

different in each case.
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(a) Typical semi-resonance (b) Split capacitor semi-resonance
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Figure 3.17: Push-pull Class E semi-resonant inverter topology with two variations on the
connection type of the resonant parallel capacitors.

For the typical semi-resonant connection type, we follow the process of calculating the value of
C and the resulting effective impedance of the loaded primary as we would do for a single-
ended inverter. Then, we design the single-ended parts of the push-pull inverter based on the
equivalent transformed primary loaded impedance. For the case of the split resonant capacitor
to ground of Figure 3.17b, the process is the opposite of the traditional connection. First we
perform the impedance transformation from the push-pull to the each single ended side, and
then we apply the corresponding resonant capacitance value to the effective loaded primary
impedance of each side. The values of the resonant capacitor are generally different between
the two cases of Figure 3.17, apart from the case of a two stage parallel push-pull inverter,
where the real primary loaded impedance matches exactly the equivalent impedance that each

single-ended side receives.

To better showcase the properties of the semi-resonant operation, we provide three push-pull
Class E inverter simulations with various values of n. All the inverters provide 1kW on the
same primary and reflected load combination. The component values of each case are shown
in Table 3.2 with the corresponding waveforms shown in Figure 3.18. Adding semi-resonance
effectively reduces the loaded () factor of the output branch, which in turn results in higher

voltages and lower currents in the circuit components. However the voltage across the series
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output capacitors and the current on the primary remains the same, since all of the examples

have the same power and load.

Table 3.2: Component values of the semi-resonant push-pull Class E inverter examples.

Parameter n — +00 n=3 n=2 Unit
Vi 31.23 35.13 41.65 A%
Lyge 70 70 70 pH
fs 6.78 6.78 6.78 MHz,
D 44 44 44 %
R, 3 3 3 Q
Q GS665168B GS665168B GS66516B —
Cp 2.566 1.968 1.157 nF
Cs 765.8 684.32 582.6 pF
Ccdift - 40.812 91.811 pF
Csplit - 81.624 183.62 pF
L, 2 2 2 pH
Rsr 4 4 Q
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Figure 3.18: Waveforms showcasing the voltage and current stresses of a Class E inverter
with various semi-resonance capacitance values. The solid line represents no semi-resonance
(n — 40c), the loosely dashed line is semi-resonance with n = 3, and the densely dashed line
is semi-resonance with n = 2.

We also compare the current and voltage stresses on the resonant capacitors between the
differential connection of Figure 3.17a and the split connection in Figure 3.17b. The split
capacitor connection requires lower voltage rating on the components, which is expected since
the two split capacitor form a voltage divider. The current however is the same in both

cases. Another benefit of the split capacitor over the typical differential connection is that any

potential noise because of mismatch between the two branches is absorbed through the ground.
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Figure 3.19: Voltage and current waveforms of the semi-resonant capacitors for n = 2 and
n = 3, both for the typical connection across the coil as well as the split connection to ground.

3.4 Common Infinite Choke Push-pull Class DE Topology

As already explained in chapter 1, the Class D topology (Figure 1.10) has the highest power
capability, but the hard switching operation suffers from switching losses and EMI issues as
the operating frequency rises. The peak drain voltage on the Class DE topology (Figure 1.11)
is also capped at the supply voltage, since there is no input choke. The lack of input choke
however creates high current pulses, which are parts of the output current, through the supply,

which requires additional input filtering.

In this section we propose a push-pull Class DE topology with a common input choke (PPCC
Class DE inverter), the circuit diagram of which is shown in Figure 3.20. The circuit diagram
of a the single common infinite choke push-pull Class DE inverter topology is the same as of a
typical differential Class DE inverter, with the inclusion of a choke inductor between the supply
voltage and the top drain. This topology can be easily scaled up to provide more power with

a parallel combination, as explained in section 3.2.

The high side transistors can be driven either through a high speed, high voltage diode in
a bootstrap configuration, such as the C3D1P7060Q SiC Schottky diode in a QFN package
from Wolfspeed, or with an isolated supply, such as the high voltage PV15-27B15R3 fly-back
converter from Mornsun America combined with the TLP2767 high speed opto-coupler from
Toshiba for the gate signal. If the transistors are based on GaN technology, the low sides can

be both driven with a single two channel gate driver, such as the 2EDN7524G from Infineon.
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Figure 3.20: Single common infinite choke push-pull Class DE inverter topology.

The total number of individual gate signals is two, just like any Class E type push-pull inverter,
and if the gate drivers have inverted driving capability (such as the UCC27512 from TI) and

the duty cycle is 50 %, it can even be driven just with a single signal.

The design process for the inverter in Figure 3.20 begins by designing a single ended CLass DE
inverter [36], with the corresponding output power, frequency, equivalent primary coil, and
reflected load for the full push-pull topology. In the examples below we use the IPT link,
secondary AC load, output power, and switching devices that are mentioned in the experi-
mental example in subsection 3.1.2. The complete list of the component values is provided in
Table 3.3. For the traditional Class DE topology we choose 25 % duty cycle, as it provides the
highest power capability. Once the circuit with ideal switches has been established, we make
adjustments to accommodate for the actual transistor model. First we add the minimum gate
resistance that minimises the drain current ringing, especially at turn-off. Then we decrease the
duty cycle in order to absorb the switching delays caused by the input capacitance of the device,
which for the Class DE example is —11 %. Finally, the value of the external shunt capacitance
is reduced to absorb the effect of the output capacitance of the device. The Class DE topology
by design almost eliminates the non-linear part of the C,gs [36], which vastly simplifies this

part of tuning.

The design process to achieve a PPCC Class DE inverter design begins from the ideal transistor
PP Class DE stage and adding the input choke of choice. Then, we increase the duty cycle while
simultaneously decreasing the shunt capacitance to achieve the required switching conditions,

which in our example are both ZVS and ZVDS. Once the PPCC Class DE inverter design with
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Table 3.3: Component values of the Class DE inverter examples.

Parameter PP Class DE PPCC Class DE Unit
Vin 474 377.11 A%
Lyje - 100 nH
fs 6.78 6.78 MHz
D 22.25 38.36 %
R, 2 2 Q

Q GS66508B GS66508B —
Cp 329.64 197.93 pF
Cs 117 117.59 pF
L, 10 10 pH
R,, 200 200 mQ)
Ry 15 15 Q

ideal transistors has been finalised, we include the non-ideal transistor model. Again, at this
stage, we decrease the duty cycle to absorb the turn-off delay of the transistor and decrease the
external shunt capacitance to absorb the effect of C'\,s,. Unlike the traditional Class DE inverter,
the PPCC Class DE topology does not have the property of absorbing the non-linearity of the
output capacitance, so adjustments on the output series resonant capacitors may be needed to
achieve the desired switching conditions, especially if the loaded output @) factor is relatively
low. Finally, the input voltage should be decreased accordingly to match the expected output
current value. In our example, the ideal PPCC Class DE inverter had —25.5 % change in shunt
capacitance, 65 % increase in duty cycle, and 22 % decrease in input voltage, compared to its
PP Class DE counterpart. It must be noted at this point that the dynamic behaviour of the
PPCC Class DE inverter to load changes is similar to that of a typical Class E configuration.

The voltage and current waveforms of the two 3kW Class DE inverter designs are shown in
Figure 3.21. The main observation from the input current waveforms is that the PPCC Class DE
design has a constant DC current with amplitude only 39 % of the peak of the PP Class DE,
which was the main objective of creating this inverter design. The output current of the two
designs has a phase difference, which means that the equivalent impedance of the two inverter is
different, since the series resonant capacitances are the same. However, the peak drain voltage
on the PPCC Class DE inverter is no longer limited to the supply voltage, because of the back
& of the input choke during turn-off. But, because of the inherently larger duty cycle of the
PPCC Class DE design, the peak source current is lower than the traditional Class DE, which

effectively disconnects the typically large output current from the current through the device,
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as well as the input current. The peak device current of the PPCC Class DE inverter example
is so much lower than the PP Class DE, that a lower rating transistor can be used, such as the

GS66504B 15 A device.
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Figure 3.21: Voltage and current waveforms of the PP Class DE and the PPCC Class DE 3kW
inverter simulation examples, for both an ideal transistor model and the GS66508B.

Another, not so obvious benefit of having an input choke is that it eliminates voltage overshoot
during turn-off due to parasitic trace inductances, especially when there is no ZVDS condition.
The peak voltage of the PPCC Class DE design example with the ideal transistor is 1.68 times
the supply voltage, which is lower both than the Class E, that is around 4, and the Class EFs,
which is around 2. Even taking into account that the PPCC Class DE topology has twice
the number of transistors compared to the PP Class E inverter, it still has relatively lower
voltage stresses on the devices, while having half the number of individual choke inductors,

which drastically increases the power density of the circuit.

3.5 Inverter - Magnetic Link - Rectifier Integration

In this section we present in detail the design process, development and finally experimental

testing of a high power DC/DC HF IPT system. This experiment serves the purpose of proving
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the concept of the parallel PP topology introduced in section 3.2. The switching frequency is
limited to 3.39 MHz by the capabilities of the SiC Schottky diodes (C4D20120H from Cree)

used in the rectifier circuit.

3.5.1 Magnetic Link Measurements

We begin with the coil impedance measurements, using the E4990A impedance analyser from
Keysight, with the coils connected to their respective PCB’s. Photos of the Tx and Rx coils are
shown in Figure 3.22, with details about their dimensions in the description. The Tx coil has 3
turns for high inductance, and large gap between turns to keep the SRF high. The secondary
coil has two turns, which enables lower gap between turns, while keeping the inductance low
enough to be able to absorb the capacitive reactance of the rectifier. Screenshots of the results
of the impedance measurements for the two coils are shown in Figure 3.23, based on which we
determine the inductances and () factors used in the design procedure of the converters. The
measured inductance values agree with the analytic low frequency approximations from [75],
where Ls, = 4.111H and Lg, = 3.441H. Another noteworthy observation from Figure 3.23 is
that the SRF of both coils is well above the operating frequency (around 20 MHz), which makes

them well suited for the application.

The next step involves determining the distance between the two coils and accurately measuring
the coupling factor. For an IPT system design with high link efficiency it is important that the
combination of coil distance and AC equivalent secondary load result in high enough reflected
resistance to the primary at the switching frequency. We performed three kinds of coupling
factor measurements: impedance measurements from the primary with a resonant secondary AC
load, open-short measurements, and coupling estimation with a frequency sweep, as explained
in [19, 134]|. For the case of the resonant secondary coupling measurement method, we used

two different values of resistance.

A photo of the final coil configuration is shown in Figure 3.24, where the distance is 11 ¢cm and
the reflected resistance at the switching frequency is around 8 {2 with a 42 (2 AC secondary load,
according to the impedance measurement in Figure 3.25. These measurements correspond to
a coupling factor in the range of 20 % to 30 % which is too low to be estimated accurately with

the open-short method and too high for the AC resonant load method, leaving the frequency
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(a) Primary coil (b) Secondary coil

Figure 3.22: Photos of the primary and secondary coils used in the high power IPT DC/DC
system example. Both coils are square planar made with copper tube. The outer dimension of
the 3-turn Tx coil is 43 cm, with 6 cm distance between turns and 8 mm tube diameter. The
outer length of the 2-turn Rx coil is 37 cm, the distance between turns is 1cm, and the tube
diameter is 10 mm.

sweep method as the preferred estimation approach.

The results of the frequency sweep measurements for coupling factor estimation are shown in
Figure 3.26. The signal source is the 50 MHz Aim-TTi function generator and the voltage mea-
surements across the coils are performed using the optical probes from Tektronix, to minimise
the capacitive loading on the coils, although this measurement method inherently absorbs the
effect of the coil capacitance. The range of the frequency sweep is from 100 kHz to the resonant
frequency of the coils. The voltage measurements are performed by stimulating first the pri-
mary and then the secondary, while measuring both sides of the IPT link. The coupling factor

k and the transformer ratio n are given by

Voutvout
Ls, " Ls,y
k= in {/in ’ (38)
Ls, V' Lsy
in out
Y £ L (3.9)
- L - Vin 1/ out : :
S1 Ly " Lsy

The transformer ratio value matches the individual impedance measurements of the two coils,

which is a confirmation of valid results. The exact estimation value of the coupling factor using



3.5. Inverter - Magnetic Link - Rectifier Integration 157

500.0 o/ f 1.500 ka

0000 MHz
0000 MH.

1. 500k

ref 1.000 ko

0000 MHz

00 MH. 1.
0000 MHz | 25
2129 MHz | 2.

(b) Secondary coil

Figure 3.23: Impedance measurements of the coils in the IPT DC/DC system experimental
example. In yellow is the impedance amplitude, in cyan is the phase, in purple is the inductance,
and in green is the resistance. The first three frequency marks correspond to the first three
harmonics of the IPT system and the fourth mark is at the resonance frequency of the coil.
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Figure 3.24: Photo of the IPT of the experimental setup.

the frequency sweep method is 24.5 %. The open-short method gave an underestimation of the
coupling factor, and the two measurements with the resonant Rx loads gave an overestima-
tion, with significant deviation between the two instances, which is an indicator of unreliable

estimations for these two measurement methods in our example.

3.5.2 Design of High Frequency Converters

Once the IPT link has been established and well characterised we continue to designing the
HF rectifier. We choose the current driven Class DE rectifier topology, for the high power
capability, resonant operation with soft switching, absorption of the non-linearities of the diode
capacitances, and lack of inductors [36, 135, 136, 137]. Also, the current driven topologies
are in general preferred for IPT applications, since they are series tuned and changes in the
cquivalent AC load of the rectifier do not affect the equivalent reactance [25]. The objectives are
8kW peak power using the C4D20120H SiC Schottky diodes with a full-bridge configuration
equivalent to a 40 AC load.

The component values are determined by the design process of the half-bridge version with half
the equivalent AC resistance and 30 % duty cycle, in order to remain within the voltage and
current limits of the diodes. The full-bridge equivalent version has the same shunt capacitances
but half the DC load of the half-bridge. The voltage and current waveforms for both versions
are the same, as long as the the DC load is transformed accordingly. Both the half-bridge and
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Figure 3.25: Impedance measurement from the primary side of the IPT link in Figure 3.24 with
a resonant secondary. The primary inductance and reflected resistance values at the switching
frequency are given at the first frequency mark and the secondary AC resistance value is at the
bottom left corner.

full-bridge Class DE rectifier circuit diagrams are shown in Figure 3.27. Then we replace the
ideal diodes in the simulation with the real diode model, and reduce the value of the shunt
capacitors until the current and voltage waveforms match, as displayed in Figure 3.28. In our
example it is 70 % of the ideal case, and it practically does not affect the equivalent reactance of
the rectifier, since the Class DE topology inherently absorbs the non-linearities of the parasitic

capacitance of the diodes.

The top and bottom views of the rectifier PCB are shown in Figure 3.29. The exact values
of NP0 shunt capacitors and the DC resistance are measured, and the ideal components in
the LTspice simulation are replaced accordingly. The first order equivalent input impedance
of a resonant current driven rectifier is a capacitance in series with a resistance, as shown in
Figure 3.30. The exact value of the equivalent impedance of the rectifier is calculated by driving
it with an AC input current source at the nominal amplitude deriving the first harmonic of the

voltage across it. Then, the series resonant capacitor can be computed using the relation

C
Cyy = 5. 3.10
7 wil,Cp—1 (8.10)
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Figure 3.26: Frequency sweep measurement results for the IPT link in Figure 3.24. In the
first two columns the wavefomrs are in blue and the envelopes of the waveforms are in orange.
The curves in the last two columns are derived using the envelope data of the first two. The
final values of the coupling factor and transformer ratio are derived from the flat part of the
respective curves.

Once the Rx side is fully defined, the next objective is to calculate the reflected resistance
to the primary, while minimising the reflected reactance. A close initial approximation of the

amplitude of the primary coil current is given by

. ILSZ <R52 + R’[‘)
b ek/To Ly

(3.11)

Then, we simulate the complete secondary coupled to the Tx coil, driven by the current from
(3.11). If needed, we fine tune the primary current amplitude to achieve the required output
power, and the series secondary capacitance to minimise the reflected reactance to the primary:.
Specifically, in our example the primary current was increased by 3 % an the secondary resonant
capacitor was increased by 2%. Now, the value of the reflected resistance can be approximated
by the real part of the first harmonic of the voltage across the Tx coil divided by the primary

current.

Now that the objectives for the primary driver are determined, we proceed with the design
of the inverter. We choose a parallel push-pull Class E inverter topology, because the lack of

d-branch provides superior efficiency (lower conduction losses) at high power over the Class EF
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Figure 3.27: Circuit diagrams of the half-wave and full-wave current driven Class DE rectifier
for IPT applications.
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Figure 3.28: Voltage and current on the diodes of the current driven full-bridge Class DE
example at 8 kW operation. The dashed line represents the ideal diode waveforms and the solid
line is for the waveforms of the C4D20120H SiC Schottky diode. The ringing is caused by the

resonance of the stray inductance of the TO-247-2 package with the parasitic capacitance of
the diode.
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(a) Top view (b) Bottom view

Figure 3.29: PCB of the full bridge current driven Class DE circuit. The parallel impedance
transformation capacitor is left unpopulated in the experimental setup.
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Figure 3.30: AC equivalent input impedance of a capacitive current driven resonant rectifier at
the operating frequency.

topology, with 50 % duty cycle for maximum power capability [32] and 7kW nominal power
output. The design procedure is based on the method proposed in chapter 2, adjusted to the
simpler Class E configuration, combined with the impedance transformation required for the

parallel PP connection.

The PCB'’s of the inverter are shown in Figure 3.31. It consists of two individual boards: an
IMS daughter PCB with the Ventec VT-4B7 SP material containing the switching network for
improved thermal performance, and a FR4 motherboard with the rest of the components. The
transistors are the GS66516B from GaN Systems and the gate drivers are the UCC27512 from
TI. Some indicative waveforms from the simulation of the full IPT system at nominal power

are given in Figure 3.32.
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21 22

(a) FR4 inverter mother board (b) IMS inverter daughter board

Figure 3.31: PCB’s comprising the parallel push-pull Class E inverter. The boards are capable
of providing both Class E and Class EF configurations. The daughter board is connected to
the bottom of the mother board under the cutout.
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Figure 3.32: Waveforms of the transistor drain voltage and current (left), currents through
the coils (middle), and output load power (right). The Rx coil has distortion from the third
harmonic, which is an artifact of the Class DE rectification.

3.5.3 Experimental Results

Both the inverter and the rectifier use 7.2kV 3838 NP0 ceramic capacitor from Kyocera AVX
for resonance with the coils, and the shunt capacitors are 2kV 2225 NPO from TDK. The input
chokes are the AGP4233-333ME from Coilcraft, and the output stabilising capacitors of the
rectifier are 1.5kV X7R ceramics. The input stabilising capacitors comprise of a combination
of electrolytic and ceramic, both X7R and NPO. The signal generating circuit is the same as
the one used in the experimental examples in chapter 2. The exact measured component values

are given in Table 3.4 and a photo of the complete IPT system is shown in Figure 3.33.
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Table 3.4: Component values of the high power IPT system

Parameter Value Unit
Vmax 180 A%
Lyge 100 pH
fs 3.39 MHz
D 48.5 %
R, 0 Q

G UCC27512 —
Viad 6 A%

Q GS66516B -
Cp 678 pF
Cs, 611 pF
L, 4.17 pH

k 24.5 %
L, 3.14 pH
Cs, 1.916 nF
D C4D20120H —

C, 236 pF
C, 2.24 pF
Ry, 114 Q

Inver_te_r-;,

e

Figure 3.33: Photo of the complete high power IPT experimental setup.

The waveforms of the experimental setup in Figure 3.33 are given in Figure 3.34. The gate

signals are measured with 50€) coaxial cables, the secondary coil current is measured with
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the Pearson 6585 current monitor, the primary coil current is measured with the N7041A
Rogowski probe from Keysight, the drain voltage is measured with the TVIHOS isolated probe
and WSQPIN1000X tip from Tektronix, the voltage across the diode is measured with the
N2891A differential probe from Keysight, the output voltage is measured with a high voltage
passive PMK probe, and the output current is measured with the N2893A current clamp from

Keysight.

Meas 1 & Meas 1 &

Positive Duty Cycle Positive Duty Cycle
ph47.22 % p'32.38 %

Meas 2 (2]
Positive Duty Cycle
11" 37.19 %

Meas 3 3

7452 A

M5
Meas 6 &

E Maximum
u'i3707V

Meas 10 &

ea

58 L
Ilean
4.255 A

Meas 11 (M1
Mean
P 2.066 kW

Meas 12 Mz

Mean
p 1144 ViA

(a) Vip =69V (b) Vi = 102V

Figure 3.34: Measured waveforms of the IPT system in Figure 3.33 at two supply voltage
values. The gate signal to one of the two pairs of gate drivers is yellow, the Rx coil current is
red, the Tx coil current is green, vpg is orange, the voltage across one of the diodes is blue. The
first two measurements are the duty cycles of the gate signals, the third measurement is the
RMS value of the Rx coil, "Meas 6", is the peak of the drain voltage, "Meas 10" is the peak of
the voltage across the diode, "Meas 8" and "Meas 9" are the DC output current and voltage,
respectively, "Meas 11" is the output power, and "Meas 12" is the DC load. The ripple of the
Ly, is noise from the Rogowski probe.

The rectifier measurements match the simulations, but the inverter is reverse conducting more
than expected, due to the large, non-predictable parasitic capacitance of the IMS board. At 69V
input voltage the inverter is soft switching with both ZVS and ZVDS, and the output power is
916 W. At 102V input voltage the inverter is reverse conducting and the load is consuming over
2kW power at over 91 % DC/DC efficiency. The highest output power achieved was around
3kW at 95 % efficiency. Throughout the testing of the system the devices remained below 40 °C

and the coils were around 30 °C at maximum power.
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Several issues that limited the performance of the system had to be addressed. First, the 1.5kV
XT7R capacitors at the output are not suitable for such application, since their temperature was
increasing unexpectedly high. The reason lies in the voltage dependent behaviour of their
capacitance as well as the lower SRF compared to NPO. This problem was easily resolved by
adding extra NP0 ceramic capacitors to the output. Next, the metal substrate of the IMS board
should not be left floated, but instead should be connected to ground. This intervention would
make the parasitic capacitance of the IMS board more controllable and provide a return path
through an uninterrupted plane to the signals. The cross-talk noise on the gate signal, which
is caused by the supply of the gate and the drain node current, was dramatically decreased by

grounding the metal substrate.

In addition, the mother board has unnecessarily long traces, which introduce parasitic induc-
tances. Also, the transistors should be connected in a star configuration with a common solid
ground plane, to minimise interference from the return path of the drain node. Finally, the gate
signal traces should be shielded and kept as short as possible, to minimise coupling with the
strong fields present on the power board. A parallel push-pull semi-resonant Class E inverter

PCB with improved layout that addresses all the above issues is shown in Figure 3.35.

)

Bumblebee Pouwer

Figure 3.35: Parallel push-pull semi-resonant Class E inverter with improved layout to minimise
EMI issues and ensure signal integrity.
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3.6 Summary

The difficulty of operating high frequency IPT systems at high power is explained and the
benefits of using GaN technology for such applications, despite its limitations, are justified.
Two versions of a novel parallel configuration for resonant inverters and rectifiers is proposed,
that increases the power throughput of IPT systems without being limited by the device and
component stresses. Next, the pros and cons of a differential shunt capacitance in a push-
pull Class E type inverter are investigated, and an alternative for semi-resonance operation for
push-pull topologies is introduced. Then, a common input choke Class DE inverter topology is
proposed that combines the benefits of both the Class E and the Class DE inverter. Finally, a
complete and detailed process of designing and testing a 3kW, 3.39 MHz DC/DC IPT system

is provided, which achieved 95 % DC/DC conversion efficiency over an 11 cm gap.



Chapter 4

Magnetic Link Design and

Characterisation

4.1 Single Transmitter - Multiple Receivers System

4.1.1 Background

Traditionally, an IPT system consists of a single Tx powering just one Rx, as shown in Figure 1.5,
since a single IPT link minimises the dynamic variables of such systems. However, there is
interest for applications and practical benefit in realising IPT systems with more than one
receiver, such as air-core DC/DC converters [138, 70| and WPT systems [139, 140|. Having
multiple coils in vicinity results in cross-coupling among every possible pair in the system,

which complicates the optimal design procedure for resonant HF IPT operation.

Efforts have been made in the literature towards building IPT systems with multiple receivers
whose cross-coupling has been minimised [141, 142, 143]. This approach, successfully reduces
the complexity of the problem, but simultaneously introduces physical limitations to the setup
of the IPT link. In principle, it is possible to design a Multiple-Input Multiple-Output (MIMO)
IPT system with high efficiency despite the existence of cross-coupling, as proven theoretically

for a first order model [144].

In this chapter, we present an IPT link design method for a single Tx and multiple Rx’s accord-

168
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ing to the configuration shown in the block diagram in Figure 4.1. Our analysis includes the
effects of the rectifiers on the receivers and achieves maximum power throughput while elimi-
nating the reflected reactance to the primary, which is crucial for maintaining high efficiency
in a dynamic IPT system. This way we manage to further extend the work in the existing
literature providing results that are more beneficial to the requirements of optimal operation

of practical IPT systems.

Receiver 1

—

Receiver N

Figure 4.1: Block diagram of a generalised inductive WPT system with a single Tx and multiple
Rx’s.

4.1.2 System Analysis

As explained in section 1.3 and shown in Figure 1.5, a first order equivalent approximation of
the IPT system can be obtained by modelling the inverter as an AC voltage source and the
rectifier as an equivalent impedance at the switching frequency. The inverter is typically series
tuned whereas the connection type of input resonant capacitor of the rectifier depends both on
the type of rectifier and the value of its equivalent AC resistance [19]. In our analysis we use
a half bridge current driven rectifier, shown in Figure 4.2, which is series tuned [36], but the
mathematical derivation can be adjusted to any rectifier topology, series or parallel tuned to

the corresponding Rx coil.

The equivalent input impedance that the secondary coil current sees is given by [19|

2 2V;
Ry (i) = = <Rdc + T (i, )> , (4.1)
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N Lge
L1 T

iL52 wa Co :: ‘/dc Rdc

Figure 4.2: Circuit diagram of a half bridge current driven rectifier.

where V; is the voltage drop of the diodes, and the relation of the input to output current is

(4.2)

From (4.1) we can see that the input impedance of the half bridge topology heavily relies on the
input current, which is a significant obstacle for the efficient operation of dynamic IPT systems,
but such analysis is beyond the scope of this chapter, as we use it only as an expample. A
more suitable rectifier topology would be the semi-resonant Class E introduced in |21, which

can easily replace the Class D in the analysis that follows.

Under the above conditions, the FO circuit diagram of the multi-coil system in Figure 4.1 is the
one shown in Figure 4.3. The AC input equivalent load of the rectifier in Figure 4.2 is purely
resistive (R,.), assuming no significant parasitic capacitance in the diodes, so there is no need
to compensate for its reactance with the series tuning secondary capacitor. Our objective in
Figure 4.3 is to obtain a closed form equation for the total reflected impedance on the primary

as a function of the series tuning capacitors on the receivers.

As depicted in Figure 4.3, we define the angles of all the phasors with respect to the primary
coil current, hence the phase of I, can be set to zero. The real and imaginary parts of the total

reflected impedance to the primary Zp in matrix form are:
Rr = Re [73 (X(;)] =x]U " (x¢) xs, (4.3)

Xp=-Im|[Zg(xc)] = xR, (x¢) Xa (xc) U™ (x¢) xp, (4.4)

where by incorporating the complex matrix inversion scheme in [145] we get

U=R,+X,R;'X,. (4.5)
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Figure 4.3: FO AC equivalent circuit of the single Tx powering multiple cross-coupled Rx’s.

The real and imaginary parts input of the currents on the receiver coils are
Im [i] = —,U 'xc, (4.6)

Re [i] =R;'X 4 Im [i] , (4.7)

where the receiver input current phasor vector is

i-L 1 ... 1] (4.8)
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The reactance vector x¢c of the secondary series capacitances is

T

Xo = |:XC‘2 XC’3 ch )

where n — 1 is the total number of receivers in the system and

1=2.3,...,n.
The mutual reactance vector with the primary is
"
Xp = [X12 X13 e X1ni| )

where

Xij = kij\/LiLj, i,7 =1,2,...,n.

The combined AC secondary resistance matrix is
R4 = diag (rs + r4.),

where
ry = [RSZ R, ...Rsn] )

Toc = [Ra,cz Ra,ca s RaCn:| )

The combined secondary reactance matrix is

XA = dlag (Xc) + XM,

where _ -
X22 X23 tee X2n
Xzo X33 ... X,
XM _ 32 33 3
Xn2 Xn3 s Xnn

(4.9)

(4.10)

(4.11)

(4.12)

(4.13)

(4.16)

(4.17)

The formulation of Zg in (4.3) and (4.4) is a higher order extension and generalisation of the

simple case of a single Tx and a single Rx described by (1.20). It can be easily confirmed that
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by reducing the number of recievers to one, (4.3) and (4.4) converge to (1.20), which proves

and validates our proposed equations.

A visual example of the simple case using (1.20) is shown in Figure 4.4, which is also equivalent
to the measurements in Figure 2.5. A more complex surface plot of the reflected impedance to
the primary when two cross-coupled receivers are in place is shown in Figure 4.5. In both cases
the optimal series capacitance values are calculated from (2.61). By comparing the two above
mentioned cases, it is clear than once the number of receivers is more than one and they are
cross-coupled, as shown in Figure 4.3, the simple secondary resonance method does not produce
the highest possible reflected reactance, which reduces the overall link efficiency according to
section 1.3, and introduces unwanted reflected reactance, which causes sub-optimal operating

conditions for the primary coil driver.

N15F 0 o
i =
[Vl =
10 4.5
aF =410

0.8 0.85 0.9 (05 1.05 11 j i 1.2

i
Cz‘“czopt

Figure 4.4: Total reflected resistance (blue) and reactance (orange) of a system with one trans-
mitter and one receiver. The independent variable is the ratio between the series secondary
tuning capacitance and its optimal value. In this simple case the evaluation of the highest
efficiency operating point is straight forward and well documented in the literature.

4.1.3 Link Optimisation for a Given Power Level

As already established, once the load, rectifier topology, and physical characteristics of the link
are decided, the only degree of freedom for link efficiency optimisation is the choice of secondary

tuning capacitances. By setting (4.3) as our objective function, such optimisation scheme for
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Figure 4.5: Extension of Figure 4.4 by having two receivers. It is obvious that in higher than
one dimension the optimization problem becomes complex and the solution of the 1D case does
not apply anymore.

an IPT system would try to maximise the value of (4.3) while keeping (4.4) at zero, searching
for the solution in a multi-dimensional space such as Figure 4.5. Here, we implement a modified

Newton scheme as follows [146, 147|:
V2Rp (x[g) Ax = AV Rp (x[c’f]) , (4.18)
where k is the iteration index, 7 is a relaxation parameter, and

AX[Ck] = X[CkH] - x[(]/f]. (4.19)

In order to speed up the above iterative scheme and simultaneously ensure convergence we set

the initial guesses of R, and C;, i = 2,3,...,n to

2R, 2V,

RO = % (] 4.20
o =2 (14 22, (1:20)
XP ==X "m(Z), (4.21)

j=2

where V4, is the target output voltage of each rectifier, Z;; are the z-parameters of the IPT
link, and A is a deviation parameter. These initial conditions ensure that we start close to the

solution and our method will stop at a maximum point, without deviating to an unwanted local
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minimum. The iterative procedure terminates either if Xl[f] is close to zero or if the relative

iterative step is too small, described by:

HAX H

(4.22)

where € is the tolerance.

The complete process flow diagram of the secondary series capacitances optimisation for a given
input current is shown in Figure 4.6. For a given input current value to the primary coil, this
method produces the correct secondary tuning capacitances, which then can be used to calculate
the output power of each individual Rx. This routine can run iteratively until the desired output
power is achieved. We also included an extra step to speed up the convergence, which involves
a heuristic based on the shape of the reflected impedance in Figure 4.4 and Figure 4.5 that
either adds or subtracts the value of (4.19), depending on its effect to the change of the reflected

resistance (represented by the "Ascend" and "Descend" blocks in Figure 4.6).

L J

| AC equivalent || Total Reflected \og@§
load resistor i ?

?

Capacitance
immma COrrection
step

Total reflected
resistance increased?

v

Hessian

Jacobian

Figure 4.6: Flow process of the optimisation of the secondary series tuning capacitances. It is a
specially modified Newton optimization method that adjusts the next step direction based on
the current state of the system. The subroutines shown in the figure include their independent
iterative computation schemes.
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Formulation of the Gradient and the Hessian

By definition, the gradient vector and the Heissian matrix in (4.18) are, respectively:

(k] (k] (k7T
VRY = |OBr ORy  ORp | (4.23)
0Xe, 0Xe 09X,
- k k KA
0XZ, 0Xc,0Xe, —— 0Xe,0Xe,
k k k
82R5R] aQR‘ER] N azRB%]
VR = | 0XeXe,  OXE, 0Xc,0Xe, | | (4.24)
k k k
10X, 0Xe, 0X0,0Xe, 0XZ
where "
8RR T k] -1 (9U[k] k] -1
_ , 4.25
o XC,- Xy [ } 0 XCZ- [U } Xb; ( )
2 plk] k k 2171k k k
0X.,0X,, " X, 0Xc, 0Xc,0Xc, 0Xc, 0Xc, ) (4.26)
U]
The partial derivatives of U in (4.25) and (4.26) are
8U[k} 8I‘[k] - k -1 k
— di S R A <
e (i) o ]
" (4.27)
k K]t ii . Orae i
+ X [RY] |97 - diag <—5Xci> RY XQ] ,
9*Ulk) o’riy) i [o®] ™" | 14 orl k1] < (K]
——— =diag| — | +J" |R J77 — dia R X
0X¢,0Xc, S\ oxcoxc, R s\ oxe, R X
_ (K] -1
i _ B [RI] 7 gine [ OFac 3
o |9 xR i (axcj) rY]
[ ok CIEG W [ql] ™
|9 = diag | = ) [RE] X X [RY] (4.28)
0X¢,

([ orll w1t el . o%rlf]
: <d1a,g < 5 X@) [R A} diag 9Xc, — diag —8Xgi 9Xo,

N3] R Ora 117! 1
-_RA] X —ding 55 [RA] 3|

2
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where J% is an n — 1 x n — 1 matrix where the (7,7) element is one and all the rest are zero.

All the above equations for the gradient and the Hessian are generally applicable to any system
of the kind in Figure 4.3. The only thing missing to complete the Newton method computations
at this point is the derivation of r,. and its derivatives, which are dependent on the rectifier.

Here, we show the final equations for the half bridge in Figure 4.2, which is based on (4.1).

We can observe from (4.1) that the equivalent input AC resistance of the half bridge rectifier
is dependent on the corresponding receiver coil current. The input current of each receiver,
however, is set by the combination series tuning capacitances. Since the optimisation scheme
in Figure 4.6 defines the values of the resonant capacitances, the corresponding value of the
equivalent impedance of the rectifier must be computed iteratively until it converges for every
step of the optimisation algorithm. This internal iteration, which is independent of the Newton
iteration denoted with & in the above equations, is performed in the white subroutine blocks

in Figure 4.6, which also involve the computation of the gradient and Hessian.

The input AC resistance of the rectifier and its derivates are

Rl - 2B, AV (4.29)
m 7T - ‘—
ORI v, 9 ‘f
Ofad, ~ _ 4.30
[k,0] [k,(] o |5lk.0]
pplil gy o oot |
i d (4.31)

0X0,0Xc, n‘f“"’” 2 ‘ 7" 1]‘ 0Xc, 0Xe,  0Xc,0Xe, |

where [ denotes the inner iteration index of the subroutines in Figure 4.6. The amplitudes of

secondary coil currents and their derivatives are

\7&’?\ = \/ Re [TL’?]Z +Im [Tﬁ’f)r, (4.32)
0|7 dRe [T, o 0T [T
5“)(01.’ - 7] Re |7, 8T[q] +1m [7)]] amT[ci] , (4.33)
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5 Tifj‘ . [0Re [Tﬂ?] O Re [Tﬂ?] Tm [Tﬁfj] Tm [TL’?] B ‘T,[fj‘ ) ‘ﬂfj
GXCZ.[*)XC]. - ‘TLZ]‘ 8)((;2 8ch + 8Xcz BXCj B 8)(0Z 8ch
N T I T 3y
+Re [T, oXeoXe, T 7] IXc,0Xc,

The real and imaginary parts of the secondary currents required for the above computations

are

0lIm [i[hﬁl] (7] hk]7 1 oulH R [N
TG’Z_ = Il [U[ ’ ]j| 6701 [U[ ’ ]j| Xb ’ , (435)
<[K]
ORe [1 ] _ [REE]] 1
e (4.36)
51Im [i“ﬂ oRM » 3 ‘
[k] IR o W ], 90Xy <[H]
XX oxe, RA] X [i] + X, Ik
2 <R,k
0% Im [1 ] _ [{h] [U[h,kl]_l ( 52U hA] B oUlhK [U[h’k] 1 OUIhA]
OUh:k] _1 9UlhKl -1
_ [h,k] v [h,k] [h,k]
T [0 T 0
, o BN e B o [k] ™
92 Re [1 ] _ 0? [Ra ] M 1 [i[k]] N 0 [Ra ] QXBT] - [i[k]] n X
0Xc,0Xe,  0Xc,0Xe, 0X¢, \0X¢, 4
(K] k]! <[k
9l i . o [RI| ( oxw i ]  u?m i s
X, X, X, 40X,
L (oxtom i) xw ot i) o*1m [i"]
4 [Rgc]] A 4+ 24 + Xf] ’
0Xo, 0Xo, | 0Xe, 0Xg, 0X,0Xc,

where the iteration index h denotes the higher level iteration for evaluating the correct output
power, which is explained in detail in the following subsection. The derivatives of the R;,l in

(4.38) can be easily calculated since they are diagonal matrices.

4.1.4 Complete Design Algorithm with Simulation Example

The link optimisation method introduced in subsection 4.1.3 only works for a predefined primary

coil current. However, the objective in this chapter is to also figure out the Tx coil current that
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provides the required power to the Rx loads. One way to achieve this would be to start with a
rough estimation of the primary coil current and then manually adapt its value, while running

the link optimisation scheme on every change, until we reach the desired outcome.

In this subsection, we propose an automated algorithm that gives as outputs both the values of
the secondary series tuning capacitances and the required primary coil current to achieve the
output power conditions. The high level flow chart of the algorithm is given in Figure 4.7. The
inputs to our method are the number of total coupled coils in the IPT system along with the
corresponding z-parameters, the operating frequency, and the desired minimum output power
and voltage. For the special case of using the half bridge in Figure 4.2 as a HF rectifier, the
output voltage needs to be high enough, so that the equivalent input AC resistance is much
larger than the () factor of the corresponding receiver coil in order to achieve high link efficiency,
according to (4.1). The outputs of the design method are the individual resonant capacitance
values of each receiver and the Tx required coil current to provide the needed total output
power. The design of the rectifier circuits is a prerequisite for the link tuning and the primary
coil current and reflected resistance derived from this method can then be used in the inverter

design algorithm in chapter 2, so that the complete DC/DC IPT system is fully defined.

Z parameters
Number of coils Independent ' Input
Frequency variables { | current
Output power initial value boundaries

Output voltage | Desired Output

power within
limits?

¥
Desired | Input
Input current 0
b ) Output current
Tuning capacitor
power? value

Figure 4.7: Flow process diagram of the main routine that calculates the desired input current
and series tuning capacitors for high efficiency operation of a single Tx - multiple Rx’s IPT
system.

The inputs of the algorithm are used in the "Independent variables initial value" block in
Figure 4.7 where the starting points of the series secondary capacitances and the equivalent
secondary AC resistors are defined by (4.21) and (4.20), respectively. The initial value for the
input current is the equivalent of all the loads at nominal power being individually coupled to

the primary, without any cross-coupling. These initial conditions help reduce the total number
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of iterations and also ensure convergence to the desired results, especially when the number of

receivers is high.

The main function of the flow chart in Figure 4.7 is to calculate the optimal value of the primary
current, through the subroutine "Input current value", whose details are shown in Figure 4.8.
This subroutine uses a bisection method, with initial boundaries defined in the "Input current
boundaries" subroutine. The iterative process terminates either if the output power of each
receiver is close enough to the required value, depending on the acceptable tolerance, or if the

split of the bisection method is too small.

Input Set input current
current at boundaries
boundaries mean

Power level yes
achieved?

High boundary Low boundary Power level Input current
set to current set to current a2 Tuning capacitor

level level

Figure 4.8: Flow process of the “Input current value” iterative method in Figure 4.7. It is a
bisection method that uses the input current boundaries calculated in Figure 4.9.

The details of the process flow of "Input current boundaries" subroutine in Figure 4.7 are given
in Figure 4.9. This part of the algorithm compares the initial point of the primary current
value and multiplies its value by two and by half until the desired power level lies between the
two extremes. The subroutine block "AC power" is explained in Figure 4.6, and is executed

every time the algorithm adjusts the value of the input primary current.

Numerical Example

Here, we present a numerical example of applying the proposed link design method with the
corresponding simulation data for verification. An equivalent version of this example with
reduced power output is implemented as a DC/DC converter, the experimental testing of which
is presented in our work in [70]. The IPT link consists of one Tx coil and four co-planar Rx coils

in the physical configuration shown in Figure 4.10. The distance between the Tx and Rx coils



4.1. Single Transmitter - Multiple Receivers System

181

v

Low input
current

boundary

AC power | {

AC power
higher than
desired?

Half low
input current
boundary

High input

current
boundary

AC power | {

Input current
boundaries

AC power
lower than
desired?

.

Double high
input current
boundary

<

Figure 4.9: Flow process of the “Input current boundaries” subroutine shown in Figure 4.7. This
procedure adjusts the upper and lower boundaries of the input current so that the bisection
method that follows converges to the desired result.

is 25 mm and each shielding sheet is 35 mm away from the corresponding coil. The z-parameter

matrix derived from the finite element field simulation in CST is
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where the sign denotes the relative orientation of the turns of the corresponding coils.

The operating frequency is 13.56 MHz for high link efficiency and the goal DC output voltage

of each receiver is 20V for 20 W of power. Lower voltage with the half bridge topology would
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Figure 4.10: Simulation illustration of the IPT link in CST Studio Suite.

reduce the efficiency of the link, because of the voltage drop on the diodes. The diodes of the
half bridge (RBOSSLAM-60TFTR from ROHM Semiconductor) have a forward voltage drop of

0.7 V. Finally, for we set v = 0.5 in (4.18) to avoid divergence during the numerical calculations.

The inputs and outputs of the link design algorithm are given in Table 4.1, where it is clear
that the objective of the algorithm, i.e. zero reflected reactance to the primary, has been
accomplished. Then, we use the reflected resistance and primary output current values to
design a single ended Class EF, inverter, suitable for the IPT link. The inverter is designed
using the method proposed in chapter 2, with the same properties as the Class EF5 example in
that chapter, adapted for the power level required from the receivers int this application. The
passive component values of the resulted inverter design are shown in Table 4.2, whereas the

device and gate driver remained the same as in chapter 2.

The voltage and current waveforms of the semiconductor devices in the full DC/DC IPT system
example are shown in Figure 4.11. Both the transistor and the diodes are operating withing
their limits, however the switching performance of the diodes is quite poor at this frequency,
because of their high parasitic capacitance. This issue is solved on the practical application in
[70] by swapping the RBOSILAM-20 Si diodes with WBG equivalent ones. The drain voltage
shape of the transistor in the inverter, which is a strong indicator of the reflected impedance of
the primary coil driver [148], is equivalent to the measured drain voltages in [70], which shows
that the loading characteristics of the experimental set up agree with the simulation. Also, the
ZVS and ZVDS conditions are met both in simulation and experiment, which further proves

that the ideal expected primary load is present.
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Table 4.1: Inputs and outputs of the tuning algorithm for the IPT link shown in Figure 4.10.

Quantity Value Unit
fs 13.56 MHz
Z (4.1.4) -
Inputs Py, 20 W
Vie 20 A%
Vy 0.7 A%
Parameters 7 0-5 B
A 1 -
C., 97.4 pF
C., 104.8 pF
C., 101.1 pF
Outputs Cs, 97.5 pF
I 2.93 A
Ry 25.7 0
Xr —4.3 nQ

Table 4.2: Component values of the inverter design used for the IPT link shown in Figure 4.10.

Quantity Value Unit
Vi 188.5 v
L. 72 pH

f 13.56 MHz
D 25.7 %
Cp 13.4 pF
L, 1.607 pH
C’¢ 21.4 pF
C, 330.3 pF

The input current and the output voltage of the rectifiers in our example are shown in Fig-

ure 4.12. The secondary currents are all in phase and with a 90° difference with the primary

coil, which is the condition for zero reflected reactance. This is also confirmed through the cor-

responding measurements in [70]. The output DC voltages of the loads are all around 20V, as

expected from Table 4.2. The small voltage deviation from the desired value in this simulation

example were corrected on the experimental rig by connecting a voltage regulator at the output

of every rectifier.
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Figure 4.11: Voltage (blue) and current (orange) waveforms of the transistor in the Class EFy
inverter (left) and the diodes in the half bridge rectifier (right) of the multiple receiver IPT
system example. Only the diode waveforms of receiver #2, according to the notation in (4.1.4),
are shown here, since the rest of the receivers have similar characteristics due to the link tuning.
The time axes in the two subfigures are not synchronised with regards to phase difference for
clearer presentation.
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Figure 4.12: Secondary coil currents (left) and output voltages of the rectifiers (right) of the
multi-receiver IPT system example.

4.2 Link Estimation

4.2.1 Background

As explained in section 1.4, the optimal operation of any resonant inverter and Class E type
inverters in particular is by definition highly sensitive to reactive load changes and thus accurate
and reliable estimations of primary and secondary coil impedances as well as coupling factors
are crucial. IPT link measurements especially at MHz frequencies are not trivial and contain
inherit errors even with specialised equipment [72]. The presence of magnetic shielding on the

link, which is a fairly typical practice in IPT link designs [149, 150, 151, 152, 153|, complicates
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these impedance measurements even further and as a result optimal tuning of the inverter is
harder to achieve. Moreover, a conductive shielding plane in close vicinity to the coils can
couple capacitively with the IPT link, which further deviates the behaviour of the link from

the simple case of two coupled coils.

Here, we propose an indirect method of estimating the impedances of the IPT link by using
the coil current measurements of the HF converters of the WPT system. The accuracy of our
measurements relies on the assumption that the two converters have been fully characterised and
can be modelled precisely. The ability to match the HF converter models with the experimental
circuits is successfully and consistenlty demonstrated in chapter 2 and chapter 3. This method
can be useful when the initial traditional link measurement methods fail to produce optimally

tuned converters and retuning is required.

4.2.2 Estimation Method

The initial design of the HF converters relies on conventional link measurement techniques. For
example, the coil impedances can be measured using an impedance analyser or a VNA [72],
and the coupling factor can be estimated by incorporating a secondary resonant AC load, an
open-short measurement [20| or using the two step procedure of measuring the voltage ratios
with frequency sweep [19]. If, however, the behaviour of the resulting converters is unexpected

and does not match the simulation, then the link characterisation needs to be re-evaluated.

The first step involves running the primary coil driver completely unloaded and capturing the
corresponding waveforms. Since we are confident in the inverter characterisation, the only
degree of freedom and source of error is the primary coil inductance, given that the () factor
is reasonably high and thus irrelevant to the measurements. In the case of the Class E type
inverters, the primary coil current is highly dependent on the primary coil inductance, for a

given input voltage.

Once the data has been collected, we continue by trying to match the inverter model to the cor-
responding waveform measurements. Specifically, the output current increases as the primary
coil inductance decreases and vice versa. For more robust results, we can gather waveform data
for various values of input voltage and duty cycles and base the primary coil inductance esti-

mation upon the average of the matching of this set of measurements. If the various predicted
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inductance values do not show large deviations, we can be quite confident on the resulting

impedance value.

The next step involves measurements of the full DC/DC IPT system. Our objective now is to
determine the effective coupling factor and secondary coil impedance. As was the case with
the inverter, our technique is based on the assumption that the rectifier is well characterised
and simulated accurately. At this stage, the main waveform measurement of interest is the
secondary coil current. Again, multiple measurements can be taken with various DC loads and

supply voltages, for more data points for the subsequent simulation.

Once the measurement data has been gathered, we simulate the inverter and the rectifier
independently. For the rectifier, we set the secondary coil current and the DC load to the
values of their respective measurement. Using the first harmonic values of the input voltage
and current of the rectifier, we approximate its input impedance. For the inverter, we try to
match the reflected impedance of the simulation to measured input current and output voltage.
The reflected reactance mainly affects the amplitude of the output current and the reflected

resistance sets the input current level of the inverter.

After all of the above computations, we have multiple pairs of primary reflected impedances
along with their corresponding secondary AC loads. It should be noted that the series resonant
secondary capacitor of the experimental setup needs to be added accordingly to the final values
of the secondary AC loads. These two impedances on the two sides of the IPT link are connected
through (1.20), which is a complex equation. Equating the real and imaginary parts of (1.20)
produces a system of two equations, which can be solved to provide the values of the secondary
coil inductance and coupling factor. This procedure can be done for all the measurements of

the various DC loads and taking the mean value of the results at the end.

The exact definition of the system of equations to be solved is

WKGE (Ley) LECY” (R, + RE)

Ry, (E (Ls )) = — . —_ (4.39)
N w2l (R + RE) 4+ (1 - w2l )’
A WkGE (Ly,) LLCY (1 — w?LE,CY)

X (B(Ly,)) : (4.40)

T 20 (R + R+ (1w )

where 7 is the index of the input voltage and j is the index of the DC load. R, is the real part
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of the rectifier impedance and C, is the combination of the rectifier impedance and the tuning
capacitor. The above system is solved separately for every combination of input voltage and
load measurement taken, and the final value of the coupling factor and the secondary coil are
derived by the mean of all the solutions. Since the system is non-linear, it is solved numerically
and the initial values of coupling and secondary coil used for the first tuning of the converters

are used as starting points.

4.2.3 Experimental Example

Description of the IPT System

Here we present an experimental example of the link estimation technique mentioned in the
previous section, where the impedance analyser measurements failed to lead to accurate con-
verter designs. The system runs at 3.39 MHz with coils with physically large dimensions and a
combination of aluminium and ferrite shielding. Photos of the primary and secondary coils are

shown in Figure 4.13 with their details given in Table 4.3.

(a) Primary coil (b) Secondary coil

Figure 4.13: Photos of the primary and secondary coil used in the IPT system example.

This IPT system is designed to charge cars with the primary attached to the bottom frame. The
emulated electromagnetic environment in the lab is shown in Figure 4.14, where the aluminum
sheet on the table represents the bottom of the vehicle. The distance between the two coils is

around 15 cm and the distance of the Tx from the shielding is 2cm. The ferrite plane consists
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Table 4.3: Physical characteristics and dimensions of the coils in Figure 4.13.

Parameter Lg, Ly, Unit
Coil length 74 44 cm
Coil width 74 44 cm
Number of turns 3 3 —
Tube type Round Rectangular —
Tube width 22 12.7 mm

of 6 layers of a 4x4 grid of sheets from WE Electronics (part no: 364003), and lays between the

aluminum sheet and the Rx coil.

The inverter is a Class EF5 parallel push-pull design and the rectifier is a Class DE topology.
The inverter configuration was based on chapter 3 and its design was defined using the algorithm
in chapter 2. The ¢ inductors are a combination of air-core and cored inductors with the 67
material from Fair-Rite. The PCB layout is the same as the example in chapter 3. The rectifier

circuit is the same as in chapter 3, resonating with the receiver coil in Figure 4.13b.

Ferrite Shielding

The benefits of the ferrite shielding over bare aluminum are demonstrated in Figure 4.15. The
measurements of the chart in Figure 4.15 were taken with the Keysight E4990A Impedance
Analyzer from the system shown in Figure 4.16 at 6.78 MHz, with the shielding on the primary
side. The primary coil is the one used as Tx in chapter 3 and the secondary coil is the one used
in chapter 2. The coupling estimation method using a resonant secondary AC load is explained

in subsection 2.4.4 and the open-short method uses the expression

(4.41)

where L. is the measured primary inductance with the Rx shorted and L,. is the measured
primary inductance with the Rx open. The inductance value in Figure 4.15 is the open mea-

surement.

The coupling factor values from the two measurement methods in Figure 4.15 showcase a slight
but consistent difference. In general, the tuned receiver method tends to be more accurate for

lower coupling factors, which is the case in Figure 4.15. In addition, the open-short method
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(a) IPT system

(b) Tx coil with ferrite

Figure 4.14: Photos of the complete IPT system with shielding and detail of the ferrite shielding
of the Tx coil.

relies on very small measurement differences which can be affected by the sensitivity of the
equipment. Hence for the case in Figure 4.15, the resonant secondary method produces more

reliable coupling factor estimations.

The presence of shielding reduces both the coupling factor and the effective inductance of the
coil in close proximity. Also, the conductive sheet introduces parasitic capacitance to the IPT

link, which further complicates its characterisation. The ferrite manages to reduce the negative
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Figure 4.15: Coupling factor and inductance variation with the presence of various types of
magnetic shielding.

Figure 4.16: Photo of the IPT system used for the measurement of the effect of shielding in
Figure 4.15. The primary coil is located on the bottom inside the grey container and the
secondary is between the wheels of the autonomous vehicle, which is placed on top of the
container.
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effect of the shielding to the link efficiency, as shown in Figure 4.15, but does not eliminate it

completely.

Link Simulation and Impedance Measurements

The first step of determining the link properties is by performing a finite element (FEM)
electromagnetic (EM) simulation at CT Studio Suite. The simulation setup, including the two

coupled coils and the shielding, is shown in Figure 4.17. The simulation resulted in 9.12 pH

primary inductance, 5.47 nH secondary inductance, and 13 % coupling factor.

Figure 4.17: Simulation setup with transmitter coil, receiver coil, ferrite sheet shielding and
aluminium sheet of electric vehicle (EV) mimic.

Next, we perform measurements using the impedance analyser. Both low frequency (100’s of
kHz) and high frequency (low MHz around resonance) measurements were performed and the
results are given in Figure 4.18 and Figure 4.19, respectively. The low frequency analytic contin-
uation of the fitted inductor model in Figure 4.19 agrees with the corresponding measurements
in Figure 4.18, which is a sign of consistency in the measurements. Also, the inductor models

match the measured impedances in Figure 4.19.

By comparing the simulation results with the impedance analyser measurements we observe
a significant difference in both inductance values and () factors. The measured effective in-
ductances for both the primary (10.088 pH) and the secondary coil (7.347pH) are over 10 %

larger than the simulated ones, which in terms of inverter design is significant. In addition, the
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(a) Primary coil (b) Secondary coil

Figure 4.18: Low frequency impedance measurements of the IPT link in Figure 4.14a.

resonant, frequency is measured over 1 MHz lower than the simulated prediction and is lower
than the 3" harmonic. As shown in chapter 3, the Class DE rectifier input current contains
mainly distortion from the 3'¢ harmonic, which could possibly further detune the inverter. The
most important discrepancy, however, with simulation is the () factor, since the impedance

measurements for the series coil parasitic resistance gave 4.062 {2 for the primary and 3.022 €).

Circuit Measurements and Link Estimation

For the initial HF converter designs we used the measured inductance values of the two coils
and the simulated coupling factor and @) factors. Measuring the coupling factor in our shielded
setup was not reliable and the measured () factors were too low to be realistic. The behaviour of
the resulted circuits did not match the simulation and the transistors of the inverter were hard
switching. The tuning of the Class DE rectifier is independent of the Rx coil. When simulating
the rectifier with the measured secondary coil current value, the waveforms and outputs match,

which confirms that the rectifier circuit is true to its intended design.

The above mentioned observations are strong indicators that the link characterisation on which
the converter designs were based contains errors. To solve that, we apply the link estimation
method described in the previous subsection, starting by running the inverter unloaded. The
measured waveforms of the unloaded inverter are shown in Figure 4.20, where the voltages are
measured with the Tektronix optical probes and the current is measured with a Rogowksi probe

from Keysight.
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Figure 4.19: High frequency impedance measurements of the IPT link in Figure 4.14a (solid
line in the two left curves). The source of secondary resonance higher frequency resonance is
the coupling of the opposing side of the IPT system since the measurement took place with
the complete system in place, and thus can be ignored. The dashed line is the fitted inductor
model of the measurement device. The dotted line is derived by combining the low frequency
inductance measurements in Figure 4.18 with the resonance frequency point. The curves on
the right are the analytic continuation at low frequencies of the fitted model on the left.

From the power consumption (9 W) of the experiment in Figure 4.20 we can confidently conclude
that the @) factor measurements of the impedance analyser in Figure 4.19 are wrong and the
series resistance of the primary coil is closer to the simulated value, which is an order of
magnitude lower than the measured value. The mean value of the primary coil inductance,
after matching the measurements with simulation for several input voltage levels, is 10.123 pnH
with a standard deviation of 55.1 nH, which agrees the impedance analyser measurements. This
was expected, since the primary coil is too far away from the shielding for its impedance to be

altered meaningfully.

The next step involves measurements with the complete IPT system connected. We perform

measurements with three DC load values at a constant input voltage. The DC measurements
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Figure 4.20: Unloaded detuned inverter waveforms at 30V input voltage. The primary coil
current is in red, the drain voltage is in cyan, and the ¢ branch capacitor voltage is in blue.
The noise on the output current is an artifact of the Rogowski current probe.

are given in Table 4.4, where again the secondary @) factor agrees with the simulated value
rather than the impedance measurements based on the power consumption of the system. The

corresponding waveforms of the of the DC measurements in Table 4.4 are shown in Figure 4.21.

Table 4.4: IPT system measurements for link characterisation at 62V input voltage.

Parameter Value Unit
Ry 80 114 132 Q
Lin 0.53 0.66 0.69 A
Vout 37.6 50.7 55.6 A%
Pout 17.6 22.5 23.4 \Y%

Following the procedure described in the previous section for the measurements of the complete
system results in mean secondary coil inductance and coupling factor of 7.98 pH and 11.5%,
respectively. The deviation on these estimations is 241 nH and 1.1 %, respectively. The percent-
age difference of effective secondary inductance and coupling factor of our estimation method
compared to measurements and simulation is 9% and —11.5%. The simulated, measured and
estimated link characterisation figures are sumed up in Table 4.5 These differences are quite
significant when it comes to tuning the resonant converters, especially for the case of the coil

reactance, and they are the reason why the operation of initial design turned out so detuned.
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(a) 809 (b) 114 (c) 1329

Figure 4.21: Waveforms of the various DC/DC measurements from Table 4.4. The voltage
across one of the diodes on the rectifier is in yellow, the input signal to the gate driver is in
light blue, the primary coil current is in red, the secondary coil current is in green, the voltage
across one of the ¢ capacitors is in blue, and the drain voltage across one of the transistors is
in cyan.

Table 4.5: Link characterisation results from EM simulation, impedance analyser measurements
and the proposed method.

CST E4990A Estimation Unit
Lg, 9.12 10.08 10.12 pH
Ly, 5.47 7.45 7.98 pH
k 13 12.6 11.5 %

4.3 Summary

The first section of this chapter describes an algorithm for calculating the required values of the
secondary resonant capacitors in a one to many resonant IPT link. The exact mathematical
formulation for the case of the current driven half bridge rectifier was derived and a simulation
example that satisfies the maximum power throughput condition while simultaneously elimi-
nating reflected reactance was shown to verify the results of the algorithm. An experimental

application of our algorithm is published in [70].

Once the number of receivers exceeds the simple case of one, combined with the input reactance
of the rectifiers and the cross-coupling effects between individual receivers, tuning the link for
zero reflected reactance to the primary becomes a complex task that cannot be solved with

just trial and error. The definition of our solving algorithm is flexible and can accommodate



196 Chapter 4. Magnetic Link Design and Characterisation

for various operating conditions. Future work will include different inverter topologies in the
algorithm, as well as other operating conditions, such as ensuring specific power level on each

recelver.

The second part of the section illustrates a method of implicit link measurements using the
HF converter waveforms. An example where traditional impedance analyser measurements
and FEM EM simulation failed was presented. Our method managed to correct the initial
measurements by 10 %, which is very important for successful converter designs. Following
the proposed methodology, a test rig can be built, with resilience to hard switching, for the
characterisation of complex IPT link with shielding and magnetic field shaping materials in

close proximity to the coils.



Chapter 5

Active Class E-type Inverter Control

5.1 Background

Unlike the Class D primary drivers, the Class E type inverters are low bandwidth, operating at
a specific frequency, and maintain their optimal operating conditions and soft-switching only
for a specific load [19]. Even the current load-independent Class EF [1] and Class E [154]
inverters, cannot maintain stable secondary outputs with changes in coupling, and are still
negatively affected by reflected reactance. In addition, changing the frequency for example in
a Class E-type inverter for changes in load, as is the case in the bridge inverters, would detune
the circuit and negatively affect performance. A frequency modulation scheme for maintaining
output voltage on a Class E voltage load-independent inverter is presented in [155]. However,
this type of load independence is not ideal for WPT, since it cannot accommodate the unloaded

primary coil operation.

Also, changes in duty cycle in these resonant circuits do not translate in control of output
characteristics as it happens with traditional PWM converters, as explained in chapter 2. The
duty cycle is primarily affecting the ZVS condition [156] and a control scheme of it can be used

to ensure high efficiency operation.

Another way to adjust the behaviour of the inverter in real-time is by using variable energy
storing components. Mechanically variable inductors and capacitors or component arrays [157]

are not suitable HF applications because of their inherently low speed of change and losses

197
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introduced by the relays and switches required. Electrically controlled capacitors such as var-
actors [158] or inductors such as saturable reactors [159, 160, 161, 162, 163| have typically lower
@ factors, SRFs and power handling capabilities and thus reduce efficiency.

Here, we investigate the feasibility of an active control scheme for Class E-type inverters using
various combinations of its electrical signal, i.e. the input voltage, the duty cycle and the
switching frequency. As explained in section 1.3, the inverter typically has a prior power
conversion stage to produce the required supply voltage, so its input voltage can be controlled
by the duty cycle of the power supply. We perform a variety of simulations and experiments to

prove the proposed concept of active control.

5.2 Operation Range of the Passive Inverter

In this section we perform an analysis of the operation of the open-loop Class EF inverter over
various loading conditions. We run a comprehensive simulation using the method in section 2.7,
where the reflected load is modelled as an AC voltage source at the switching frequency in series
with the primary coil, as shown in Figure 5.1. Based on the relevant literature, one of the most
suitable design candidates for HF IPT systems with the best performance on varying load is the
circuit presented in [1], hence the study that follows is based on data from the load-independent

Class EF operation.

erc

—_—a

Vi —— Q C,_—

fs Co —_— V;

Figure 5.1: Class EF inverter circuit diagram with the reflected load modelled as an AC voltage
source V, at the switching frequency fg in series with the primary coil Ly, .
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5.2.1 Analysis of the Load Independent Class EF Inverter

The component values used for the experimental verification of the load independent inverter
design in [1], as stated in the paper, lead to over 120V of hard switching in the drain voltage
and 1 A variation in output current in simulation. These findings can be confirmed from the
simulated waveforms in Figure 5.2. Such high level of hard switching would not be operational
in a real circuit and would result in permanent damage of the GaN device. For this reason, an
optimal tuning of the load independent Class EF circuit is required for fair investigation of its

operational range under varying load.
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Figure 5.2: Drain voltage (blue) and Tx coil current (orange) waveforms of various 150 W
13.56 MHz load independent designs. The left figure is from [1], the center figure results from
the design inputs from [1] but tuned with the algorithm in chapter 2, and the right figure shows
a finite choke load-independent design using the method proposed in subsection 2.5.5. The solid
line is for the unloaded case, the dashed line is for the partly loaded case and the dotted line is
for the ideal load. The drain waveforms of the finite choke are smoother because a gate resistor
is used, whereas the simulations of the two infinite choke cases have no damping resistors in
the gate.

We use the load-independent design inputs, namely the resonant frequency of the ¢p-branch and
the slope of the drain voltage at turn-on, to come up with an optimal Class EF inverter design
using the algorithm proposed in chapter 2. The resulted waveforms of the inverter are shown
in Figure 5.2 and compared with the traditional FO design outcomes. Unlike the simulation
from [1], our version achieves ZVS and manages to maintain it across the entire range of the
reflected resistance. In addition, our proposed alternative version has a much lower deviation
in output current phase and amplitude. The adjustment of component values from [1] from our

design algorithm is =52 % for C,, 25% for L, and —20 % for Cj.
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We also designed a current load-independent inverter with a finite choke, using the method in
section 2.5. Applying the load-independent conditions to a FO analysis would be mathemati-
cally too complex and practically unusable, as explained in chapter 2. With our inverter design
approach however, this process is automated algorithmically, and the resulting waveforms are
shown on the right of Figure 5.2. The input choke inductance value is chosen to be 1puH, 80
times less than the infinite choke version, which could be beneficial for volume constrained
applications. The values of all the components of the corresponding circuits from Figure 5.2

are given in Table 5.1.

Table 5.1: Component values of the infinite and finite load-independent designs in Figure 5.2
using the algorithm in chapter 2.

Parameter Infinite Finite Unit
Vi 98.41 100 A%
Lygc 80 1 nH
fs 13.56 13.56 MHz
D 30 32.3 %
Via 6 5 \Y
R, 0 2 Q

Q GS66504B GS66504B —
Cp 166.56 182.4 pF
Ly 228.825 230 nH
Cy 218.48 217.6 pF
Cs 131.84 126 pF
L, 1.18 1.24 pH
R,r, 6 6 Q

5.2.2 Operation State Mapping

For the next stage of our analysis, we use the optimally tuned finite choke load-independent
Class EF inverter from the previous subsection and simulate it across a large reflected complex
load range. The complex load is modelled as shown in Figure 5.1 with amplitude from 0 to 1.2
of the equivalent effect of the ideal resistive load and phase from 0 to 27t. The ideal load of 6 €2

corresponds to amplitude of 38.6 V with phase of 2.35rad.

Since such analysis involves the computation of many data points, we simulated the device
using the method in section 2.6. This means that the effects of the non-linear capacitances of

the device are included but the stray inductances are omitted. This decreases the time required
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for the computations significantly, but also reduces the accuracy, since resonant ringing effects
are not captured. For this reason, the performance results from the study conducted in this

section are generally better than what would be observed in the real world.

The map of the state of operation of the inverter based on the reflected load is presented in
Figure 5.3. The circuit is defined to operate as an inverter when the Tx produces power and
as a rectifier when the Tx consumes power. The circuit enters the overvoltage operation when
the peak of the drain voltage exceeds 650 V and overcurrent operation when the absolute peak
current on the device exceeds 15A. However, normal operation does not necessarily mean
safe operation, as the device could be hard switching or reverse conducting beyond its power
handling capabilities. As expected, the load-independent Class EF operates as an inverter
without exceeding the device rating at any reflected voltage amplitude as long as the phase
does not deviate much from the ideal. Non-ideal phase loads can be accommodated as long as

their amplitude is very low.
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Figure 5.3: State of operation map for the infinite choke load-independent inverter based on
the reflected load. The left value on the horizontal and vertical axes are the absolute values and
the right ones are the relative ones to the ideal load. The overvoltage and overcurrent states
are based on the limits of the transistor from the datasheet.

Waveform examples of two instances from Figure 5.3 are presented in Figure 5.4. The examples
are selected at the same load amplitude, with specific load phases so that one is in inverting

mode and the other is in rectifying mode. The operation mode can be also confirmed from
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the sign of the input current as well as the shape of the drain voltage, according to the load

estimation technique proposed in [148|.
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Figure 5.4: Drain voltage (blue) and input and output currents (orange) of the Class EF
operation during two instances in Figure 5.3. The inverter operation is at 114 % and the
rectifier is at 193 % of the optimal phase load. Both examples run at 80 % of the optimal load
amplitude.

An important metric indicating efficient operation and even the possibility of failure is the
drain voltage at turn-on, and such information is not shown in Figure 5.3. Ideally, the goal
is to maintain ZVS (and even ZVDS if applicable) conditions in a load range as broad as
possible. The switching voltage condition map for the inverter example in this section is
given in Figure 5.5, where the data points with any amount of noticeable brightness indicate
unacceptable operation. When taking into account the information from Figure 5.5, the safe

operation range of the Figure 5.3 is even further restricted.

Finally, we calculate the input power at all these load combinations and the results are presented
in Figure 5.6. The designed power is only produced in the highly bright area around the ideal
load value. At every other loading condition, the inverter fails to satisfy the required power
condition of 150 W. It must be noted that the presence of a DC/DC regulator at the output of
the rectifier on the Rx side would enlarge the loading range with the required power. However,
the regulator itself has limitations on the range of power conversion, adds complexity, increases
cost, and reduces the overall efficiency of the WPT system. In addition, the reflected reactance
of the rectifier, especially from the non-resonant ones [25|, is heavily dependent on the output
resistance, so the operation of a regulator at the ouput of the rectifier may potentially detune

the inverter. The information from Figure 5.6 reduces even further the useful operation range
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Figure 5.5: Map of the drain voltage at turn-on of the load-independent Class EF inverter
based on the amplitude and phase of the load.

of the inverter in Figure 5.3. This observation further proves the need of an active control

scheme to ensure high efficiency and power delivery at broad loading conditions.

5.2.3 Reflected Load Identification Techniques

When operating at MHz frequencies, the real time measurement of the reflected load, and
especially the primary coil current phase, based on output waveforms is impractical and prone
to errors |164, 165|. For this reason, implicit load characterisation methods based on other
internal waveforms of the HF primary driver are used. The two main approaches of using
the information from these measurements are split into time domain [148,; 166] and frequency
domain estimations [112], measuring the drain and ¢ capacitor voltages, respectively. Even
though the methods proposed in [148] and [112] do manage to produce an accurate estimator
of the reflected load, the characterisation model is trained using machine learning from a large
amount of experimental data points, and no explanation of the underlying physical principle is

provided.

As explained in section 2.4, the DC component of the drain voltage is always the supply voltage,
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Figure 5.6: Map of the input power of the load-independent Class EF inverter based on the
amplitude and phase of the load.

since there is practically almost no real power consumed by the input choke inductor (apart
from its series parasitic resistance). This is also the case for the ¢ capacitor because it is
operating as a DC block at the ¢-branch. From (2.27) we see that the main two harmonic
contents of the drain voltage are at the switching frequency and the ¢-branch resonance. From
(2.32), the main components of the voltage across the ¢-branch capacitor are at the switching

frequency, the ¢-branch resonance and 7,, which is higher than 7, as shown in Figure 6.3.

For the case of the load independent design, the main harmonic contents of the waveforms of
interest, according to the above analysis, are the three lowest ones. The amplitude and phase
of the three main harmonics in the drain and ¢ capacitor voltages are shown in Figure 5.7 and
Figure 5.8, respectivelly. These graphs correspond to the operation of the load-independent
design from Figure 5.1, with the supply voltage turned down to 63V for better quantitative
matching with the results shown in [148] and [112]. The reflected load is transformed to a
complex impedance with the real part ranging to negative values to represent the rectifier

operation and the imaginary part transformed to a range of negative to positive inductance.

Since all the information of Figure 5.7 is included in time domain and used for the reflected

impedance estimation method, theoretically the approach of [148] should be capable of produc-
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Figure 5.7: First three harmonic amplitudes (top) and phases (bottom) of the drain voltage
of the load-independent inverter example across a range of reflected impedance. The phase

discontinuity results from the range being defined from —7t to .
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Figure 5.8: First three harmonic amplitudes (top) and phases (bottom) of the ¢-branch ca-
pacitor voltage of the load-independent inverter example across a range of reflected impedance.

The phase discontinuity results from the range being defined from —7 to 7.
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ing reliable and accurate outcomes. Figure 5.7 proves that there can be a formulation of a high

order function with one-to-one relation between the drain voltage and the load.

On the other hand, the study in [112] states that the amplitude of the second harmonic has a
linear relationship with the phase of the reflected load and is independent of the real load. This
observation cannot be confirmed from Figure 5.8, since the amplitude surface plot of none of
the harmonics is monotonic over the reflected reactance range and the value of the resistance
does affect its behaviour, too. In addition, [112| shows that the input current is only dependent
on the real value of the reflected load. Based on the analysis in [26] as well as (2.54), the above
statement does not agree with theory, since the input resistance of the infinite Class E type
inverter is a function of its DC to AC gain, which heavily depends on the residual reactance
of the output branch. The dependence of the input current (i.e. input power) on reflected
reactance is also clear in Figure 5.6. So the estimator in [112] can be reliable only when the

IPT system is subject to low values of reflected reactance.

Both the drain voltage and the ¢d-branch capacitor voltage are very convenient to measure
since a simple capacitor divider can be connected in series with the main capacitor to scale
down the amplitude. By comparing the harmonics amplitudes of vpg and vg, in Figure 5.7 and
Figure 5.8, the ¢-branch capacitor voltage expresses the same behaviour over a greater range,

so it would provide more accurate measurements and be more sensitive to changes.

Another interesting observation about the behaviour of the ¢-branch capacitor voltage is show-
cased in Figure 5.9. These waveforms are from the Class EFy example developed in chapter 2,
and there are four distinct time points during the period where vc, does not change with
changes in reflected resistance, as long as there is no reflected reactance present. The value of
vc, across the entire range of the reflected impedance is shown in Figure 5.10, where the above

described behaviour is confirmed.

We have already proved in chapter 2 that simulations can be extremely accurate for predicting
experimental waveforms in the Class E type inverter. A carefully developed simulation model
can be the core of a look-up table or a fitting curve used to predict the reflected impedance based
on implicit waveform measurements on the board. The simulation data can combine specific
time domain properties, such as the one shown in Figure 5.9, along with frequency domain
observations, to provide the best possible estimator and eliminate errors. The adjustment of

the parameters can be either with a fixed increment until the operating conditions are satisfied,
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Figure 5.9: Voltage across the ¢-branch of the Class EFy inverter example in chapter 2. The
top waveforms are at various reflected resistance values with zero reflected reactance, and the
bottom ones are at various reflected reactance values with the ideal load resistance.

or a variable step dependent on the distance from optimal operation.

5.3 Control Scheme Concept

In the previous section, the limitations of the open-loop operation of the Class EF inverter have
been demonstrated, and various possible ways of on-board measurements for load identification
have been proposed. In this section we present examples from both simulations and experiments
that prove the concept of the control scheme on Class E type resonant converters for output

power regulation while maintaining high efficiency at various reflected impedance values.

The control variables in our examples are the duty cycle, the input voltage, and the switching
frequency. The duty cycle has minimal effect on the output characteristics, especially for
the case of the Class EF topology. Changing the duty cycle mainly affects the ZVS and ZVDS
conditions, which translates to high drain efficiency. Primarily, hard switching must be avoided,

but reverse conduction is also less efficient that normal on-state operation.
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Figure 5.10: Voltage level at the critical time points in Figure 5.9 across the whole reflected
impedance range. The area between the designated lines corresponds to 10% positive and
negative deviation from the exact value of the critical time point.

The supply voltage controls the output current, for a given load profile. However, depending
on the ratio of output capacitance of the transistor (combined with the reverse external diode if
present) to the remaining external shunt capacitance, the supply voltage can have a substantial
effect on the soft-switching conditions. This effect becomes more prevalent as the switching
frequency rises. Supply voltage lower than the nominal value leads to hard switching and supply

voltage higher than nominal results in reverse conduction, when the load is ideal.

Altering the switching frequency effectively changes the residual reactance of the output branch.
Secondarily, it also affects the shunt and ¢-branch (if applicable) impedance, which in turn
modifies the soft-switching characteristics. Since the operation of the Class E type circuits is
very sensitive to reactance changes in the output branch, frequency modulation can be used
to control the output power of the inverter while remaining within the ISM band limits, which

can be beneficial for HF IPT systems to remain within EMI regulations.
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For all the above reasons, a control scheme involving the electrical signals present in a Class E
type inverter has the potential to maintain power across a broad range of coupling while at
the same time maintaining ZVS and close to ZVDS conditions, and maximising efficiency. A
load-independent design is not necessary when such control scheme is applied, and a Class EF5
design with soft current switching can be used instead, providing higher efficiency with lower

EMIL

5.3.1 Simulation Examples

In the demonstration examples that follow the adjustment of each cycle of the control variables
is carried out hierarchically, with the frequency being the first to be altered, the input voltage
following and the duty cycle last. This choice of operation was based on the sensitivity of the
inverter to each signal and its overall corresponding effect. The control cycles continue in this

manner until all operating conditions are met (mainly output power and soft switching).

Input Voltage - Duty Cycle Control

In this example we use the Class EFy inverter design used in chapter 2. The resistive reflected
load varies from critically low coupling (33 % of optimal load) to fully loaded and the reactive
part ranged from zero to 10 % of the primary coil reactance in the form of capacitive loading.
In this specific case we only adjust the input voltage and the duty cycle of the transistor, as
there are applications where the switching frequency is fixed. We modulate the input power

and while maintaining ZVS.

The drain voltage waveform as well as the input power level at various reflected impedance
values across the range for the Class EF,y, before and after the adjustment, are shown in
Figure 5.11 and Figure 5.12, respectively. The change in the duty cycle after the adjustment
can be seen from the shift of the turn-off point in Figure 5.11. The change of the input voltage
is directly connected to the peak of the drain voltage, as its DC component is set by the supply.

Reverse conduction in our study can reach up to almost 20% of the period, as shown in
Figure 5.11, which would be detrimental to the the drain efficiency as the transistor operates

with a higher ON resistance for a quite substantial amount of time. In addition, there are some
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Figure 5.11: Drain voltage waveforms of the Class EF5 inverter before and after the input volt-
age and duty cycle adjustment across a range of reflected impedance values. The p parameters
represent the fraction of the corresponding reflected load compared to the nominal value.
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Figure 5.12: Input power of the Class EF5 inverter before and after the input voltage and duty
cycle adjustment across a range of reflected impedance values. The grey plane represent the
nominal power level operation.

cases of hard switching. The input power in Figure 5.12 can swing from half to over three times
the expected value, if left unregulated. In all of the instances in Figure 5.11 and Figure 5.12, the

adaptation of the input voltage and duty cycle control leads to ZVS and operation at nominal
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power.

Isolated Power Supply

Here we demonstrate the operation of the full control scheme (V;,, D, fs) in an isolated power
supply. The galvanic isolation is provided by two coupled air core coils in close proximity, as for
example in the case of a PCB core-less transformer [138, 10]. The primary side is driven with
an Class EF inverter and the rectifier at the secondary is a full-bridge current driven Class D.
The rectified mains, after the input EMI filtering, is stepped down by a buck converter, which
can also operate as a PFC stage [167|, in a system block configuration as shown in Figure 1.4.
The output DC voltage of the charger is regulated from the primary side, and as a result no

final voltage regulation power stage is required.

The circuit diagram of a full-bridge current driven rectifier along with the secondary coil and
load is shown in Figure 5.13. It is designed to deliver 100V at 180 W at nominal operation,
according to the equations in [25], and the value of the series resonant capacitance was tuned
to absorb the parasitic reactance caused by the C3D06060A Schottky diodes from Wolfspeed.
The Class D topology was chosen for this application because of its simplicity and high power
density, since no inductors are involved in the design. The high operating frequency (13.56 MHz)

also helps keeping the size of the charger small.

Iy
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Figure 5.13: Full-bridge Class D current driver rectifier at the Rx side of an IPT system.

The next step is to design the IPT link along with the inverter. A primary coil of 1pH
was chosen to keep the loaded quality factor of the output branch of the inverter reasonably
high. The secondary coil was chosen at a quarter of the primary inductance, to reduce the

reflected load while also minimise the size on the PCB. The primary driver is a Class EFy
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single ended inverter, to achieve the highest possible input voltage at the minimal power level.
This reduces the range required for the buck converter before the inverter, which simplifies
the overall operation and feedback control of the DC/DC converter. The component values of
the HF IPT part of the power supply unit example are given in Table 5.2 and the switching
voltages and link current waveforms are shown in Figure 5.14. The current on the IPT link
are no longer sinusoidal due to the high loaded primary @) factor. This however is not an issue
in this particular application, since the whole charger is going to be shielded. Also, it must be
mentioned that such non-sinusoidal output current inverter designs are possible because of the
tuning method proposed in chapter 2.

Table 5.2: Component values of the HF IPT part of the charger example.

Parameter Value Unit
Vin 234 A%

fs 13.56 MHz
D 24.8 %
Loge 72 pH
Cp 39.4 pF
Ly 910 nH
C¢ 38 pF
Cs, 380 pF
Vi 5 v

G LMG1020 —

Q GS66504B —
Rlow 19
Rpigh 0 Q
Lg, 1 pH
L, 250 nH
k 70 %
Cs, 496 pF
D, C3D06060A —
Ry 62 Q

The results of the mixed signal simulation in Cadence of the charger across a range of output
loads is shown in Figure 5.15. The buck converter can run at a much lower frequency compared
to the IPT inverter. This property, combined with the 50 Hz input mains signal and DC
output severely slows down the simulation speed. For this reason, the values of the stabilising
capacitors wherever necessary have been reduced, hence the relatively large ripple of the DC
signals in Figure 5.15. The load varies from nominal (maximum power) to practically open and

the system manages to keep the output voltage stable, while maintaining soft switching.
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Figure 5.14: Waveforms at nominal load of the drain voltage, primary coil current, secondary
coil current and voltage cross a diode of the rectifier in the power supply simulation.

Figure 5.15: Mixed signal simulation of the isolated air-core power supply. The top waveform is
the input voltage to the inverter, the yellow waveform underneath is the output voltage of the
rectifier, the blue and yellow waveforms at the third row from the top are the gate and drain
voltages respectively. The top state signal is the switching condition, the next underneath is
the relaxation stage of the switching, then is the inverter duty cycle, and last is the inverter
switching frequency. The PWM signals are driving the buck transistor and underneath are the
buck inductor current in green and choke current on the inverter in yellow. The blue signal
second to last at the bottom is the output power, and at the bottom is the resistance of the
load.

The points where the algorithm changes the inverter frequency and duty cycle as well as the
buck converter duty cycle can be spotted by the changes in the corresponding signals. In this
simulation example the output voltage is fed back to the buck converter in the form of a PWM
signal that regulates its duty cycle. The feedback from the output to input can be performed
through a high speed optocoupler, like the TLP2767 from Toshiba, to retain complete galvanic
isolation. A note for the feedback loop is that in reality the load changes are much slower

compared to any switching frequency on the charger, which absorbs the effects of propagation
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delays in the feedback circuitry.

The switching condition of the inverter is determined by comparing its duty cycle with the drain
voltage. Since there is an inherent time delay between the gate signal and the drain waveform,
due to the propagation delay of the gate driver and the switching delays of the transistor at
this frequency, we transform the information of the duty cycles into DC voltage levels, before
carrying out the comparison. The circuit diagram of the above analog comparison method is
shown in Figure 5.16. The comparator on the top left acts as a buffer for the gate signal and
the bottom one extracts the actual turn-on time of the transistor, including potential reverse
conduction. Hard switching is also detected because of the non trivial transition time in this HF
operation. The PWM outputs of the two comparators are filtered and passed to a subtractor,
to get the switching information in DC. The values of the potential dividers are calibrated to
match the required voltage reference at optimal operation. The duty cycle and frequency are

then produced by the AD9833 programmable waveform generator.

Via
= —_ Cupr, Ry, dd
R, —V/
= +
RLPF2 Rd4

Figure 5.16: Analog measurement technique of the switching condition of a Class E type
inverter. The supply voltage V; comes from the output of a linear regulator to minimise noise.
The instance of the drain voltage v},¢ is measured across a capacitor divider in series with
Cp, and vg is the input signal to the gate driver. The output DC reference containing the
information of the switching condition is the signal Vi. The compactors on the left are the
LTC6752 and the subtractor on the right is based on the AD8067.
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5.3.2 Experimental Verification

In this subsection we present experimental verification of the concept of two versions of power
and efficiency control in an IPT DC/DC system for coupling factor variation. The first example
modulates the input voltage and the second the switching frequency to maintain constant
output power. The soft switching conditions in both instances are maintained through duty
cycle adjustments. The two examples incorporate different inverter and rectifier topologies to

demonstrate the robustness of the proposed control approach.

Input Voltage - Duty Cycle Control

In this setup we use the Class EFy inverter design discussed in chapter 2 as the primary coil
driver and a hybrid push-pull Class E rectifier, shown in Figure 5.17, according to the design
guidelines in [21|. The nominal input voltage of the inverter is adjusted to 100V in order to
accommodate the equivalent load reflected by the rectifier, and the output power is set to 40 W

to a 13.46 Q2 DC load at nominal coupling .

Cljsll Lr fei RL
| | 0000 AVAVAVan
[ Cpl :: Dl
L52 C11res N 3
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—C, \/D
Csz 1 P - L2 CO
rfca
I | |
| |

|

| |
Figure 5.17: Circuit diagram of a hybrid Class E rectifier. The diode model used is the
C3D10065 from Cree.

A photo of the DC/DC IPT experimental bench setup is shown if Figure 5.18 and the corre-
sponding waveforms at nominal operation are displayed in Figure 5.19. There is substantial
instability in the operation of the rectifier, based on the behaviour of the voltage across the
diode, which is primarily caused because of mismatch between the two custom cored output
inductors, since the hybrid Class E design uses finite chokes. However, this effect does not
propagate neither to the operation of the inverter, not to the output load. The inverter is

operating at both ZVS and ZVDS and the ouptut voltage on the load is stable.
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Figure 5.18: Experimental setup of the IPT DC/DC system for demonstration of the inverter
input voltage and duty cycle control. The two dark blue PCB’s are the coupled coils, the
board at the frond is the inverter running from mains (left) through a capacitor divider and a
rectifier (strip-board at front), the board at the back is the rectifier, and the load consists if
the rheostats at the right.

At nominal conditions, the two coils have a gap of 8.4 cm and no misalignment, and the most
extreme separation at our example is at 10.1 cm separation and 3.5 cm misalignment. The two
instances of coil placements are shown in Figure 5.20. If the inverter is left to operate passively,
the case of extreme misalignment causes a 45.6 % drop in output power for the same DC load
and the overall efficiency drops by 9% due to primarily decrease in link efficiency but also

suboptimal drain switching conditions.

The measurements before and after the input voltage and duty cycle adjustment with the link
and low coupling are shown in Figure 5.21. Without any adjustment on the inverter, the output
voltage, and in turn the output power, on the load is below the required value and the transistor
is reverse conducting, reducing overall efficiency. After the adjustment of the input voltage and

duty cycle the output power as well as ZVS are restored.

The control variables (V,, D) as well as the regulated quantities (P, 7) at nominal operation

and the extreme low case of coupling, are shown in Figure 5.22, both for the passive and active
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Figure 5.19: Measured waveforms at nominal operation of the setup in Figure 5.18. From top
to bottom, in yellow is the primary coil current, in cyan is the switching signal, in red is the
drain waveform, in green is the output current, in orange is the voltage across one of the diodes
of the rectifier, and in purple is the output voltage. The two measurements of the "Math"
functions are the output power ("Meas 6") and load resistance ("Meas 7").

(a) Nominal coupling (b) Low coupling

Figure 5.20: Photos of the IPT link in Figure 5.18 at maximum coupling (left) and maximum
misalignment (right). The low coupling configuration has 20.2 % larger gap distance compared
to nominal value, and 33.3 % misalignment relative to the coil outer radius.

inverter operation. The seemingly low overall DC/DC efficiency increase (1 %) of the system
after adjustment is because the majority of the losses are attributed to the link, as shown in
Figure 2.26. Consequently, all of the efficiency increase is mainly directed to the inverter, and
specifically the transistor. This 1% system efficiency increase is translated to quite substantial

gain in drain efficiency, which in turn results in meaningfully lower temperature on the device.
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(a) Passive operation (b) Adjusted operation

Figure 5.21: Gate signal (cyan) and drain voltage (red) of the inverter in Figure 5.18 at low
coupling during open-loop, unadjusted operation (left), and readjusted operation (right). The
measurement on the right of the screenshots are inline with the description in Figure 5.19.
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Link coupling and control stage

Figure 5.22: Progression of the control variables and regulated quantities of the IPT system
in Figure 5.18 at nominal operation, low coupling without regulation, and low coupling with
active control.

Switching Frequency - Duty Cycle Control

In this subsection we demonstrate an experimental example of a DC/DC IPT system with
output voltage and efficiency regulation by controlling the duty cycle and switching frequency
of the primary side. The primary driver is a push-pull Class E running at 6.78 MHz and the
secondary is a series tuned Class D full-wave voltage doubler based on the Cockroft-Walton

voltage multiplier [20, 168, 169]. The circuit diagrams of the primary and secondary are shown
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in Figure 5.23.
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(a) Class E push-pull inverter (b) Full-bridge doubler rectifier

Figure 5.23: Circuit diagrams of the inverter and rectifier topologies used for the experimental
test of the switching frequency and duty cycle control.

Photos of the experimental setup are shown in Figure 5.24. The gate and drain waveforms of
the inverter at nominal load are shown at the oscilloscope on Figure 5.24a, where both ZVS
and ZVDS conditions are met. The supply voltage is kept constant at 50V, the duty cycle is
29 %, and the nominal output voltage is 70V at 80 % DC/DC efficiency. The two gate signals
of the inverter are produced through the Siglent SDG6022X waveform generator, as shown in
Figure 5.24b.

After the tuning of the system, lateral misalignment was introduced to the link until the
voltage drop on the fixed load became the equivalent of around 20 % of power loss, where the
efficiency dropped to 74.8 % with the transistors at reverse conduction. Manually, decreasing
the switching frequency to 6.61 MHz with a duty cycle of 38 %, without changes in the supply
voltage, restored ZVS conditions to the Tx driver and the output voltage to nominal value,

while increasing the overall efficiency to 76.9 %.
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(a) Nominal load (b) Misaligned load

Figure 5.24: Photos of the experimental setup of the frequency and duty cycle control at
nominal operation (left) and with link misalignment and power adjustment (right).

5.4 Summary

In this chapter we investigated the limitations of the Class E type inverters for IPT applications
under various reflected impedance combinations. Specifically, a load-independent Class EF
inverter was designed and the robustness of the soft switching conditions and output power
were examined, the results of which strongly supported the benefits of an active primary control
scheme. Various possible methods of load identification from the primary side with implicit

measurements were proposed, both in time and frequency domain.

Then, four examples of control scheme applications were presented, two in simulation and two
based on experiment. Output power regulation while maintaining soft switching was the goal,
with the only degrees of freedom being the electrical signals on the inverter. It was successfully
demonstrated that the operation of the inverter can be drastically improved with the presence
of active adjustment compared to open-loop operation, with the main focus on the behaviour

at the extremes of load and coupling values.
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Class ¢ Gate Driver

6.1 Background

The optimal operation of all the inverter topologies discussed in section 1.4 relies on the prereq-
uisite that the required gate signal profile is provided to the power transistors [28]. However,
as switching frequency and output power increases, driving these power devices successfully
becomes a nontrivial task, i.e. charging and discharging the input capacitance of a power
transistor in short time intervals while maintaining high switching and conduction efficiency

[170].

As with the inverters in section 1.4, the most typical used gate driver circuits are Class D type
[171] and Class E type [172]. The Class D types are the most popular because of their simplicity
[173| but come with the drawbacks of hard-switching and high-side driving, as explained in
subsection 1.4.2, whereas Class E type have the drawback of complex tuning and low tolerances.
In this chapter we propose a generalised design method for Class ¢ resonant gate drivers. The
Class @ circuit, although more complicated than the Class E, offers more optimal gate voltage
shaping properties and more degrees of freedom for tuning [174]. The Class E type gate drivers
offer the advantage of only using a single low side transistor, reduced switching losses and soft

waveform transitions.

The design method presented here is inspired by the work in [175] for Class ® resonant gate

drivers. A brief description of the design process for a Class ® gate driver is also mentioned in

221
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[10], without however providing any meaningful practical insights. There are several limitations
in the analysis of [175], starting by the FO approximation used to the mathematical formulation
of the circuit behaviour. As we have established in chapter 2, FO analysis generally results in
poor accuracy in Class ® converters. Our approach uses SS representation combined with full
analytic expressions. Also, we provide solutions for any duty cycle, whereas [175] is limited to
50 % only. Finally, the overall design algorithmic steps in [175] are not well defined and a bit

abstract, which we also improve with our version.

6.2 Circuit Analysis

The circuit diagram of a Class ® gate driver is shown in Figure 6.1. The difference between
the Class ® inverter in chapter 2 and the equivalent gate driver topology in this chapter is that
the series resonant output branch of the inverter is missing in the gate driver circuit and the
shunt capacitance of the gate driver corresponds to the capacitive load. The shunt capacitor
simulates the equivalent input capacitance of the power device (). The frequency of the input
signal of the gate driver is the same as the switching frequency of the power device and the

duty cycle of S is the reciprocal of that of Q).

Q
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Figure 6.1: Circuit diagram of a Class ¢ gate driver supplied by V44, driving the gate of the
power device (). The overall input capacitance of () is modelled as C;4s, which represents the
capacitive load of the gate driver.

The circuit analysis of Figure 6.1 is carried out by assuming that S is an ideal switch, i.e.

is = 0 during 08 < 0 < 0oy and ve,,, = 0 when Oon+ < 0 < Ogpp. This condition also means

188
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that the discharge of U4 is instantaneous, so zero current flows through the shunt capacitor
during turn-on. We must clarify that in this chapter whenever switching timing or transistor
signals are mentioned, they are referring to the switching device of the gate driver S and not
the power transistor (), unless explicitly stated otherwise. Consequently, to this convention,
05pr = 0, Oopp = 27, and Oox = 27D, where Dy is the duty cycle of Q. In addition the
input capacitance of the power device ) is regarded ideal and constant, independent of the
drain voltage. However, we solve the full state space equations for the analysis of the circuit,

without any first order approximations applied.

6.2.1 State Equations during Turn-on

Applying KVL to the input branch during turn-on results in the differential equation

di®N (6
oLy MOy, (6.1)
whose normalised solution is
i (6)
% =60+ A, (6.2)

where A; is boundary dependent constant and

Vad

A= .
WLin

(6.3)

Combining KVL and KCL in the ¢-branch during turn-on produces the ¢-branch inductor

current state equation

P 0) _ jox ), (6.4)

_W2LTCT d02 = ZLT

whose normalised solution is given by the relation

iz, (9)

= Ay cos (1,.0) + A sin (1,.0) , (6.5)

where A, 3 are boundary parameters and

Ty = —— (6.6)
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Applying (6.5) to

dz'gi\I (0)

vel (0) = —w T (6.7)
gives
vl (0) __(n 217;}3?] (0) (6.8)
Via .) do X .
where
C”is’s
k=— :
c (6.9)
1
- 6.10
" w Linciss ( )
;ON 0
%er )\( ) = 7, [Az cos (1,.0) — Ay sin (7,.0)] . (6.11)

6.2.2 State Equations during Turn-off

Solving the circuit in Figure 6.1 using KVL and KCL so that the ¢-branch inductor current

is the only independent state variable during turn-off produces the following 4" differential

equation:
Vaa = gLin iser b Lm Lr o b
dd w C 463 +w ( + + Cr > a6

(6.12)

1 ’ -OFF
+ UJOr /GoFF ZLr (9) 4 i o (QOFF) '

The Laplace transformation of ¢z, from (6.12) is a rational function whose denominator is a

fourth degree polynomial

D(s)=as*+ (b+ac)s* +¢, (6.13)
where

a = LiyCls, (6.14)

L
b=""4+1 6.15
er + ) ( )

1

c= (6.16)
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The discriminant of (6.13) with respect to s? is
Ay = (b+d)” —4d, (6.17)
where
d = ac. (6.18)

By definition, b > 1 from (6.15) and d > 0 from (6.18), since the inductances and capacitances
are always positive. As a result, (6.17) is always positive, with its minimum limit at b = 1,
as shown in Figure 6.2. Consequently, (6.13) has four purely imaginary roots and thus the

analytic expression of the inverse Laplace transform of (6.12) turns out to be

e = > [<A4 + %) cos (1;0) + % (‘j—f + A7> sin (Ti@} : (6.19)

i

where A, 567 are again boundary dependent parameters and

i) o] G o e

nty
Ty = ——. (6.21)
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Figure 6.2: Surface plot of (6.17) (left) and line curve of (6.17) at b =1 (right).

The rest of the normalised state variables equations can be directly derived from (6.19) and are
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given below:

:OFF Iz ;OFF 0 2 'OFF 0
—7“3( ) (1+k) —L“ @ kg jeg TA( 3 (6.22)
T
OFF ()FF 3 ,OFF
vt (0) k a3 aptt (0)

Vi de B Cr2des N

where

d ZOFF 22: K— +A7> cos (:6) — (riA4 N A?j) sin (Tie):| , (6.25)

=1
d2 OFF (6 2 ) A6 ’ -
a2 ; [ 7 Ay + As) cos (1,0) + (Tz + 7‘,%17) sin (7'10)1 , (6.26)
di ZOFF 2
a6 Z (17 A4+ Aj) sin (1,0) — (As + 77 A7) cos (1:0)] . (6.27)

=1

6.2.3 Boundary Conditions

After deriving the exact analytic expressions of the state variables of the resonant gate driver
in Figure 6.1 in subsection 6.2.1 and subsection 6.2.2 during the two states of the transistor,
we need to set the boundary continuation conditions for calculating the parameters Ao 7.
These conditions rise from the fact that there cannot be abrupt changes and discontinuities
in inductor currents and capacitor voltages during the transitions of the transistor conduction
state. The only exception to this rule is the voltage across the input capacitance of the power
device () which acts as a shunt capacitor to the S of the gate driver. Since the transistor is
modelled as an ideal short during turn-on, it can theoretically support infinite discharge current

which corresponds in discontinuity in the voltage of Cg,, unless ZVS conditions are applied.

Setting the boundary continuation conditions of the state signals at turn-off and turn-on pro-

duces the following linear system of equation:
a=B"c, (6.28)

where

T
a= A A Ay A A5 A A (6.29)
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6.3 Gate Driver Design

In order to create a design process we first need to map all the parameters of the state equations
in section 6.2 to the inputs and constraint conditions of our method. Then, the component
values of Figure 6.1 can be directly computed by the state equation parameters. This pro-
cedure is not straight forward, and the robustness of the design method relies heavily on the

mathematical formulation of this inverse problem.

The main design parameters used as inputs to our tuning algorithm of the Class ® gate driver
are dictated by the requirements of the power stage circuit, namely the switching frequency
(fg), the duty cycle of Q) (D), and the effective equivalent input capacitance of @ (Ciss). The
duty cycle of the gate driver is related to the duty cycle of the power transistor through the
relation

Ds=1-Dg. (6.32)

Furthermore, we decide to use the supply voltage V4, as a design input of choice, since it may
convenient to set it to a value that already exists on the PCB and thus minimise the number

of different power supplies needed.

The switching frequency sets the value of w and the duty cycle sets the turn-on angle. The
supply voltage sets the power level, and turns all the normalised state equations to their absolute
versions. From this point, the remaining unknowns of the circuit are the values of four passive
energy storing components. Since the input capacitance of the power device is provided as an
input parameter, we have to define three more constraint conditions in order to calculate the

remaining components.

Given that the gate driver is a voltage driven Class E type inverter with shunt capacitance, an
unavoidable and straight-forward design condition is ZVS, otherwise high efficiency operation
will not be achieved. This condition is mathematically defined from (6.24) as follows:

OFF
Vs
Vaa

d ip," () ko d* i, (0)
0 N |, T2d X ’

0=0ox

_ (1 + k) (6.33)

where VOE is the required value of the drain voltage at turn-on. For ZVS, VIE should be set

to zero, but our method allows for circuit designs at any value of v¢,, . (fon).
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From (6.24) we can notice that the harmonic content of the gate voltage of the power transistor
has two components, i.e. 7 and 7o, normalised to the switching frequency. From this obser-
vation, we decide to form the remaining two design conditions based on the frequency domain
of the gate signal. As explained in [176], the gate signal best approximating a square wave for
the circuit in Figure 6.1 is a Class ®, gate driver that includes the first and third harmonic at

zero phase, along with a DC component.

In Figure 6.3 we plot the normalised surface of 7, and 7 with respect to b and d, where we
can observe that 75 > 7 for any combination of (b, d). The same conclusion can be made by
analysing (6.20) and then applying the conclusions to (6.21). Hence, in order to obtain a square
gate voltage signal we need to set (6.20) to represent the first harmonic and (6.21) the third.

However, our method still works for any combination of (71, 7).

Figure 6.3: Surface plots of normalised (6.20) (bottom) and (6.21) (top) with respect to (6.15)
and (6.18).

Since (6.13) is a quadratic equation with respect to s* and (6.13) is positive, there is a special
relation for the sum and the product of its roots. The product relation is given by (6.21), and

the sum is the following:

1
Ty =047 (1 + E) . (6.34)

These two equations form the final two condition needed for solving the inverse problem of
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designing a Class ® gate driver.

As mentioned previously, the best approximation of a square voltage gate signal using a Class ®
gate driver is achieved with the ¢-branch resonating at the second harmonic and ideally the
remaining first and third harmonic contents of the output being in phase. However, in prac-
tice, this requirement may be too strict to produce a real circuit solution, and therefore we
introduce relaxation parameters to the definitions of the harmonic content of the gate voltage.

Mathematically, for a Class @5 gate driver this condition is set by

"= 350 (6.35)
Ty = 3raT1, (6.36)

where 7, 9 are the relaxation parameters set as inputs to the design method.

6.4 Numerical Example

6.4.1 Power Stage

To demonstrate the Class ® gate driver design method that we propose in this chapter, we use
it to drive the gate of the C3M0032120J1 SiC MOSFET from Wolfspeed, which is a 1.2kV,
68 A device with quite high input capacitance. The power transistor is part of a single ended
6 kW, 1 MHz Class EF inverter, which was designed using the algorithm proposed in chapter 2.
The operating frequency is limited by the switching capabilities of the power transistor, which
combined with the high gate charge of the power device would generally favour a Class D gate
driver. An experimental demonstration of higher frequency operation using Class @, gate driver

is demonstrated in [176].

The full circuit diagram of the single ended Class EF5 inverter is shown in Figure 6.4 and the
corresponding component values are given in Table 6.1. The design conditions of the power
stage were such that the maximum power throughput is achieved, however we do not provide
all the details of the inverter since it is merely used as a test bench to evaluate the performance
of the gate driver. As explained, @) is a SiC transistor and needs to be connected to an anti-

parallel diode, for safe reverse conducting operation. The diode of choice, based on the current
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stresses is the 1.2kV, 26 A C4D20120A SiC Schottky diode from Wolfspeed. The duty cycle is

also defined by the power circuit design, which in our case is 30 % and G, is the gate driver of

0.
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Figure 6.4: Circuit diagram of the Class EF inverter power stage used as the test bench for
evaluating the performance of the gate drivers.

Table 6.1: Component values of the test bench in Figure 6.4.

Parameter Value Unit
Vi 468 A%

fs 1 MHz
D 30 %
Lygc 100 pH
Cp 5.08 nF
Ly 5.075 pH
Cy 1.248 nF
Cs 8.074 nF
L, ) nH
Ryp, 7.5 Q

Q C3MO0032120J1 -
Dq C4D20120A —

The drain voltage and current waveforms of () from both the Class ¢, and half bridge gate

drivers are presented in Figure 6.5, simulated in LTspice. The Fourier contents of the waveforms

in the top of Figure 6.5 are presented in Figure 6.6. The details of these two figures are further

discussed in subsection 6.4.4.
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Figure 6.5: The top graph shows the waveforms of the drain voltage (blue) and drain current
(orange) of the power device ) in Figure 6.4 for the Class @, (solid line) and Class D (dashed
line) gate drivers. At the bottom, the total instantaneous power of the power transistor is
displayed, in blue for the Class ®5 and orange for the and Class D gate driver.

6.4.2 Class ® Gate Driver

As mentioned in subsection 6.3, the switching frequency and the duty cycle of the gate driver
are predefined by the power stage requirements. We choose to use GalN transistors as the
switching elements of the gate driver examples in this chapter, because of their high switching
speeds and low conduction losses. The gate driver chip for the transistors of the gate driver
circuits is the LMG1020, whose supply voltage limit is 5 V. We want a single supply source for

the entirety of the Class ® gate driver, hence V43 =5 V.

Although the datasheet of () does provide a value for C, it is only valid for the corresponding
value of drain voltage stated. In order to compute a better approximation for the effective total
load capacitance of Figure 6.1, without relying on complicated non-linear simulations, we need
to accommodate for the Miller effect of both the Cs of @) as well as the Css of S. According
to [175], the effective overall shunt capacitance that should be used for designing the Class ®

gate driver is

VY Vs
Ciss = O + L5002 4 C5 (LS> , (6.37)
VS, 2

where the superscripts refer to the corresponding transistor and the values of the voltages are

the maximum values of the corresponding waveforms. The first two terms of (6.37) simulate



6.4. Numerical Example 233

V(n002) V(n021)

(a) Drain voltage (V)

Ix(U1:D) Ix(_UT:D)

------------------------------------------------------------------------

_____________________

(b) Drain current (A)

Figure 6.6: Fourier transform in [V] of the drain voltage (top) and drain current (bottom) of
the waveforms in Figure 6.5. The Class ®; gate driver is represented in green and the Class D
in blue colour.

the Miller effects of the power transistor and the third term approximates the effective value
of the output capacitance of S with the capacitance of C\4 at half the maximum of its drain

voltage.

The solution of the system of design equations (6.21), (6.33), and (6.34) is calculated using the
trust-region-dogleg algorithm described in [64, 65]. In order to achieve optimal conversion of
the solving algorithm, we slightly increase the value of ry in (6.36) from that of the optimal
Class @5 operation. The full circuit diagram of the Class &5 example is shown in Figure 6.7

and the corresponding component values are listed in Table 6.2.

The progression of value of the cost function of the design algorithm along the 14 iterations

required for convergence is shown in Figure 6.8. The waveforms of the resulting circuit driving
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Figure 6.7: Circuit diagram of the Class ®5 example.

a constant gate capacitance with an ideal switch S are shown in Figure 6.9. From the shape of
ve,,, we can confirm that the ZVS condition, the optimum harmonic content, and the desirted
peak value have been achieved. The peak values of ig lead to the choice of the GS66502B
transistor in Table 6.2. Another important observation from the shape of the waveform of i
in Figure 6.9 is that it deviates significantly from a pure 2"¢ harmonic, which showcases the

limitations of the FO analysis used in [175, 176].

First-order Optimality: 1.9487e-10

4000

3500F ¢ ¢

w

o

o

o
T

2500

2000

First-order optimality

—_

o

o

o
T

500 ¢

Iteration

Figure 6.8: Convergence progression of the optimisation cost function with respect to algorithm
iterations.

As mentioned in section 6.2, none of the non-linear parasitic effects of .S and () are included in
the design calculations, making the waveforms in Figure 6.9 not exactly indicative of the real
circuit operation. For this reason, we also run an LTspice simulation of the circuits in Figure 6.4
and Figure 6.7 combined, using the component values of Table 6.1 and Table 6.2 along with
the full models of all the semiconductor devices and chips. The resulting gate waveforms of )

and drain waveforms of S are given in Figure 6.10.
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Table 6.2: Inputs, outputs and component selection of the Class @5 gate driver example in

Figure 6.7.
Quantity Value Unit
fs 1 MHz.
Dq 30 %
e, 3.424 nF
Inputs from power stage
Cce, 11 pF
Vs 1 kV
Ve 20 \%
Vi 5 A%
1 1 —
Inputs for gate driver T 1.3 —
VELEE \Y%
s, (V5s/2) 110 pF
Lin 262 nH
. L, 378 nH
Design outputs
C, 13.5 nF
PL;, -8 %
. S GS66502B —
Component selection
Gg LMG1020 —

Several observations can be made by comparing the ideal waveforms of Figure 6.9 with the
corresponding ones from the LTspice simulation in Figure 6.10. First of all, as noted in Table 6.2,
a manual reduction of 8% to the value of L;, was performed to acquire the behaviour in
Figure!6.10. In practice, by adjusting the value of L;,, we control the phase of the two harmonics
in v, ,, and the goal is to achieve even peaks by minimising the phase difference of the harmonic

content in the gate voltage.

Another point worth noting is that ZVS was not achieved in Figure 6.10. However, the hard
switching occurs at very low voltage which results in very little discharge current in the device,
which has minimum negative effect in the overall efficiency. The main source of losses on S

occur from the ripple of the drain voltage during turn-on, which is an artifact of the relatively

high ROS of GS66502B.

6.4.3 Half Bridge Gate Driver

In order to evaluate quantitatively the performance and the general characteristics of the

Class @5 gate driver example we design a typical half bridge gate driver for the same power



236 Chapter 6. Class ® Gate Driver

6 5
4
2
< =< =
5" = E
2
-4
6 5
0 0.2 0.4 0.6 0.8 1 0 0.2 0.4 0.6 0.8 1
15 8
6
20 |
4
15 0.5 2
= < =
2 2 0 <
o 5} -
L 10 _ )
05 )
-4
5 -1
6
0 -1.5 . . . . -8
0 0.2 0.4 0.6 0.8 1 0 0.2 0.4 0.6 0.8 1

027 [

Figure 6.9: Waveforms of the Class 5 example in Table 6.2 using an ideal transistor and load
capacitance.

application for comparison. The circuit diagram of the Class D gate driver example is given
in Figure 6.11 and the corresponding drain waveforms of the power device driven with this

configuration are shown in Figure 6.5.

Based on the current stresses of the two switches in Figure 6.11, the transistor of choice is
the GS66504B from GaN Systems. The gate driver for these is again the LMG1020 from
TI. Since the GS66504B is an n-channel HEMT and the LMG1020 is a low side driver, we
connected the high side in bootstrap configuration. The bootstrap diode is the B520C from
Diodes Incorporated, C, = 10nF, and R, = 1£2. The supply of the LMG1020 is 5V and the
supply of the half bridge is 20 V for consistency with the Class ®, design. A 10 ns dead-time on
both transistors was applied to avoid shoot-through and gate resistors R, , = 1) were used for
smooth switching. Finally a gate resistor of 22 to the output of the half bridge was connected

to minimise the overshoot of the gate voltage of the power device.

The various key waveforms from Ltspice simulation of the Class D gate driver in Figure 6.11 are
given in Figure 6.12, where it can be confirmed that a 20V 30 % duty cycle gate voltage to the
power device was achieved. In addition, the current stresses on the devices of the half bridge
are within their limits, under the condition that the PCB layout will not introduce significant

trace inductances.
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Figure 6.10: Waveforms of the gate voltage and gate current of power device, as well as drain
voltage and drain current of the Class ®, transistor. The drain voltage of the Class ®5 gate
driver transistor is the gate voltage of the power stage.

6.4.4 Performance Comparison of the Two Gate Drivers

In this part of the chapter we present a thorough comparison of various performance metrics of
the Class ®, and half-bridge gate driver examples described above. The goal of this analysis is
to evaluate the potential benefits and drawbacks of the proposed Class @ design method as an
alternative to a typical gate driving solution, such as the Class D circuit. A summary of both
the qualitative and quantitative concepts compared in this subsection is presented in Table 6.3,
with the details of the evaluation of each metric and further analysis of the results provided in

the following text.

Power Device Performance

The most important quality of a gate driver is the efficiency of the power device and specifically
the switching and conduction efficiency. From Figure 6.5 there is no visible difference in the
shape of the drain voltage of the C3M0032120J1 transistor between the two drivers. However,
that is not the case for the drain current, where the the Class @, gate driver introduces more
ripple at turn-on and the Class D circuit causes high frequency oscillation at turn-off. Overall,
the mean power the power device consumed, i.e. the integral over one period of the bottom

graph in Figure 6.5, is the same for both gate drivers, which shows that there is no significant
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Figure 6.11: Circuit diagram of the half-bridge gate driver example.

performance difference for the power stage between the two circuits. This result can seem a bit
counter-intuitive at first glance, since the gate voltage of the Class D gate driver (Figure 6.12)
approximates the shape of an ideal voltage source much closer than its Class ®, counterpart

(Figure 6.10).

The power on the C3M0032120J1 is calculated around 44 W, where any difference between
the two examples being so little that it is indistinguishable from discretisation error during
simulation and numerical integration. It should be mentioned at this point that according to the
datasheet of C3M0032120J1, 44 W of power dissipation is well within the device’s capabilities
until 125°C.

Even though the mean power dissipated on the C3M0032120J1 transistor is practically the same
for the two gate drivers, the behaviour of the instantaneous power is very different between
the two instances. According to the bottom of Figure 6.5, the peak power of the Class @, is
28 % lower than that of the half-bridge gate driver. In addition, the half-bridge produces a very
high frequency ripple during turn-off, which combined with PCB layout parasitics can increase
losses and introduce additional electromagnetic interference (EMI) issues to the power circuit,
especially for non soft-switching topologies. This high frequency component difference between

the two topologies is also prevalent in Figure 6.6 at frequencies between 70 MHz and 200 MHz.
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Figure 6.12: Waveforms of the power device gate input voltage and current (top), and gate and
drain voltages (middle) and drain currents (bottom) of the half-bridge gate driver.

However, there is no difference in the overall THD with reference to the switching frequency

between the drain waveforms of the two gate drivers (Table 6.3).

Gate Driver Performance

By design, the Class D gate driver will always have a substantial benefit over the Class ®
when it comes to the gate voltage waveform shape, as can be observed from Figure 6.10 and
Figure 6.12. In our examples, however, this drawback did not translate in increase in power
dissipated in the power device for the Class ® gate driver compared to the Class D, as shown
in Table 6.3. The Class ® example has an overshoot on the gate voltage of over 1volt, which
cannot be suppressed with external gate resistors, as is the case with the half bridge. This

overshoot in our example is within the limits of the C3M0032120J1 power transistor.

The Class @ topology also inherently suffers from the requirement of a complex design proce-
dure, since it is a resonant analog circuit. This issue is only present during the development
of the design process. Once the design algorithm is defined and transferred to computer code,
the component values for a given application are calculated automatically. On the other hand,
the Class D topology requires a lot of manual re-tuning and iterative trial and error until the

circuit is optimised (e.g. gate resistances, dead time, etc.), whereas the manual intervention



240 Chapter 6. Class ® Gate Driver

Table 6.3: Comparison of various performance metrics between the Class @, and half bridge

gate driver examples.

Quantity Unit Class @9 Half bridge d %]

Prican W 43.9 43.6 0.69

Prax kW 0.896 1.24 —28

Power THD % 23 22.92 0.35
Transistor vbs

THD,, % 82.3 82.07 0.28

fdrain parasitics MHz 20 to 40 70 to 200 —80

vag overshoot % 1.45 8 451

Number of S +# 1 2 —50

Number of passives # 3 6 —50

Number of supplies # 1 2 —50

Gate THD;, % 34.6 426 —-91.9

Driver jmax A 6.86 1031 | —335

1g™ A 8.37 12.24 —31.6

Py W 26.3 207 —87.3

pgen w 1.92* 0.265%* 624

piotal W 2.511* 1.431 75

Design process - Complex Simple -

Manual tuning - Minimal Substantial -

PCB layout - Simple Complex -

Switching signal - Simple Complex -

Practical Decoupling / Input Filter - Simple Complex -

Considerations | Active D control - No Yes -

EMI - Low High -

High-side switching - No Yes -

Transistor current rating - Low High -

Main transistor losses - Conduction Switching -

*Assuming the GS66504B is used.
“*Losses on both transistors combined.

needed for our proposed Class ¢ design method is minimal.

Another important difference between the two gate driver designs is the switching signal com-
plexity. The Class ® has a single clock, whereas the Class D requires two complementary
clocks, one of which drives a high side device, with the addition of a carefully chosen dead-time
to avoid shoot-through. The additional high side transistor of the half-bridge topology also
further complicates the gate drive circuitry needed. Also, the half-bridge most probably will
require two different levels of supply voltage, one for the transistors and one for the gate driver,
which is something that can be avoided through design choices in the Class ® topology. Both

of these issues typically introduce additional complexity to the PCB layout and increase the
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component count of the half-bridge. On the other hand, the duty cycle for the Class ® is fixed
because it is based on the resonance of the circuit, whereas in the case of the Class D topology,

the duty cycle is controlled by the input clock.

One aspect worth mentioning is the supply decoupling and input filtering required in a practical
implementation of the two gate driver examples. This aspect can be qualitatively evaluated
by the current waveform of the input inductor in Figure 6.9 for the Class ®, and the drain
current of the top transistor in Figure 6.12 of the Class D gate driver. Both the harmonic
content Figure 6.13 and the the maximum amplitude of the input current of the half-bridge are
significantly larger than those of the Class ®,, which in turn corresponds to the requirement
of a more complex supply decoupling solution in the Class D compared to the Class ® gate
driver. The exact numerical values of these differences are shown in Table 6.3. In general, the
hard switching Class D topology by default is prone to causing more EMI issues to the overall

circuitry compared to the soft-switching resonant Class ®.

Ix(U9:D)

Figure 6.13: Fourier analysis of the input current in [A] of the Class @, (green) and the Class D
(blue) gate driver.

The transistor used for the Class ®, design (GS66502B) has half the current rating of the
ones used in the Class D (GS66504B), and the reason is the peak value of the drain current
waveforms in Figure 6.10 and Figure 6.12. The exact numerical values of these points are again
given in Table 6.3. The instantaneous power over a period at the transistors in the two gate
drivers is shown in Figure 6.14, where we can deduct that the main source of losses on the
Class D originates from the switching whereas at the Class ® is because of conduction. Since
switching losses typically scale up with frequency and conduction losses are mostly dependent
on power level, this is another strong indicator that Class ® gate drivers are more suitable for
high frequency applications, whereas Class D would be more efficient for lower frequency, high

power operation. is Hence, for a fair comparison, we adjust the transistor losses of the Class ®
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to the RYY of the GS66504B, since its ON resistance is half of that of the GS66502B. However,
the overall losses on both transistors in the Class D topology are still by far lower compared to
the Class ®5, as shown in Table 6.3, even though the peak instantaneous power is higher for

the Class D according to Figure 6.14.
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Figure 6.14: Instantaneous power over time on the transistors of the Class D gate driver (top
transistor is in blue and bottom transistor is in orange) and the transistor of the Class @, gate
driver (yellow).

Finally, we calculate and compare the total power consumption of the two gate driver examples
where we also provide a breakdown of the losses of individual components. The power losses of
the Class D gate driver are directly derived from the LTspice simulation data. For the Class ®,
example we approximate the current of L;, with a first order harmonic and the current of L,
with a second order harmonic, the amplitudes of which are the peak values of the corresponding
waveforms in Figure 6.9. We assume the () factors of both inductors in the Class @5 to be 200,
which is reasonable for these frequencies [27|. The formula for the power approximation of

those inductors is
- ﬂ[%fLL

Qr
where I is the peak current, f; is the harmonic, and @), is the quality factor of the inductor

L.

P (6.38)

The results for the total power losses are presented in Table 6.3 and in Figure 6.15 in a more de-
tailed breakdown. The high gate charge requirement of the C3M0032120J1 transistor combined
with the relatively low switching frequency favour the Class D over the Class ® topology when
it comes to gate driver efficiency. However, driving a similar power transistor in a resonant

converter at this frequency range with an off-the-shelf gate driver chip consumed over 20 W,
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according to [120].
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Figure 6.15: Breakdown of the total losses distribution in the two gate driver examples in

Table 6.3.

6.5 Summary

In this chapter we first present a comprehensive SS mathematical analysis of a Class ® gate
driver, and derive analytic expressions for the circuit waveforms. Based on this formulation,
we propose a complete and well defined design method for calculating the component values
of the resonant gate driver. We apply our gate design method to drive a 6 kW, 1 MHz single
ended Class E inverter with a GaN based Class ®, gate driver. As a benchmark comparison,

we also design a traditional half-bridge gate driver for the same application.

Our thorough comparative investigation of the performance of the two gate driver examples
leads to the key results summed up in Table 6.3. The Class D gate driver outperformed its
resonant counterpart in efficiency, since the switching frequency was not high enough for the
switching losses to become a limiting factor, and gate voltage shaping capabilities, which is
by design a strong point for half-bridge topologies. However, the difference in gate driver
efficiency has trivial effect on the overall efficiency of the power stage and the efficiency of the

power transistor showed no difference.

On the other hand, the Class ®, gate driver has inherently better EMI, because of the soft
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switching, which leads to simpler layout, easier circuit debugging during testing, and reduced
filtering requirements. Also, has fewer discrete components and only low side switching, which
further simplifies the circuit layout. In our example, through the design freedom that our
algorithm provides, we manage to only use a single voltage supply for the entire gate drive
circuit. In addition, the Class ® gate driver requires lower device power rating, compared to

the Class D, which further increases the potential for high frequency operation.

However, there is still room for improvement in our design method. The analysis of this
chapter provides an SS level of accuracy. But, as shown in chapter 2, the full non-linear device
model needs to be taken into account to completely eliminate the need for manual retuning,
especially as the operating frequency increases. Once the non-linear design method is defined
and optimised, an experimental test rig can be set up for the evaluation of the performance

and practical limitations of the resonant gate driver.
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Conclusion

7.1 Overview and Main Findings

The main contribution of this thesis is the design method for Class EF and Class @ inverters,
presented in chapter 2. This design method also serves are the basis for the content of the rest of
the chapters. The proposed design algorithm is made of four distinct parts, that are standalone.
The first part is based on FO analysis, which already has been thoroughly investigated in the
literature, where we incorporate incremental improvements and investigate the sources of error.
The other three parts of the design algorithm are novel and each one contributes in further
improvement with regards to accuracy. Two Class EF inverter examples at 13.56 MHz 50 W
are developed, where the experimental setup approaches the theoretical efficiency of 97 %,
whilst maintaining all of the other design requirements. The algorithm changes the values of
the components over 5%-50% and improves the simulated waveform accuracy by 2—-12 times

compared with the design method based on first-order approximations.

In chapter 3 several methods for scaling up the output power of GaN based HF-IPT systems are
discussed. A parallel configuration for resonant inverters is proposed based on both single ended
and push-pull individual topologies. Next, the benefits and drawbacks of having a differential
shunt capacitor in push-pull Class E inverters are investigated on real transistor models and
load variation conditions. In addition, a split capacitor semi-resonance connection for push-
pull inverters is introduced, to further reduce the component current stresses in high power

applications. Also, the practical design of a novel common infinite choke push pull Class DE

245
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inverter is presented and compared to the traditional Class E and Class DE counterparts.
Two experimental setups at 3.39 MHz 3kW were developed and tested: a push-pull Class EF5
DC/AC, and a parallel push-pull Class E inverter with a full bridge Class DE rectifier DC/DC
IPT system. The DC/DC system exhibits maximum efficiency of 95 % at full load.

A one-to-many resonant IPT link design method is introduced in chapter 4. The algorithm is
based on a half-bridge Class D current driven rectifier and the objective conditions are max-
imisation of power throughput with zero reflected reactance to the primary, while maintaining
as balanced outputs as possible. The algorithm is verified through simulation results in this
work and is applied to the experimental setup in [70|. Also, in the same chapter, an indirect
link characterisation method is introduced, for use when the measurement equipment fails to
produce accurate results. The method is based on accurate characterisation of HF converters,
which has been established in chapter 2. The application of the method is successfully shown
in a parallel push pull Class EF5 inverter and a Class DE current driven rectifier on electrically

large coils in the presence of magnetic shielding.

In chapter 5 the limitations of the open-loop operation of Class E type inverters are studied and
the possibility of adjusting to both resistive and reactive load variations is investigated. Several
implicit on-board indicators that translate to load changes are identified, and power modulation
by controlling the input voltage, frequency and duty cycle while maximising efficiency is pro-
posed. Various examples, both simulated and experimental are shown that prove the concept

of active real time inverter adjustment to load and magnetic environment variations.

A Class @ resonant gate driver design method is proposed in chapter 6. Our design method
has state space accuracy with analytic equations, and a fully defined algorithm and detailed
breakdown of the methodology are provided. A Class @, gate driver is developed and compared
to a half-bridge gate driver, on a high power SiC based Class EFy inverter. The Class @, gate
driver has slightly higher power consumption than the half bridge, but exhibits significant
superiority in EMI, and is easier to implement by only requiring a single low side transistor

and a single universal power supply for the entirety of the driver circuitry.
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7.2 Publications

Journal Publication as Lead Author

I. Nikiforidis, J. M. Arteaga, C. H. Kwan, N. Pucci, D. C. Yates and P. D. Mitcheson, "Gen-
eralized Multistage Modeling and Tuning Algorithm for Class EF and Class @ Inverters to
Eliminate Iterative Retuning," in IEEE Transactions on Power Electronics, vol. 37, no. 10,
pp. 12877-12900, Oct. 2022, doi: 10.1109/TPEL.2022.3176391. This work is listed as reference
[113].

Conference Publication as Lead Author

I. Nikiforidis, J. M. Arteaga, C. H. Kwan, D. C. Yates and P. D. Mitcheson, "Design and Mod-
elling of Class EF Inverters for Wireless Power Transfer Applications," 2019 19th International
Conference on Micro and Nanotechnology for Power Generation and Energy Conversion Ap-
plications (PowerMEMS), 2019, pp. 1-4, doi: 10.1109/PowerMEMS49317.2019.61547406204.

This work is listed as reference [61].

I. Nikiforidis, C. H. Kwan, D. C. Yates, K. Bampouras, J. Gawith, N. Pucci and P. D. Mitch-
eson, "A 3 kW 3.39 MHz DC/DC Inductive Power Transfer System with Power Combining
Converters," 2023 IEEE Wireless Power Technologies Conference and Expo (WPTCE), 2023.

This work has been accepted for publication.

Conference Publication as Co-author

J. M. Arteaga et al., "Design of a One-to-Four Isolated DC-DC Converter Using a 13.56 MHz
Resonant Air-Core Transformer," 2021 IEEE Applied Power Electronics Conference and Ez-
position (APEC), 2021, pp. 2580-2585, doi: 10.1109/APEC42165.2021.9487409. This work is

listed as reference [70].
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7.3 Future Work

Now that the complete design method for Class EF/® inverters has been defined in detail in
chapter 2, the next step would be to conduct a thorough parametric comparative analysis for
the effect of various values of the input parameters. The results of such study could be used
to structure optimal design guidelines based on specific demands of individual applications.
Furthermore, this design methodology can be adjusted and applied to other kinds of Class E

type inverters and rectifiers.

The current stage of the design process for the common infinite choke push-pull Class DE
topology introduced in section 3.4 is very primitive and relies on manual adjustment starting
from a traditional Class DE inverter. The design method should be refined and automated,
in-line with the procedures used in chapter 2, so that the behaviour of the resulting converter
is controlled according to the input parameters. In addition, the experimental testing of the
parallel push-pull inverter topology should be conducted to the limits of the components using
better PCB layouts. Also, the possibility of parallel and series transistors for current and

voltage splitting can be tried and refined for high frequency operation.

The one-to-many link design can be generalised to many-to-many and the operating conditions,
as well as the rectifier topologies can be further enriched from the case presented in this work.
In addition, the dynamic behaviour of such a complex link can be studied for more robust link

designs.

In this work, the active inverter adjustment experiments applied manual re-tuning, since the ob-
jective was to prove the concept of the control algorithm. Future work can introduce automated

on board control and more testing under different conditions.

The design method of the Class @ gate driver proposed has state space accuracy. An important
improvement to the current design algorithm would be the incorporation of non-linearities, as
shown in chapter 2. Also, our current work lacks experimental verification. Furthermore, the
introduction of more resonant branches can be investigated, in order to achieve more control

over the shape the gate voltage.
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