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Abstract

Many existing wireless power transfer (WPT) systems are designed for a free-space

environment with efficiency maximisation as the primary objective. However, in the

presence of living objects, the design of such systems needs to consider modifications to

the magnetic link and field distributions due to the interaction between the system and

biological tissue. Parameters that maximise link efficiency in air should be changed to

regain optimal system operation. Furthermore, additional design constraints are required

to minimise adverse health effects and meet safety requirements.

Firstly, this thesis presents an overview of the design of WPT systems in air, us-

ing link efficiency-led principles in conjunction with high-frequency soft-switching power

electronics. This is followed by a summary of safety considerations applicable to WPT

systems, and a simulation study to evaluate the compliance of a wirelessly-powered drone

demonstrator to safety limits.

Wireless power for high-power implantable medical devices is then studied. A general

link efficiency expression is derived for arbitrary tuning capacitance and receiver load.

A coil model is devised, incorporating a frequency- and tissue type-dependent series

resistance for losses due to a magnetic field. Varying frequency, number of coil turns,

tuning method and receiver load can lead to improved link efficiency, lower tissue heating

and reduced temperature rises.

Whilst WPT for high-power implantable medical devices is feasible only over short

distances, the range can be extended for low-power medical implants and wearable de-

vices. The development of a position-insensitive long-range WPT system is reported,

in which an ultra-low power open-loop flyback impedance emulator maintains maximum

power transfer, and transmitter power modulation using wireless feedback prevents re-

ceiver damage when moving close to the transmitter. For such systems, a method of

detecting living objects in a coil’s near field is found to be possible, which could be used

in foreign object detection for safety purposes.
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Chapter 1

Introduction

The aim of the PhD project is to investigate the design methods for a wireless power

transfer (WPT) system in the presence of living objects. The implementation of WPT

systems in free-space or air has been well documented in a number of sources, in which

the main design objective is to maximise link efficiency [1, 2, 3]. However, in the presence

of living objects, designing a WPT system requires a consideration of the interaction be-

tween the system and biological tissue, which can affect the magnetic link and modify the

field distributions. In contrast to air or vacuum, biological tissue is electrically conduc-

tive, which enables the high frequency magnetic fields used by WPT systems to generate

eddy currents inside the tissue. Consequently, parameters that maximised link efficiency

in air need to be changed to regain optimal system operation. In addition, additional

design constraints need to be imposed on a system, in order to minimise adverse thermal

(energy absorption in biological tissue) and non-thermal (stimulation of nervous system)

health effects and meet safety requirements.

These design methods are especially necessary for designing WPT systems with a

power receiver coil located inside the body of a patient, in order to deliver power to

an implantable medical device. The feasibility of such a transcutaneous energy transfer

system for supplying energy to a mechanical circulatory support device such as a LVAD

is the main focus of this thesis. The objectives are then to analyse, design and simulate

a WPT system for LVADs. The work contributes towards enabling the wireless powering
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of the medical devices inside the body with a power transmitter external to the patient.

A significant issue with existing heart pumps (including both LVADs and total arti-

ficial hearts) is that the physical drive-line used to power the device punctures the skin,

potentially leaving it exposed to infection and contamination. In addition, due to the

presence of an open wound, the patient’s mobility is severely restricted. The research

into wireless power delivery for high-power medical implants will improve the lives of pa-

tients who need to have an artificial organ or a medical implant fitted. Inductive power

transfer (IPT) through the skin can significantly decrease the risk of infection, if such a

system can be small enough to be implanted into the body and still operate reliably and

safely. Another advantage of incorporating this technology into medical implants is that

the patients would be able to experience a greater freedom to move around.

Table 1.1 shows the typical power consumption of various implantable medical de-

vices [4, 5, 6, 7]. Whilst wireless power delivery for high-power implantable medical

devices (> 5W) is feasible only over short distances (a few cm), low-power implants

(< 100mW) can be powered wirelessly over greater distances (0.5m to 6m). Therefore,

this thesis also reports the development of a long-range IPT system for remotely power-

ing a network of sensors (e.g. situated within a room) reliably as the distance between

the transmitter and the receiver varies. Such a system can also be used to charge the

batteries of or supply power to small low-power medical implants inside a patient or to

wearable devices on the clothing worn by a person. Due to the low power and energy

requirements of these types of devices (in contrast to an LVAD), the range of power

transfer can be extended to beyond a coil diameter that is typical of mid-range higher

power applications. This is because the operation of such a system can still be feasible

despite a significant reduction in link efficiency at large distances.

Device Power
Pacemaker and ICDs 10µW to 1mW
Retinal prosthesis 45mW

Left ventricular assist device 5W to 25W

Table 1.1: Typical power consumption of various implantable medical devices

In addition, for long-range IPT systems, the coil’s near field region could be used to
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detect living objects, which could be used in foreign object detection for safety purposes.

This method, which uses high-frequency magnetic fields, will also be of great use in emer-

gency and disaster response scenarios, in which an accurate means of locating trapped

persons underneath collapsed buildings following an earthquake or explosion are desired.

The use of this new approach together with convention methods can speed up the process

of identifying the location of human beings, which means that more lives can potentially

be saved whenever disasters occur.

1.1 Background

1.1.1 Inductive power transfer for low-power medical implants

There are many examples of inductive links being used in various types of low-power

implanted devices. In [8], a 5-turn 3.5 cm diameter PCB coil was used as a receiver for

an inductive link designed for implantable medical devices. It operated over a range

of 1.5 cm, using a frequency of 10MHz. Data was also sent via the same link using

binary phase-shift keyring (BPSK) modulation, at a data rate of 1.12Mbps. The receiver

electronics consumed 610 µW.

In [9], an implantable stimulator-telemeter for the control of paralysed muscles was

developed, which used a frequency of 6.78MHz to transfer up to 120mW of power over a

distance of 2.5 cm. Data was transferred over the same link using the load shift keyring-

circuit configuration modulation technique.

In [10], a intravascular blood pressure sensor utilised a 27MHz inductive link to

transfer both power (2mW received power with a 5 cm single loop) and data (1 kBd)

over a distance of 9 cm. The data modulation employed was pulse-position-modulated

amplitude modulation (AM).

Visual neuroprosthesis can also benefit from wireless power and data transfer using an

inductive link. An example is given in [11], which describes a cortex simulation system.

The sensor consumed 50mW of power and the range of transfer was 1 cm to 2 cm. The

forward link carried both power and data; it had a data rate of 1Mbps with frequency-
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shift keyring (FSK) modulation and used a frequency of 10.333MHz. The reverse link

used differential binary phase-shift keyring (DBPSK) modulation with a data rate of

156.25 kbps and a carrier frequency of 5MHz. The receiver consisted of a Litz wire planar

coil, with a 3 cm diameter neodymium magnet inside the coil. The overall efficiency was

28%.

A retinal prosthesis system has been developed in [12], which consisted of an intraocu-

lar unit that receives both power and data from the extraocular unit. It used a frequency

of between 1MHz and 10MHz to deliver 5mW of power and data at a rate of 25 kbps

to 250 kbps. The same link was used for power and the data received by the intraocu-

luar unit. The data was sent using pulse width modulation and amplitude-shift keyring

(ASK).

Inductive links have also been used in neural recording systems, as illustrated in [13].

The receiver in their system consisted of 120 turns, and had a diameter of 4.7mm and a

height of 2.5mm. The electronics in the receiver side consumed 90mW. The operating

frequency was 2MHz and the link range was 5mm. The data modulation scheme used

was AM and the data was encoded using a pulse-width modulation technique with a

resulting data rate of 125 kbps.

A millimetre-sized neural recording tag uses a 1mm3 implantable loop antenna at

400MHz to transfer up to 90mW over a distance of up to 30mm. The authors per-

formed simulations to determined whether limits on tissue heating (specific absorption

rate (SAR)) have been met by the transmit antenna.

In [14], an implanted microsystem for neural stimulation and recording operating at

a carrier frequency of 4MHz had a receiver power of up to 3.6mW and a data transfer

rate of 60 kbps with the use of ASK. The distance between the transmitter and receiver

was 8mm.

From these examples, it can be observed that many of the systems had both power

and data transferred over the same magnetic link. Reverse telemetry was also employed

to allow bidirectional data communication, and many systems used load modulation

techniques to achieve this. However, these implanted devices had low received power,
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and power was transferred over short distances of up to a few centimetres. Also, most of

the research focused on reducing the power consumption of the implant electronics (such

as the sensors and data processing circuitry).

The approach that this thesis will take is significantly different to those in the afore-

mentioned examples. Instead of focussing on minimising the power consumption of the

implant electronics, the design goal of the research work is to maximise the link efficiency

of the system. This can be done by optimising the magnetic link such as selecting the

optimal frequency and coil geometry to achieve the maximum coil Q factors and coupling

factor for a certain distance and constraints on coil dimensions. For a short-range system

designed to supply power to an LVAD with a power consumption of up to 15W, the

desired range is 2 cm, the maximum dimension of the implanted receiver coil is 5 cm, and

the maximum dimension of the transmitter coil is 10 cm. In general, larger coils lead to

higher coupling and link efficiencies. However, the coils also have to be designed with

patient comfort in mind, so there are restrictions on their size. There are also additional

design constraints to ensure that the WPT system is safe. After optimising the coils and

magnetic link, the end-to-end efficiency can then be maximised by designing and imple-

menting power electronics that are able to operate efficiently and reliably at the chosen

frequency.

1.1.2 Coil optimisation and system design

In order to improve the link efficiency of a WPT system with an implanted receiver, it

is essential that the receiver coil is optimised in order to maximise the Q factor. There-

fore, accurate models of coils in the human body are required in order to predict the

performance of the resulting system. In addition, the main constraint on the receiver coil

geometry is usually the outer dimension as the coil is intended to be implanted under the

skin or deeper inside the body.

Optimising printed spiral coils was demonstrated in [15], where an iterative design

procedure was followed to obtain values of the fill factor and trace width of both the

transmitter coil and the receiver coil, and of the size of the transmitter coil, in order to
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maximise the link efficiency. The modelling, simulation and measurement of the coils

were performed in air at frequencies of 1MHz and 5MHz and did not take into account

human body effects.

In [16], the processes of modelling and optimisation of printed spiral coils for a 1 cm×

1 cm implant were undertaken in the presence of a muscle tissue environment. Power

was transferred over a distance of 1 cm and at a frequency of 13.56MHz. In addition to

the design process described in their earlier work [15], the thickness of the biocompatible

coating (ceramic, parylene or medical-grade silicone) was also optimised. The revised

coil model contains an additional parasitic capacitance to account for the high relative

permittivity of the tissue material, and a parallel resistance due to dielectric losses in the

tissue. However, there is no series resistance representing the eddy current losses in the

tissue due to the magnetic field.

In [17], it was observed that the Q factor of an implanted receiver coil tended to

decrease with the number of turns due to losses in the biological tissue; hence, the link

efficiency of the overall system would be maximised with a receiver coil having few turns.

The analysis and optimisation process for a 4-coil system for biomedical implants is

given in [18]. The coils were made from several layers of multi-stranded Litz wire, instead

of being printed on a printed circuit board (PCB). The design parameters included the

number of strands of Litz wire in a bunch and the number of turns per layer. The

authors also studied the variation of Q factor and link efficiency with frequency and

distance. Their receiver consisted of a 22mm implanted coil, which was used in their

prototype system, operating at 700 kHz with an efficiency of greater than 80% over a

range of 10mm to 20mm.

Expressions for the maximum power transfer efficiency of a near-field coupled power-

transfer system and the required tuning capacitance and receiver load to achieve it have

been derived in [19]. These expressions differ from the maximal link efficiency equations

in [1], due to the presence of conductive media such as human tissue. In terms of the

two-port z-parameters of the system, it means that the real part of the mutual impedance

Z21 is non-zero in the presence of living objects.
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The effect of the variation of receiver loading, frequency, number of turns of receiver

coil and the transmitter coil radius on various system performance parameters and tis-

sue losses was covered in [20], in which the design method for the delivery of power to

millimetre-sized biomedical implants was described.

The above-mentioned examples examined the various aspects of coil and system design

that influence overall link efficiency. In this thesis, a holistic design method that enables

accurate analysis and optimal design of a WPT system with an implanted receiver coil

will be devised, by combining together the results and findings found in the literature:

• Inclusion of tissue environment and biocompatible coating/encapsulation.

• Equivalent circuit modelling of receiver coil in human tissue environment which

includes the effects of coil ohmic losses, dielectric losses, eddy current losses, and

increased parasitic capacitance.

• Use of expressions for maximum link efficiency, tuning capacitance and optimal load

for WPT systems in conductive media.

• Optimisation of coil geometry (size, number of turns, trace width, turn spacing) to

improve Q factor and maximum link efficiency.

• Optimisation of frequency to maximise link efficiency.

• Variation of the receiver load to reduce tissue heating.

1.1.3 Wireless power for high-power medical devices

In review papers that cover the current status and future trends of left ventricular assist

devices [21] and total artificial hearts [22], the incorporation of wireless power transfer

technology is particularly desired as it leads to the removal of the driveline incision which

has been a site of infections. The successful application of IPT to such devices would result

in a fully implantable mechanical circulatory support device. Such heart blood pumps

require higher levels of power than implants that perform sensing or stimulation functions,

as these devices contain motors that pump blood around the body. For example, the
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Thoratec HeartMate II LVAD requires a nominal power of 14W [23]. Also, in order to

allow patients greater mobility, the range of operation needs to be extended to beyond

the few centimetres that low power medical implants offer. For example, the transmitter

coil could be placed under a mattress or behind a chair; the distances required in this

scenario would be around 30 cm to 50 cm.

The review papers in [24, 25], presented a history of and the need for the use of

transcutaneous energy transmission in mechanical circulatory support devices and an

overview of how such technology works. In addition, they outlined the current state-of-

the-art and described future trends towards a fully implantable device and their associated

challenges with regards to tissue heating, energy storage and the overall size of the system.

Whilst the incorporation of wireless power transfer has been trialled in several commercial

LVADs (Arrow LionHeart and AbioCor TAH), the challenges of high temperatures and

tissue heating were encountered especially under misaligned conditions and increased

distances where there is reduced efficiency [26]. In [24], it was identified that power-

transfer efficiency improvements are important as energy loss generates heat in the system,

which can damage the surrounding tissues.

LVADs have been considered as a potential application of IPT by several research

groups. In [5, 26, 27], a 7.65MHz system was designed to power a HeartMate II (running

at a speed equivalent to a required power of 8W) over a distance of 1m between the

transmitter and receiver. Their system contained 5 coils: two coils at the transmitter

side, two coils at the receiver side (one implanted in the body with a 9.5 cm diameter and

one worn on a jacket or a vest), and a relay coil to extend the range of operation and

coverage within a house (there could be several of these relay coils within a house) [5]. The

system efficiency was between 40% and 50%. Their work also considered tissue heating

effects of such systems and the applicable electromagnetic (EM) safety limits [5, 27], but

their simulations studies only involved the transmitter coil and the human body model.

There are some IPT systems for LVADs that use frequencies in the 100 kHz range, but

operate over very short distances (only across the tissue/ skin barrier). In [28], 15W was

received with an efficiency of 82% over a separation distance of 20mm. The operating
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frequency was 178 kHz, the receiver coil diameter was 50mm and the coil thickness was

5mm. In vivo experiments were conducted, in which the receiver coil was implanted in

sheep. Temperature rises were recorded: there was an increase of 3.4 ◦C on the coil surface

and a rise of 0.8 ◦C 20mm from the coil. The losses and temperature rises for the system

were studied in [29]. They identified the main causes of heating as the conduction losses

(including skin and proximity effect) in the coils, and conduction and switching losses in

the power electronics (inverter and rectifier) and other circuit components (e.g. tuning

capacitors). They did not consider the heating as a result of the interaction between the

high-frequency electromagnetic field and the electrically conductive tissue, even though

they operated at a frequency above 100 kHz.

Another system [30] used an inductive link frequency of 163 kHz to send 25W to a

receiver 5mm away from the transmitter. The receiver coil diameter was 53mm and

consisted of 12 turns of Litz wire around a ferrite core. The efficiency of the system in

air was 87.3%, and a rise of temperature of 9.1 ◦C was recorded on the ferrite core. It

was acknowledged that the temperature rise of the receiver when implanted in the body

might be lower due to the cooling action of blood flow.

In [31], a four-coil WPT system for a ventricular assist device was developed and

implemented, with a frequency of operation of 8MHz. Both the transmitter coil and

receiver coil were made from Litz wire. The receiver had a diameter of less than 60mm

and thickness of less than 1.6mm. The transmitter, having a diameter of 200mm, was

designed to be embedded in a shirt. It was therefore made flexible to allow for deformation

due to human movement; a deformation could lead to a change in coupling and self

inductance of the coil. The authors analysed the change in link efficiency at different

levels of deformation, and found that with maximum deformation the efficiency dropped

by 10%. The overall efficiency at without any deformation was greater than 75% at

distances of less than 60mm.

These examples are show different approaches to powering high-power implantable

medical devices, each with its own advantages and disadvantages. In this thesis, the de-

sign approach for a WPT system for high-power medical implants will have the following
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characteristics:

• The system will use a higher frequency in the multi-MHz range, preferably in the

industrial, scientific and medical (ISM) band (6.78MHz or 13.56MHz). At these

frequencies, there is no need to use expensive Litz wire to achieve higher coil Q

factors; PCB coils with a few number of turns could be used instead. At higher

frequencies, the power electronics can be miniaturised as well due to the use of

smaller components. Since the coil Q factors and link efficiency of the system are

greater at higher frequencies, there is no need to use ferrite cores to enhance the

coupling factor.

• Two coils will be used in the system: the implanted receiver coil and an external

transmitter coil (either vest worn or placed under a mattress or behind a chair).

Some systems use a four-coil system, with the transmitter and receiver end each

having a pair of coils. This is done for impedance matching purposes, but can be

avoided with properly designed power electronics. A two-coil system is less complex

as it has fewer coils, and analysis in [32] shows that the two-coil and four-coil systems

have identical performance characteristics.

• The design and analysis process will use 3D EM and thermal simulations with

accurate human body models to ensure that the system is safe. The simulations

will include the full system, and not just the transmitter coil and human body

model.

1.1.4 Evaluation of safety

An early study on how the power absorbed in a human body varies with the frequency

of the EM field to which the body was exposed was presented in [33], where a person

was modelled as a homogeneous sphere. The material of the sphere was assumed to be

muscle with a total mass of 70 kg; hence, the sphere had an effective radius of 25.57 cm.

The person was exposed to a plane wave field with an incident power of 1mWcm−2, and

it was found that power absorbed increased with approximately the square of frequency
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up to 20MHz.

With increases in computing power and advances in simulation technology, it is pos-

sible to perform 3D full-wave EM field simulations with realistic heterogeneous human

body models to evaluate the safety of a system. The method of simulating tissue heating

and calculating SAR is presented in [34]. In summary, a finite-difference time domain

simulation of a human male voxel model exposed to a plane wave was performed, and the

resulting SAR in the body was calculated over a range of frequencies. SAR is difficult to

measure since it is internal to the body; the paper also mentioned the external field values

(also known as reference levels) that could be used to show compliance with the SAR

limits. In addition to tissue heating, there are non-thermal effects of human exposure to

EM fields that involve the stimulation of muscles, nerves and sensory organs. In [35] a

female human body voxel model was used in simulations to determine the induced current

densities and internal electric fields when exposed to an external uniform field.

There are many different safety guidelines, standards and regulations that apply to

WPT systems in the presence of living objects. In [36, 37], the standards and guidelines

that apply to WPT systems for implantable medical devices were identified, including

SAR, device surface temperature rises and device immunity to EM fields. The authors

in [36] performed simulations of a system to evaluate its safety at two operating frequen-

cies, 650 kHz and 13.56MHz. They studied the distribution of the magnetic fields, electric

fields and SAR, and compared the simulation results with the limits. However, they did

not perform thermal simulations of the system to evaluate compliance with temperature

rise limits, which will be detailed in Chapter 3.

An example of calculating SAR of a strongly coupled 4-coil WPT system for im-

plantable biomedical devices using EM field simulations is given in [38]. The system split

into two resonant modes, such that link efficiency had local minima at two different fre-

quencies. It was found that operating at the higher frequency mode, where the resonator

magnetic fields are out-of-phase, resulted in higher SAR.

In [39], the authors evaluated the SAR levels arising from the exposure of a human

body to a WPT system, by performing simulations with various high resolution voxel
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human body models. They considered the transmitter-generated magnetic field, but did

not include the implanted receiver in their simulations, which would have generated its

own magnetic field. In addition, the authors performed experiments on a phantom, in

which the electric field strength of the tissue-simulating dielectric material was measured

when exposed a magnetic field generated by the transmitter coil current 1 cm away. The

measurements were then compared with an EM field simulation of the experimental

setup with the phantom and transmitter coil, where it was found that a current of 0.44A

(which is of the same order of magnitude as that used in the simulations with human

body models) was required to reach a SAR value of 2Wkg−1.

1.1.5 Long range inductive power transfer

Far-field approaches to transferring power with EM fields over long distances (up to 10m)

suffer from many drawbacks that limit their potential to remotely power a network of

sensors. Methods with dedicated transmitters that radiate power are generally quite

inefficient. Employing antennas with narrow beam patterns can result in improvements

in efficiency as the receivers are able to intercept a larger amount of the radiated energy.

An example of these types of systems can be found in [40], where hundreds of µW could

be transmitted over a distance of 1m. However, the directivity of the antennas means

that the freedom of movement of such receivers is severely restricted.

Ambient radio frequency (RF) energy harvesters are another candidate for far-field

energy transfer; these do not require a separate transmitter as the energy is derived from

mobile base stations, making them especially advantageous in urban environments. How-

ever, received power levels are limited to tens of µW as demonstrated in [41] with cm-scale

antennas for harvesting energy from the following frequency bands: DTV (470MHz to

610MHz), GSM900 (880MHz to 915MHz and 925MHz to 960MHz), GSM1800 (1710MHz

to 1785MHz and 1805MHz to 1880MHz) and 3G (1920MHz to 1980MHz and 2110MHz

to 2170MHz).

IPT systems, which operate in the near field, are a particularly attractive alternative

to existing far-field techniques for transferring power with EM fields over long distances
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(up to 10m). In a previous system [42], it was shown that more than 10mW could be

transferred to a load up to 6m from the transmitter using near-field IPT.

1.2 Research areas and thesis outline

Chapter 1 introduced the aims, motivations and scope of the PhD research. It also

presented a review of background material and literature regarding the topics to be

discussed in this thesis.

In Chapter 2, an overview of the design methods for an IPT system in air or free-space

is detailed, where the goal is to maximise link efficiency by varying the frequency, and

the efficient soft-switching high-power electronics are then designed around the chosen

frequency. This is in stark contrast to traditional methods of design, where frequency of

operation is restricted to those that permit the feasible and efficient operation of hard-

switching power converter topologies. However, the link efficiency of a system may be

nowhere near its potential maximum at such low frequencies, unless heavy ferrite cores

are used to shape the magnetic fields in order to increase coupling.

The aim of Chapter 3 is to introduce the adverse health effects of human body expo-

sure to the high-frequency magnetic field employed by WPT systems, which are broadly

categorised into non-thermal and thermal types. It also describes the various guidelines,

standards and regulations that are applicable to WPT systems in the presence of humans

and other living objects. Understanding these safety restrictions and limits is important

as they can greatly influence the design parameters and constraints of WPT systems at

different frequencies. With a wirelessly-powered drone as an example, numerical simu-

lations are presented to illustrate how compliance with the guidelines can be evaluated.

These simulations, when used with human body models, are useful for investigating the

potential effects of a WPT system, in terms of tissue heating, temperature rises and

stimulation of the nervous system.

Chapter 4 details the process of designing a WPT system for high-power implantable

medical devices, namely LVADs and artificial hearts. Several analysis tools are developed,
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including a general link efficiency expression for an arbitrary tuning capacitance and re-

ceiver load given a set of two-port Z-parameters, an equivalent model of an implanted coil

which incorporates an additional series frequency- and tissue type-dependent resistance

representing the eddy current losses in the body, and the mathematical relationship be-

tween the receiver load and the overall magnetic field inside the human body. Parameters

such as frequency, tuning method, coil geometry and receiver load are varied to determine

their effect on system performance (i.e. link efficiency) and safety (internal electric field,

tissue heating and temperature rises). Reductions in tissue heating and temperature rises

can be achieved by selecting the combination of frequency and coil turns that balances

tissue losses (due to EM field energy absorption) with coil dissipation. A method of re-

ducing temperature rises and SAR is presented, which involves setting the receiver load

away from its optimal value to reduce both eddy current losses and coil dissipation. Elec-

tromagnetic and thermal simulations are performed both as a design and optimisation

tool and as a means of evaluating safety and compliance with regulations and guidelines.

Chapter 5 describes experimental work in salt water solution which validates the

theory that increasing the receiver load can result in lower temperature rises, by reducing

eddy current losses in the conductive medium and receiver coil dissipation (as described

in Chapter 4).

Chapter 6 presents work towards a long range method of reliably powering low-power

medical implants, wearable devices and sensor networks. An ultra-low power open-loop

flyback impedance emulator is designed to maintain maximum power transfer despite

being relatively far from the transmitter coil. A method of transmitter power modulation

using wireless data feedback is implemented to prevent receiver damage when moving

close to the transmitter. Furthermore, an approach to detecting living objects using

WPT technology and high-frequency magnetic fields is introduced, with experiments

using the existing coil in this chapter to illustrate the concept. This approach is based on

the fact that the interaction of a high-frequency magnetic field with conductive biological

tissue generates an additional magnetic field, which induces a detectable voltage in the

coil. The amplitude and phase response of the additional magnetic field and voltage
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can provide information regarding the distance and material composition of the object

of interest.

In Chapter 7, conclusions of the thesis are given and the main research outcomes and

findings are summarised. Recommendations for future work are described, and a list of

publications and presentations is provided.
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Chapter 2

Overview of wireless power transfer

system design in air

Before methods of designing wireless power transfer (WPT) systems in the presence of

living objects are discussed, it is important to review the design principles for WPT

systems in free space or air. These systems tend to be weakly coupled and utilise receiver

resonance to achieve maximum link efficiency for a particular frequency. Traditionally,

systems have been limited to using frequencies in the 100s of kHz range as the associated

power electronics have not been able to operate efficiently at higher frequencies due

to excessive switching losses. However, significant improvements to link efficiency can

usually be achieved by increasing the frequency of operation to the multi-MHz range.

Fortunately, recent improvements in power electronics (inverters and rectifiers) mean

that they can now operate at higher frequencies efficiently using soft-switching techniques

and state-of-the-art semiconductor devices. Therefore, by increasing the frequency of op-

eration to the multi-MHz range, improvements to link efficiency can be achieved without

compromising the overall end-to-end system efficiency significantly.

The WPT systems described in this thesis make use of air-core coils. Coils with ferrite

cores can be heavy and thus not very portable. In addition, their directed magnetic flux

leads to a restricted freedom of movement for both the transmitter and receiver sides due

to the need for accurate coil alignment. Therefore, there are many situations in which
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air-core coils, with their wide flux coverage, are more suitable for WPT applications.

This chapter presents an overview of design principles for an inductive power transfer

(IPT) system in air. Firstly, it reviews some expressions of the properties of a coil and

of mutual coupling between two coils. It then outlines how secondary resonance, the use

of an optimal load, and optimal frequency selection are required to achieve maximum

link efficiency. Several types of high-frequency power electronics, including inverters and

rectifiers, are described which are able to run efficiently at the chosen operating fre-

quency. Lastly, through using the design methods described in this chapter, an 6.78MHz

industrial, scientific and medical (ISM)-band IPT was implemented, and the results are

presented at the end of this chapter.

2.1 Coil characteristics and coupling

2.1.1 Self-inductance of a coil

Equation (2.1) gives the external inductance of a multi-turn helical coil, whose height is

small compared to its radius [43]:

L = N2Rµ0

[
ln

(
8R

a

)
− 2

]
(2.1)

where a is the conductor radius, N is the number of turns, R is the coil radius, and µ0 is

the permeability of free space. The formula is accurate for coils with a << R. It can be

seen that the inductance increases with the square of the number of turns.

In [44], the inductance of the flat circular spiral coil is approximated by:

L =
a2n2

203200a+ 279400c
(2.2)

where n is the number of turns, a is the average coil radius and c is the difference

between the outer and inner coil radius. The formula is accurate to within 5% for coils

with c > 0.2a.

Additional formulae for flat spiral coil inductances can be found in [45].
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2.1.2 Coil resistance

The frequency-dependent series loss resistance of a multi-turn helical coil is given in [44].

It involves multiplying the direct current (DC) resistance of the coil by a factor in order

to obtain an alternating current (AC) resistance, which takes into account both the skin

effect and proximity effect of a coil. The AC-to-DC resistance ratio is:

AC resistance

DC resistance
= H + u

(
d0
c

)2

G (2.3)

where H is the resistance ratio of isolated wire, G is a proximity effect factor, u is a

constant based on the number of turns and d0/c is the ratio of wire diameter to spacing

between centres of adjacent turns. The values of H, G, and u can be found in lookup

tables in [44]. The formula is for helical coils whose height is small compared with its

radius, and with a few turns that are not too closely spaced (d0
c
≤ 0.6).

The radiation resistance Rrad of a multi-turn circular coil is given by [46]:

Rrad = N2η
π

6

(
k2a2

)2
(2.4)

where η is the impedance of free space, N is the number of turns, k is the wavenumber

and is equal to 2π
λ
where λ is the wavelength, and a is the coil radius. Radiation resistance

represents the energy radiated from the coil [44].

The sum of the loss resistance (dissipation in the coil which heats it up) and the

radiation resistance gives the total combined series resistance of a coil.

2.1.3 Coil Q factor

The Q factor of a coil is:

Q =
ωL

R
(2.5)

where L is the inductance of the coil, R is the total resistance of the coil, and ω is the

frequency of operation multiplied by 2π.
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2.1.4 Mutual inductance and coupling

One way of calculating the mutual impedance between two coils is given in Equation (2.6),

which is derived from dividing the magnetic flux linkage at the receiver coil by the current

generated in the transmitter coil [43]:

M =
µ0πNTXNRXa

2
TXa

2
RX

2 (d2 + a2TX)
3
2

(2.6)

where µ0 is the permeability of free space, NTX is the number of turns of the transmitter

coil, NRX is the number of turns of the receiver coil, aTX is the transmitter coil radius,

aRX is the receiver coil radius, and d is the distance between the transmitter coil and the

receiver coil. However, it assumes that the receiver is small enough compared with the

coil separation distance, such that the magnetic field over the receiver coil is constant.

The coupling factor of a pair of coils is calculated by using Equation (2.7):

k =
M√

LTXLRX

(2.7)

where LTX is the inductance of the transmitter coil and LRX is the inductance of the

receiver coil. Although changing the number of turns of a helical coil changes the mutual

inductance and the self-inductances of the coils, there is no significant overall effect on

the coupling factor, as the coil turns cancel out in the expression for coupling factor.

Mutual inductance can be calculated more accurately from the use of magnetic vector

potentials, as demonstrated by [43, 47].

2.2 Link efficiency maximisation

IPT involves the transfer of power between a transmitter coil and a receiver coil using a

high frequency magnetic field. A block diagram of an IPT system is shown in Figure 2.1.

The inverter converts the DC input into an AC current in order to drive the transmitter

coil. The alternating magnetic field generated by the current in the transmitter coil

passes through the receiver coil which induces an electromotive force (EMF) within the
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coil. Attached to the receiver coil is a rectifier, which converts the AC voltage of the

coil to a DC output. A load emulation circuit (which may take the form of a DC-to-DC

converter) presents the rectifier and the receiver coil with the optimal load in order to

maintain maximum link efficiency, even as coupling factor or loading changes. Lastly, at

the output of the load emulator is the actual DC load, which can also be energy storage

such as a battery.

DC
Power
Supply

Inverter Rectifier
Load

Emulation
DC
Load

AC Load

Figure 2.1: Block diagram of IPT system

With the coils acting as a weakly-coupled air-core transformer, efficiency can deterio-

rate rapidly with distance. To maximise link efficiency, receiver resonance should be used

to cancel the secondary leakage inductance, and the optimal load should be presented to

the receiver’s resonant tank.

For a series tuned secondary, receiver resonance can be achieved by attaching a tuning

capacitance in series with the receiver coil inductance such as to cancel the impedance of

the receiver coil inductance [1]:

Ctune,ser =
1

ω2LRX

(2.8)

For a parallel tuned secondary, the tuning capacitance in parallel with the secondary

coil for achieving resonance is given by [1]:

Ctune,par =
1

ω2LRX

α2
opt,par

α2
opt,par + 1

(2.9)

where

αopt,par =
QRX√

1 + k2QTXQRX

(2.10)

where QTX is the Q factor of the transmitter coil, and QRX is the Q factor of the receiver

coil.
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The optimal load for a series resonant secondary is given by Equation (2.11) [48]. For

a parallel resonant secondary, the optimal load is given by Equation (2.12) [1].

Ropt,ser = ωLRX

(√
1 + k2QTXQRX

QRX

)
(2.11)

Ropt,par =
1

ωCtune,par

(
QRX√

1 + k2QTXQRX

)
(2.12)

As a result of using either form of secondary tank resonance, the maximum link

efficiency can be evaluated using Equation (2.13) [1]:

ηlink =
k2QTXQRX(

1 +
√

1 + k2QTXQRX

)2 (2.13)

From Equation (2.13), it can be seen that the key to improving link efficiency is

by increasing the product k2QTXQRX. Coupling is weak with air-core coils, and if the

coupling factor is assumed to remain constant (i.e. with fixed separation distance and coil

geometries), the link efficiency can be maximised by choosing an operating frequency that

maximises the product of the Q factors of the coils. Figure 2.2 illustrates the relationship

between the Q factor and the frequency of a 2-turn 50 cm diameter copper coil. Increasing

the frequency of operation of the IPT system leads to a rise in Q factor, but only up to a

certain point (10MHz in this example) after which the coil’s far-field radiation starts to

dominate, causing the Q factor to drop [49]. This is because the loss resistance increases

with the square root of frequency, whilst the radiation resistance increases with the fourth

power of frequency [2]. If the transmitter and the receiver coils are identical (QTX = QRX)

then the operating frequency is selected to maximise the Q factor of the coils. If the coils

are not identical, then the optimal frequency will be dominated by that which maximises

the Q factor of the larger coil (the one with the lower optimal frequency) [2], because

radiation resistance rises much more quickly than loss resistance does with frequency.

The advantages of air-core coils can also be seen in longer range applications (up to

10m between transmitter and receiver coils) where a network of sensors with milliwatt-
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Figure 2.2: Variation of coil Q factor with frequency (2-turn 50 cm diameter copper coil)

level consumption could be remotely powered [42]. In these situations, the superior

tolerance to angular offsets and transverse displacements compared to coils with ferrite

cores is essential to being able to supply power to multiple sensor nodes concurrently.

Furthermore, the reduction in size and weight of the coils due to the absence of the

ferrite core means that the wireless sensors can be kept small and lightweight.

Once the link efficiency of the IPT has been maximised, it does not necessarily follow

that the overall efficiency of the system will be increased as well, as switching losses of

the power electronics in both the inverter and rectifier circuits could rise with frequency.

Therefore, efficient high-frequency, soft-switching power electronics are desired. These

circuits rely on fast semiconductor devices.

2.3 Power electronics

2.3.1 Semiconductors

Due to the high frequency, high voltage and high current requirements of the power elec-

tronics, the task of selecting appropriate semiconductor devices is not trivial. As mid-

range high power IPT systems operate near the limits of the capabilities of traditional

silicon (Si) devices, wide-bandgap semiconductor materials such as silicon carbide (SiC)
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and gallium nitride (GaN) ought to be considered due to their superior characteristics as

power devices, e.g. faster switching rates and higher breakdown field strengths. Alterna-

tively, specialist high-speed radio frequency (RF) metal–oxide–semiconductor field-effect

transistors (MOSFETs) such as those from IXYS RF can be incorporated into designs.

For example, the IXYS RF IXZ4DF12N100 has a total rise and fall time of 7.5 ns [50],

whilst the combined rise and fall times of high-voltage MOSFETs from International

Rectifier are typically at least 40 ns [51].

An IXYS RF power MOSFET combined with gate driver (IXZ4DF12N100) was used

in the Class E inverter of the mid-range IPT system that will be presented at the end

of this chapter. Cree SiC Schottky diodes (C3D10170 and C3D10060) were used in the

Class D and Class E rectifiers that will be described later in this section.

The packaging of the devices used in the power electronics can influence the perfor-

mance of the inverter and rectifier circuits. The Cree C3D10170 SiC Schottky diode in

the rectifier comes in a TO-247-2 package [52], which has long, narrow leads, adding stray

inductances to the circuit. Contrastingly, the IXYS RF IXZ4DF12N100 module for the

inverter has a surface-mount low-inductance package which means that parasitic effects,

which could potentially reduce the switching speeds, can be minimised. It also has a low

intrinsic gate resistance, leading to a decrease in rise and fall times, and enabling faster

switching of the devices.

2.3.2 Inverters

Conventional hard-switching inverters are not suitable for IPT systems when operating

in the MHz region. Since the switching time of the devices becomes comparable to the

period of the driving signal, the result is that they can be inefficient at higher frequencies.

Soft-switching inverters, such as Class D and Class E inverters, address this issue by

employing zero-voltage switching (ZVS) to minimise power dissipation in the MOSFET

during switching. This is achieved by preventing concurrent high voltage across and high

current through the MOSFET. A disadvantage of Class D inverters, which are popular

with low-power systems adhering to Qi or Alliance for Wireless Power (A4WP) standards,
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is that they have lower output power compared to Class E inverters for the same input

voltage and output load. Another issue is that they require a floating gate drive due to

the presence of a high-side switching device. However, in contrast to Class E inverters,

Class D inverters are able to operate over a larger load range with ZVS if the switching

frequency is below the resonant frequency of the output load network.

Figure 2.3 depicts the Class E inverter in semi-resonant operation mode [2] used to

drive the transmitter coil. In this topology, the transmitter resonant tank is tuned to

a slightly higher frequency than the secondary resonant tank to keep the primary tank

impedance inductive, a requirement for Class E operation. The parallel combination

of the capacitor Cres (in Figure 2.3) and the transmitter coil (LTX and RTX) forms an

impedance transformer, which causes the load impedance to appear larger, leading to an

increase in driver efficiency. Figure 2.4 shows the simulated and measured drain-source

voltage of the MOSFET of the Class E semi-resonant inverter running at 6MHz. In

this scenario, the input voltage is fixed at Vin = 60V which results in an input power

of Pin = 90W and a maximum drain-source voltage of up to 250V. As the maximum

drain-source voltage is at least four times greater than the input voltage, the voltage

stress on the MOSFET is high. The drain-source voltage goes to zero gradually before

the MOSFET turns on, demonstrating zero-voltage switching which allows for highly-

efficient switching at MHz frequencies.

Cser LTX

RTXCresCpar

−

+

Vin

Lchoke

Figure 2.3: Semi-resonant Class E inverter from [2]

Class E inverters may also include a saturable reactor [53] to tune for optimum switch-

ing operation when a change in the load occurs (see Figure 2.5). A saturable reactor is

essentially an AC-to-AC transformer consisting of a primary and a secondary winding,
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Figure 2.4: Simulated and measured drain-source voltage for semi-resonant Class E in-
verter with Vin = 60V [2]

both wound on a single magnetic core. It operates by applying a low DC current in

one winding, which causes the magnetic core’s permeability to decrease, and therefore

effectively changing the impedance of the second winding. The tuning procedure relies on

varying the switching frequency and the effective reactance of capacitor Cpar in Figure 2.5

via the saturable reactor.

Cser LTX

RTXCresCpar

CDC

Lsat,1

Lsat,2
−

+

Vin

Lchoke

Figure 2.5: Class E inverter with a saturable reactor [53]

Although Class E inverters can achieve ZVS and zero-current switching (ZCS) oper-

ation, their voltage and current stresses can be large compared to other inverters. It has

been reported in [54, 55] that adding a series LC resonant network in parallel with the
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MOSFET can reduce its voltage or current stresses and therefore improve the efficiency

of the inverter. The added inductor-capacitor (LC) network is tuned to either the second

or third harmonic of the switching frequency. Adding resonant networks in inverters is a

common technique used in Class F and Class F-1 inverters to shape the MOSFET drain

voltage and current waveform. This hybrid configuration of Class E switching with a

resonant network has been referred to as the Class EF2 inverter when the added resonant

LC network is tuned to the second harmonic, or the Class E/F3 inverter when the added

resonant LC network is tuned to the third harmonic. Figure 2.6 shows the circuit diagram

of the Class EF2 or Class E/F3 inverter; inductor L2 and capacitor C2 form the added

resonant network and their values are set such that their resonant frequency is either

twice or three times the switching frequency [56]. Figure 2.7 compares the waveforms

of the Class EF2 and Class E/F3 inverters with the Class E inverter. The Class EF2

inverter results in lower voltage stresses across the MOSFET whereas the Class E/F3

inverter results in lower current stresses through the MOSFET.

Cser LTX

RTXCpar

L2

C2
−

+

Vin

Lchoke

Figure 2.6: Class EF2 or Class E/F3 inverter. [56]

Table 2.1 shows a comparison of the normalised output power of the Half-Bridge

Class D ZVS, the Class D ZCS, the Class E, the Class EF2 and the Class E/F3 inverters.
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Figure 2.7: Comparison of normalised voltage and current waveforms of different inverters
classes. [56]

Inverter Class Normalised Output

Power

(
PoRL

V 2
i

)
Half-Bridge Class D ZVS 0.2026

Class D ZCS 4.9348
Class E 0.5768

Class EF2 0.6105
Class E/F3 1.0760

Table 2.1: Comparison of normalised output power of different resonant inverter classes
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2.3.3 Rectifiers

Rectifiers can suffer from significant diode reverse recovery losses in the MHz region if they

are hard-switched. The use of soft-switching rectifiers avoids the requirement of a hard

recovery and almost eliminates the associated losses with re-establishing reverse blocking

function. Class E rectifiers are soft-switching topologies; one such circuit topology with

low dv/dt that is voltage-driven is shown in Figure 2.8 [57].

Lr

Dr

Cst RL,DC

Cr

Figure 2.8: A voltage-driven low dv/dt Class E rectifier [57]

This specific Class E topology contains an inductor Lr in series with a parallel con-

nection of a capacitor Cr and a diode Dr. The inductor Lr is in resonance with the

capacitor Cr at the operating frequency of the system. Therefore, the Lr-Cr-Dr con-

nection provides half-wave rectification. Output filtering is performed by the first-order

low-pass filter consisting of the stabilising capacitor Cst and the output load RL,DC. Any

leakage inductance from the secondary coil can be absorbed into LR. In addition, the

diode-capacitor parallel combination means that the diode’s junction capacitance can be

absorbed into Cr.

When designing a Class E rectifier, the primary objective is to ensure that the recti-

fier’s input impedance, Rin, is equal to the optimal load Ropt. Since the rectifier depicted

in Figure 2.8 is a voltage-driven Class E rectifier for a parallel-tuned secondary, the opti-

mal load is given by Ropt,par in Equation (2.12). The input impedance Rin relates to the

output load RL,DC of the Class E rectifier by Equation (2.14), where M is the AC-to-DC

gain [58]:

RL,DC = 2M2Rin (2.14)
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Figure 2.9 shows the waveforms of the Class E rectifier. The top plot is the rectifier’s

diode voltage, whilst the bottom plot shows the current through the diode Dr (solid)

and the capacitor Cr (dotted). In this scenario, the rectifier is integrated in the IPT

system described in [2]. The input voltage of the rectifier, which is the sinusoidal voltage

across the parallel-tuned receiver coil, has an amplitude of 1.5 kV. The output voltage is

under 400V DC. An issue with this topology is that it circulates DC current, generating

losses in the receiving coil and resonant inductor. The voltage across the diode is large

compared to the output voltage of the rectifier; the high voltage stresses are due to the

high receiver coil voltages at the input of the rectifier.
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Figure 2.9: Simulated voltage-driven Class E rectifier waveforms: [Top] Voltage across
Dr; [Bottom] Current through Dr (solid) and Cr (dotted) [57]
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Another type of Class E rectifier is shown in Figure 2.10 [48]. This half-wave low

dv/dt Class E rectifier is current driven, so it is suitable for a series-tuned receiver. The

rectifier consists of a capacitor-diode network connected to a second-order output filter.

This filter is made up of an inductor Lf , a capacitor Cf and the output load RL,DC, and

provides load-independent filtering. For this rectifier, Cd acts as a snubber capacitor and

therefore ensures zero voltage at turn on and turn off and zero rate of voltage change

at turn off. There is no resonant inductor compared to the previous Class E rectifier

topology.

Lf

RL,DCCd Cf

Figure 2.10: Current driven Class E low dv/dt half wave rectifier [48]

The relationship between the input impedance Rin of this current-driven rectifier and

its output load RL,DC is given by Equation (2.15), where KI is the AC-to-DC current

gain:

RL,DC =
Rin

2K2
I

(2.15)

Due to the use of soft-switching operation, this topology results in excessive semi-

conductor stresses, because the voltage across the diode is greater than that across the

output load, and the current through the diode consists of the input AC current super-

imposed on the output DC current [48]. Figure 2.11 shows the measured reverse bias

voltage across the diode for this topology with an output power of 100W, using the Cree

C3D10060 SiC Schottky diodes [48]. On the other hand, soft-switching operation enables

the use of larger diodes that are slower, because of the elimination of reverse recovery

effects [48].

Although conventional hard-switching rectifier can be inefficient in the multi-MHz

region, Class D rectifiers with SiC Schottky diodes have shown to be usable in the MHz
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Figure 2.11: Reverse bias voltage across diode in current driven Class E rectifier [48]

region. An example of such a topology is shown in Figure 2.12, which is a half-wave

Class D rectifier consisting of two diodes [48]. It is also current driven, making it appro-

priate for series-resonant receivers.

RL,DC

D2

D1

Figure 2.12: Current driven Class D half wave rectifier [48]

The input impedance of this current-driven rectifier is affected only by its output load,

and the relationship is given by Equation (2.16):

RL,DC =
π2Rin

2
(2.16)

The advantages of the Class D rectifier, which include a simpler design process, lower

cost implementation, higher tolerance to DC load variation and better semiconductor

utilisation, are more noticeable in higher voltage operation, where semiconductor parasitic

effects are minimised. Figure 2.13 shows the measured reverse bias voltage across the
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diode for this topology with an output power of 100W, using the Cree C3D10060 SiC

Schottky diodes [48]. There is better semiconductor utilisation, as the diodes are stressed

to the input current during conduction and stressed to the output voltage when reverse-

biased [48]. However, the square wave voltage could introduce switching losses, if the

reverse recovery time is comparable to the period [48].

Figure 2.13: Reverse bias voltage across diode in current driven Class D rectifier [48]

2.3.4 Receiver load emulation

As shown in Equations (2.14), (2.15) and (2.16), the Class D and Class E rectifiers have

an input resistance which depends on the load attached to its output. Therefore, in order

to attain maximum link efficiency, a load emulation circuit should be attached to the

output of the rectifier, so that the rectifier (and the receiver’s resonant tank) is always

presented with the optimal load, given by Equation (2.11) for a series-tuned secondary

and Equation (2.12) for a parallel-tuned secondary. Otherwise, a change in the level of

current draw in the load would result in a drop in efficiency and receiver power.

Such a circuit may take the form of a DC-to-DC converter, such as the Buck converter,

which can be controlled to achieve optimal loading. This is done by measuring the voltage

at the output of the rectifier and dividing by the desired load in order to obtain the current

demand. This current demand is then compared with the actual measured current in

order to obtain an error signal with which the duty cycle of the Buck converter can be

adjusted to emulate the desired load.
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In addition, from Equations (2.11) and (2.12), it can be seen that optimal load varies

with the coupling factor, which in turn changes with the distance between the transmitter

and receiver coils. Hence, the load emulation circuit should be controlled in such a way

that the optimal load is always emulated even as distance changes, in order to ensure

maximal link efficiency.

In the case of longer range systems (up to 10m between the transmitter and receiver

coils) such as those for wireless sensor network applications, the coupling coefficient is

extremely low, which means that the optimal load varies little with distance and is dom-

inated by the complex conjugate of the receiver’s resonant tank impedance. In these

scenarios, receiver power is typically very small (in the tens of mW range), so an open-

loop type of load emulation circuit is preferred; this type of circuit eliminates the power

consumption of any active control circuitry required for a closed-loop system. Examples

of suitable ultra-low power open-loop load emulators include the buck-boost and the fly-

back converter operating in discontinuous conduction mode [59], and are explained in

more detail in Chapter 6.

2.4 Example of a system in air

A 6.78MHz mid-range IPT system capable of transferring 120W of power across a dis-

tance of 30 cm with a DC-to-load efficiency of approximately 70% has been implemented

and demonstrated. This system was designed with principles introduced in this chapter.

The experimental setup is shown in Figure 2.14. The transmitter coil is a 30 cm 3-turn

air-core coil made from copper piping. A Class E inverter in semi-resonant operation

was selected to drive the transmitter coil, with the IXYS RF IXZ4DF12N100 combined

gate driver and MOSFET module used as the switching device. The receiver coil is a

20 cm 5-turn air-core coil, also made from copper piping. The chosen rectifier topology

is the voltage-driven Class E low dv/dt rectifier, utilising the Cree C3D10180 SiC Schot-

tky diode. These methods have resulted in a reduction of losses and an improvement in

efficiency of the power electronics. Consequently, this mid-range IPT system is able to
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operate feasibly in the MHz region, leading to an increase in coil Q factors (QTX = 1270

and QRX = 1100), link efficiency (95%), and overall DC-to-load efficiency (70%).

Figure 2.14: A 6.78MHz system designed using link efficiency-led principles

2.5 Summary

The design of a lightweight and portable IPT system calls for the use of air-core coils in

favour of coils with ferrite cores. The weak coupling of air-core coils suggests that the

operating frequency should be increased to the multi-MHz region to maximise link effi-

ciency. However, the efficiency of power electronics will tend to decrease with frequency,

unless suitable high frequency power converters are utilised. Inverters that are appro-

priate for multi-MHz frequencies include the Class E semi-resonant inverter, the Class E

inverter with a saturable reactor, and the Class EF2 or Class E/F3 inverter. Class D or

Class E rectifiers may be used to rectify the high-frequency coil voltage. Different types

of semiconductor devices need to be considered, including GaN, SiC and specialist high-

speed RF Si devices. Receiver load emulation may be needed to maintain maximum link
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efficiency by emulating the optimal load seen by the rectifier and the receiver’s resonant

tank. The regulations on human exposure to electromagnetic (EM) fields, which will be

described in Chapter 3, may also influence IPT design and usage scenario, and ultimately

encourage the design of a highly-efficient system. By following the link efficiency-led de-

sign principles in this chapter, a mid-range IPT system can be designed with maximum

link efficiency and overall DC-to-load efficiency.
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Chapter 3

Human safety considerations

The successful design of a wireless power transfer (WPT) system in the presence of living

objects requires an understanding of the types of effects such systems have on living

objects such as human beings. As a WPT system utilises a high-frequency magnetic field

to deliver power, the adverse health effects arise mainly from the interaction between

the magnetic field and the conductive human tissue, which generates heat in the tissue.

There are also additional contributions to tissue heating, stemming from the electric

field caused by the coil’s high voltages, and, especially for wirelessly-powered medical

implants, heat dissipation in the coil. Lastly, internal electric fields in the body can be

a cause of non-thermal nervous system effects. The relative importance of each type of

effect depends on, among other factors, the frequency of operation of the WPT system.

There are guidelines and regulations that limit the exposure of the general public and

occupational workers to high-frequency electromagnetic fields. WPT systems need to

adhere to these limits, but there may be exceptions for medical purposes where the risk

of the effects of exposure is outweighed by the benefits arising from the medical treatment.

In addition, there exists standards that govern the heat and maximum temperature rises

that can be produced by active implantable medical devices (AIMDs), as well as the

immunity of such devices to electromagnetic fields.

Evaluation of the compliance of a WPT system to the safety guidelines and limits

can be performed using numerical simulations. This is illustrated practically by the
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assessment of the safety of a wirelessly-powered drone/quadcopter demonstrator using

3D full-wave electromagnetic simulations with human body models. These simulations

are able to show whether the relevant limits for general public exposure have been met.

This wirelessly-powered drone, which has been developed by the author’s research group,

is used to showcase the technology developed within the research group to the visitors in

the laboratory, and to attendees at trade shows and at conferences. Therefore, it is vital

to ensure people viewing the exhibit are not subjected to electromagnetic field levels that

would exceed limits.

This chapter describes the effects of exposure of humans and other living objects

to a WPT system. It outlines some of the guidelines, regulation and standards with

which such systems should be compliant, in order to be considered safe in the presence of

living objects. Lastly, it demonstrates, with a practical example of a wirelessly-powered

quadcopter, how safety and adherence to safety limits can be evaluated using numerical

simulations.

3.1 Effects of exposure on humans

In addition to the challenges of operating efficiently in the MHz region that was addressed

in Chapter 2, the design of inductive power transfer (IPT) systems must also consider

limits on electromagnetic (EM) field levels that are in place in order to protect humans

from the adverse health effects of exposure to EM fields. For exposure to wireless power

transfer systems, these effects may arise due to the interaction of the high frequency

magnetic field with the conductive biological tissue.

The adverse health effects of EM field exposure can be broadly categorised into two

types: non-thermal and thermal. Non-thermal effects [60] are due to exposure to EM

fields below 10MHz, causing stimulation of muscles, nerves and sensory organs as a result

of an induced electric field in the body.

In terms of thermal effects, exposure to EM fields at frequencies above 100 kHz can

cause tissue heating due to energy absorption [60]. There are two main mechanisms
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of heating that are directly caused by EM fields. Firstly, a high-frequency magnetic

field produces eddy currents in conductive human tissue, heating it up. Secondly, the

alternating current (AC) voltage across the coil and between the coil turns generate

a time-varying electric field which passes through conductive tissue, causing dielectric

heating.

In addition to these two thermal effects that are directly caused by EM field exposure,

a source of heating for a wirelessly-powered implantable medical device is heat dissipation

in the implanted receiver coil. This is a result of current flowing through the coil’s own

loss resistances.

The combination of eddy current heating, dielectric heating and (for wirelessly-powered

medical implants) coil dissipation will lead to a rise in the temperature of human body

tissue. Any increase of more than 1 ◦C is considered unsafe [61]. Therefore, temperature

rises should be minimised as far as possible by decreasing heating by all three mechanisms,

but a consequence of doing so may be a deterioration in link efficiency.

Working at 6.78MHz (first industrial, scientific and medical (ISM) band) means that

both thermal and non-thermal effects need to be taken account of when designing such

IPT systems. At 13.56MHz (second ISM band), only thermal effects require considera-

tion.

3.2 Guidelines, standards and regulations

3.2.1 Electromagnetic field exposure

A number of guidelines, standards and regulations exist to minimise the adverse effects

of human exposure to EM fields. The applicability of a particular set of standards or

guidelines depends, among other things, on the region (e.g. U.S.A. or the European Union

(EU)) and the usage scenario (i.e. general public, occupational or medical exposure).

Also, these guidelines cover a wide range of frequencies, from static/direct current (DC)

and low frequency fields (such as overhead power lines at 50Hz) to microwave radiation in

the GHz range. In this thesis, only the first two ISM bands at 6.78MHz and 13.56MHz are

63



considered, as these multi-MHz frequencies are commonly used for IPT systems operating

with high link efficiency.

The International Commission on Non-Ionizing Radiation Protection (ICNIRP) has

published a widely-accepted set of guidelines to minimise the risks of exposure of humans

to electromagnetic fields [61, 62] There are limits for both general public exposure and

occupational exposure, where those for the latter are generally less stringent. Compared

to the general public, it is expected that workers are more aware of when they are exposed

to EM fields, and understand the causes and risks of exposure in order to take appropriate

precautions.

ICNIRP defines basic restrictions, which are directly related to established health

effects (i.e. tissue heating and nerve stimulation). These quantities, which are generally

difficult to measure directly as they are internal to the body, must not be exceeded.

The particular basic restriction which relates to thermal effects is the specific absorption

rate (SAR). It is specified in the 1998 Guidelines and is relevant for frequencies greater

than 100 kHz. Table 3.1 shows the SAR limits for both general public and occupational

exposure; the same values apply to both the 6.78MHz and 13.56MHz ISM bands. These

values are averaged over any six-minute period, and the localised SAR values are averaged

over 10 g of tissue.

General Public Occupational
Whole-body average SAR 0.08Wkg−1 0.4Wkg−1

Localised SAR (head and trunk) 2Wkg−1 10Wkg−1

Localised SAR (limbs) 4Wkg−1 20Wkg−1

Table 3.1: ICNIRP 1998 SAR limits: general public and occupational exposure

The basic restriction for non-thermal effects is the internal electric field induced in

the body. These are mentioned in the 2010 Guidelines for frequencies under 10MHz, and

so do not apply to IPT systems operating at 13.56MHz. Table 3.2 shows the internal

electric field limits for both general public and occupational exposure at 6.78MHz; these

values are expressed in root mean square (RMS). For a particular type of tissue, the 99th

percentile value of the electric field is used to evaluate compliance; this is to minimise the

effects of computational artefacts due to meshing and the use of human body models.
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General Public Occupational
Internal electric field (6.78MHz) 915Vm−1 1831Vm−1

Table 3.2: ICNIRP 2010 internal electric field limits: general public and occupational
exposure

Because basic restrictions are difficult to measure directly, ICNIRP also defines ref-

erence levels. These quantities are the external and unperturbed (measured without

the human body present) electric field and magnetic field. The reference levels for non-

thermal effects are taken from 2010 Guidelines and are shown in Table 3.3 for 6.78MHz,

whilst those for thermal effects at both ISM bands are taken from 1998 Guidelines and

are given in Table 3.4. The thermal effect reference levels are to be averaged over a

six-minute period.

General Public Occupational
Electric field strength (6.78MHz) 83Vm−1 170Vm−1

Magnetic field strength (6.78MHz) 21Am−1 80Am−1

Table 3.3: ICNIRP 2010 reference levels for non-thermal effects: general public and
occupational exposure

General Public Occupational
Electric field strength (6.78MHz) 33.4Vm−1 90.0Vm−1

Magnetic field strength (6.78MHz) 0.108Am−1 0.236Am−1

Electric field strength (13.56MHz) 28Vm−1 61Vm−1

Magnetic field strength (13.56MHz) 0.0730Am−1 0.160Am−1

Table 3.4: ICNIRP 1998 reference levels for thermal effects: general public and occupa-
tional exposure

The 1998 Guidelines also contained basic restrictions for non-thermal effects in terms

of the current density in the head and trunk, along with their corresponding external

reference levels. However, the non-thermal effect limits in the 1998 Guidelines have been

superseded by those in the 2010 Guidelines, which are based on the internal electric fields.

Compliance with these reference levels ensures compliance with the respective basic

restrictions. However, if the reference levels are exceeded, it does not necessarily follow

that the corresponding basic restriction will be exceeded as well. In these cases, further

tests are needed to prove compliance with the basic restrictions such as performing 3D
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computational EM simulations with accurate human body models. In addition, working

at 6.78MHz means that the reference levels due to both the non-thermal and the thermal

effects need to be considered. In effect, it means that if field strengths are below the non-

thermal effect reference level but above the thermal effect reference level, then only the

thermal effect basic restriction (i.e. SAR) has to be evaluated.

The reference levels tend to be very conservative and incorporate a high safety mar-

gin. This is because it assumes small variations in electric and magnetic field strengths

across the whole body. However, for WPT systems, which operate in the near field, the

distribution of the magnetic field will be non-uniform. Since a person is likely to be

situated close to the source of the magnetic field, areas of high field strengths tend to be

very localised, and restricted to small regions of the body.

The underlying physical phenomenon that dictate the thermal effect basic restrictions

and reference levels set by ICNIRP is that exposure to EM fields should not lead to a

more than 1 ◦C rise in body temperature, as higher temperatures would result in adverse

biological effects.

A EU directive [60] was adopted on 26 June 2013 by the European Parliament and

the Council of Europe, which sets out limits on the exposure of workers to EM fields.

This Directive was transposed into UK law on 1 July 2016 (as the Control of Electro-

magnetic Fields at Work Regulations 2016). The safety limits are based on the 1998 and

2010 ICNIRP limits [61, 62]. The Directive defines exposure limit values (ELVs) which

ICNIRP calls basic restrictions. It also defines action levels (ALs), which are referred to

as reference levels by ICNIRP.

In the US, the Institute of Electrical and Electronics Engineers (IEEE) C95.1-2005

standard is generally adhered to as safety guidance for human body exposure to electro-

magnetic fields [63]. As with ICNIRP, the IEEE standard also defines basic restrictions

as those that are based on established adverse health effect. For thermal effects (relevant

for frequencies greater than 100 kHz), the basic restriction quantity is also SAR, and the

limits are identical to those of ICNIRP for both the general public and workers.

The IEEE standard also defines maximum permissible exposure values, which have the

66



same meaning as ICNIRP’s reference levels and are derived from the basic restrictions.

The maximum permissible exposure values for thermal effects at both 6.78MHz and

13.56MHz are given in Table 3.5; these values are expressed in RMS and are to be

averaged over a six-minute period (except for the general public electric field strength

reference level, which is to be averaged over a 30-minute period).

General Public Occupational
Electric field strength (6.78MHz) 122Vm−1 272Vm−1

Magnetic field strength (6.78MHz) 2.40Am−1 2.40Am−1

Electric field strength (13.56MHz) 60.8Vm−1 136Vm−1

Magnetic field strength (13.56MHz) 1.20Am−1 1.20Am−1

Table 3.5: IEEE C95.1-2005 maximum permissible exposure levels: general public and
occupational exposure

It is interesting to note that even though the IEEE standard and the ICNIRP guide-

lines have identical basic restrictions for thermal effects, the IEEE standard reference

levels are generally less stringent that those of the ICNIRP guidelines.

Within the IEEE standard, there are no basic restrictions or maximum permissible

exposure values for non-thermal effects at frequencies above 5MHz. Hence, non-thermal

effects arising from internal electric fields do not need to be considered when evaluating

compliance with the IEEE standards at the first two ISM bands.

In reality, depending on the power requirements of the application, it may not be

possible to deliver enough power to a load whilst at the same time keeping external

electric and magnetic field levels within the reference levels and/or the induced electric

fields and SAR within the basic restrictions. Hence, it would be necessary to define an

exclusion zone, outside of which it would be safe for humans to be physically present.

Naturally, for wirelessly powering a medical implant, it would not make sense to

define an exclusion zone at the receiving end for meeting the limits, since the device and

receiver coil are implanted inside the body. In addition, as will be studied in Chapter 4,

the presence of the human body with an implanted wireless power receiver can change the

magnetic field distribution greatly, so reference levels are not very useful in evaluating

compliance of wirelessly-powered medical implants. In these cases it is essential that

computational EM simulations are performed to determine a system’s safety. In fact,
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the ICNIRP guidelines’ definition of general public exposure excludes exposure during

medical procedures and the IEEE standards do not apply to patients under the direction

of medical professionals.

Nevertheless, these EM field limits and regulations imply that it is important to design

IPT systems with high link efficiencies, so that the required level of power can be delivered

to the receiver load with minimal magnetic field.

3.2.2 Device immunity and temperature rises

In order for any AIMD to be CE-marked (so that it can be traded on the EEA market) it

needs to comply with Directive 90/385/EEC on AIMDs [64]. With respect to EM fields,

that directive states that ‘Devices must be designed and manufactured in such a way as

to remove or minimize as far as possible: . . . risks connected with reasonably foreseeable

environmental conditions such as magnetic fields, external electrical influences, electro-

static discharge, pressure or variations in pressure and acceleration’. AIMDs that are

designed to meet the CENELEC EN 45502-1 standard [65] comply with the Directive in

terms of EM field immunity. The EN 45502-1 standard says that devices need to meet

the General Public Reference Levels from Council Recommendation 1999/519/EC [66],

which are in turn based on the 1998 ICNIRP reference levels. These were given in Ta-

ble 3.4. Effectively, this standard requires an exclusion zone to be set up for any WPT

system, outside of which the field levels are below the ICNIRP 1998 reference levels in

order to ensure that any AIMD such as a cardiac pacemaker still functions properly.

As previously mentioned for a wirelessly-powered medical implant, the combined heat-

ing from eddy current heating, dielectric heating and coil dissipation causes an overall

temperature rise in the human tissue. Eddy current heating and dielectric heating are a

result of the direct interaction between the high frequency electromagnetic fields and the

electrically conductive human tissue, so the exposure limits set by the ICNIRP guidelines

and the IEEE standard should ensure temperature rises in the body are within the limits.

However, for a medical implant with a wireless power receiver, there is heat dissipation

in the coil due to relatively large currents flowing through the coil. This source of heat-
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ing is not a direct effect of exposure to electromagnetic fields, but makes a significant

contribution to the overall temperature rise of the human tissue via direct contact with

the device. In order to meet the EN 45502-1 standard for CE marking, another aspect

that applies to wirelessly-powered implants is that a maximum temperature rise of 2 ◦C

on the outer surface of the medical device is permitted.

In addition, for WPT systems with an implanted receiver operating at below 100 kHz,

even though there are no thermal effects to evaluate, temperature rises still need to be

analysed due to coil dissipation.

3.2.3 MRI compatibility

In the past, it was standard medical practice for patients with implants to be excluded

from access to MRI due to safety concerns [67]. However, in recent years, many implant

manufacturers have been designing their medical devices to be ‘MR conditional’, which

means that they are safe to use in an MRI environment within certain limits specified on

implant labelling [67].

The design of an implanted receiver coil and the associated power electronics should

consider MRI compatibility. The relevant standards for the safety of humans and medical

implants in an MRI environment include IEC 62570 (Standard practice for marking

medical devices and other items for safety in the magnetic resonance environment), IEC

60601-2-33 (Particular requirements for the basic safety and essential performance of

magnetic resonance equipment for medical diagnosis), and ISO/TS 10974 (Assessment of

the safety of magnetic resonance imaging for patients with an active implantable medical

device) [68].

An MRI scan utilises the combination of a static magnetic field (typically 0.2T to

3T), a time-varying gradient magnetic field (in the extremely low frequency (ELF) re-

gion, with slew rates in the range of 20Tm−1 s−1 to 150Tm−1 s−1) and an radio frequency

(RF) magnetic field (typically in the tens of MHz) [69]. Due to the variety of frequen-

cies present, there are multiple effects on the human body and the implantable medical

devices. As this thesis focuses on WPT systems for medical implants, the effects of and
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limits on the RF magnetic fields will be discussed in this section, since the frequencies

of these magnetic fields are similar to the ones used for WPT systems. Information

on the static and ELF regions is available in the standards [68, 70, 71, 62] and other

resources [69].

The RF magnetic field will cause tissue heating due to energy absorption and the IEC

60601-2-33 standard specifies limits in terms of SAR, temperature rises and maximum

temperature. These are summarised in Tables 3.6 and 3.7. Normal operating mode means

there is no physiological stress to patients, whilst First-level controlled mode means there

may be physiological stress caused to patients which needs to be controlled by medical

supervision [70].

SAR (Wkg−1)
Partial body Localised region

Operating mode Whole body Any Head Head and trunk Extremities
Normal 2 2-10 3.2 10 20

First-level controlled 4 4-10 3.2 10 20

Table 3.6: SAR limits from IEC 60601-2-33

Temperature limits (◦C)
Operating mode Max. core temp. Max. local tissue temp. Rise of core temp.

Normal 39 39 0.5
First-level controlled 40 40 1

Table 3.7: Temperature limits from IEC 60601-2-33

3.3 The wirelessly-powered drone

The wirelessly-powered drone was developed within the Wireless Power Lab to showcase

the application of wireless power technology in flying vehicles and to illustrate the as-

sociated design obstacles (e.g. reliable operation under variable coupling) [72, 73]. It

has been demonstrated in the laboratory as well as various conferences and trade shows,

where members of the general public are able to see the system running live. Due to

the close proximity of spectators to the drone flying while being powered wirelessly, it is
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important to evaluate the safety of the system with respect to the general public exposure

limits of the ICNIRP guidelines and IEEE standards.

The operating frequency is 13.56MHz, which is in one of the unlicensed ISM bands.

At this frequency, only the thermal effects of exposure need to be considered, so 3D EM

simulations of the drone system with the human body model are performed to calculate

SAR. The process of setting up, configuring and performing simulations will be described

in detail in Chapter 4.

The transmitter pad consists of a 20 cm outer diameter 2-turn printed circuit board

(PCB) coil, with 1 oz copper (equivalent trace thickness of 35µm). The receiver coil

consists of the copper-plated propeller guards of the Hubsan H107L X4 quadcopter, with

a maximum dimension of 15.8 cm. The furthest distance between the two coils is 15 cm.

The demonstrator is placed in a 40 cm× 40 cm× 40 cm perspex box, with the trans-

mitter coil sitting at the bottom of the box. Therefore, the minimum distance a person

is situated from the system is 10 cm from the side of the transmitter coil’s outer edge

(or 20 cm from the centre of the transmitter coil in the horizontal direction), and 40 cm

above the transmitter coil (25 cm above the receiver coil/drone at its maximum height

from the transmitter).

Table 3.8 shows the characteristics of the coils at 13.56MHz from simulation. Also

obtained from simulations are the link characteristics and tuning parameters at 13.56MHz

for a distance of 15 cm using resonant tuning for maximum link efficiency (explained in

Chapter 2); these values are given in Table 3.9. The received power is assumed to be

15W.

Transmitter coil Receiver coil
Inductance 1.08µH 431 nH
Resistance 103mΩ 145mΩ
Q factor 888 253

Table 3.8: Transmitter and receiver coil characteristics for the drone system at 13.56MHz

By configuring the simulation set-up with the tuning capacitance, optimal load and

transmitter current given in Table 3.9, it is possible to obtain magnetic field strength

distributions in order to evaluate compliance with the thermal effect reference levels.
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Parameter Value
Coupling factor 3.29%

Maximum link efficiency 88.0%
Tuning capacitance 320 pF

Optimal load 2.26Ω
Reflected resistance 1.51Ω

Transmitter coil current 4.60A

Table 3.9: Link characteristics and parameters for drone system at 13.56MHz, over a
distance of 15 cm (received power: 15W)

Figure 3.1 shows the variation in the magnetic field strength with distance on axis from

the transmitter pad (in the vertical direction), which has been obtained from simulation

(blue). The drone and receiver coil are situated 15 cm above the transmitter coil. Also

shown are the reference level from ICNIRP (red) and the maximum permissible exposure

value from IEEE (brown), for the general public exposure scenario.

The magnetic field strength is within the ICNIRP reference level limit when a person is

situated more than 72.2 cm above the transmitter pad, and is within the IEEE maximum

permissible exposure limit when a person is more than 32.5 cm above the transmitter

pad.
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Figure 3.1: (Blue) Variation of magnetic field strength with distance on axis from trans-
mitter pad in vertical direction (Drone and receiver at 150mm); (Brown) IEEE maximum
permissible exposure value; (Red) ICNIRP reference level
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Figure 3.2 shows the variation in the magnetic field strength with distance in the

horizontal direction from the outer edge of the transmitter pad, which has been obtained

from simulation (blue). Also shown are the reference level from ICNIRP (red) and the

maximum permissible exposure value from IEEE (brown), for general public exposure.

The magnetic field strength is within ICNIRP reference level limit when a person

is situated more than 46.4 cm away from the outer edge of the transmitter pad in the

horizontal direction, and is within the IEEE maximum permissible exposure limit when

a person is more than 13.3 cm away from the outer edge of the transmitter pad in the

horizontal direction.

The distance from the outer edge of the transmitter pad in the horizontal direction at

which the magnetic field strength is within the ICNIRP reference level is 46.4 cm. The

magnetic field strength is within the IEEE standard at 13.3 cm from the outer edge of

the transmitter pad in the horizontal direction.
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Figure 3.2: (Blue) Variation of magnetic field strength with distance in horizontal direc-
tion from outer edge of transmitter pad; (Brown) IEEE maximum permissible exposure
value; (Red) ICNIRP reference level

According to the IEEE standard, the drone system is considered to be safe as the
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person is exposed to fields below the maximum permissible exposure values, even at the

edge of the box. However, since the ICNIRP reference levels are exceeded even when the

person is at the edge of the box, it is important to perform simulations with a human

body model in order to determine whether the SAR levels meet the basic restriction

limits.

Figure 3.3 shows the SAR distribution in the Nelly human body model when Nelly’s

head is situated 40 cm above the transmitter coil (and 25 cm above the receiver coil). The

maximum SAR when Nelly is in this position is 0.000 681 364Wkg−1 (at the neck/shoulder

region).

Figure 3.3: SAR distribution with Nelly’s head 40 cm above transmitter coil

Figure 3.4 shows the SAR distribution in Nelly, when her head is 10 cm from the

transmitter coil’s outer edge in the horizontal direction. The maximum SAR when Nelly

is in this position is 0.003 42Wkg−1 (at the forehead).

Despite external magnetic fields exceeding the ICNIRP reference levels for general

public exposure, the SAR levels are still extremely low compared to the basic restrictions.
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Figure 3.4: SAR distribution with Nelly’s head 10 cm from the transmitter coil’s outer
edge in the horizontal direction

This shows how conservative the reference levels are for scenarios where human body

exposure to high magnetic fields is very localised.

3.4 Summary

With respect to the design of WPT systems for implantable medical devices, the following

safety limits will be used as design constraints in the next chapter: maximum temperature

rise of 2 ◦C (from EN 45502-1), maximum SAR of 0.08Wkg−1 (whole body), 2Wkg−1

(head and trunk), and 4Wkg−1 (limbs) (from ICNIRP 1998 - General Public), and

maximum internal electric field of 915Vm−1 (from ICNIRP 2010 - 6.78MHz systems

only).

To ensure compatibility of the implanted receiver system within MRI environments,

electromagnetic and thermal simulations of the human body model and the medical

implant situated inside the MRI scanner will need to be performed to ensure the SAR

and temperature limits specified in Tables 3.6 and 3.7 are not exceeded, along with the

limits on the static magnetic fields and the time-varying gradient magnetic field. These

simulations are not within the scope of this thesis, but will need to be performed to make

75



sure that the implant is ‘MR conditional’.

In this chapter, the thermal and non-thermal effects of human exposure to the high-

frequency magnetic field generated by a WPT system were described. In addition, for

WPT systems with an implanted receiver, the additional coil dissipation’s contribution

to overall temperature rise was highlighted. The standards and guidelines that govern

the exposure of humans to EM fields, the maximum temperature rise of the surface of an

AIMD, an AIMD’s immunity to external EM fields, and MRI compatibility were outlined.

Lastly, using the Wirelessly-Powerered Drone experimental demonstrator as an example,

the process of evaluating a WPT system’s compliance with safety limits with 3D EM field

simulations was shown. The concepts, methods and procedures presented in this chapter

are important for understanding what additional constraints and objectives are relevant

when designing a WPT system for high-power medical implants; this will be the topic of

the following chapter.
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Chapter 4

Wireless power delivery for

high-power implantable medical

devices

The design of wireless power transfer (WPT) systems in free-space or air has been well

documented in a number of sources, in which the main design objective is to maximise

link efficiency [1, 2, 3]. The conditions for optimising the link efficiency of such WPT

systems were explained in Chapter 2.

However, for systems with a receiver coil and electronics implanted inside a patient,

the interaction between the high-frequency magnetic fields employed by WPT systems

and the electrically conductive biological tissue of the human body modifies the magnetic

link and the field distributions. Parameters that were chosen to be optimal in air, such

as frequency, coil geometry and receiver load, may need to be altered so that the system

achieves maximum link efficiency in the presence of the human body.

Furthermore, additional constraints and requirements have to be imposed, which in-

clude reducing specific absorption rate (SAR), internal electric fields and tissue tempera-

ture rises in order to meet relevant safety limits. These constraints are needed to minimise

the adverse health effects of a wirelessly-powered medical implant on the human body

(the safety constraints and the causes of the health effects were explained in detail in
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Chapter 3). They will influence more significantly the design of higher-power biomedical

devices such as ventricular assist devices and total artificial hearts (with the former typ-

ically requiring approximately 14W average power [23]); the design of WPT systems for

such devices is the focus of this chapter. Changing the design criteria allows a system

to be safer in the presence of human beings and to comply with relevant regulations.

Electromagnetic and thermal simulations with human body models are able to show the

effect of new design principles on not only the link efficiency of the system, but also SAR,

the internal electric field, and tissue temperature rises experienced by patients fitted with

these implants [74].

This chapter explores how the presence of living objects affects the characteristics of

the coils and the magnetic link of a WPT system, and how the parameters that optimise

the system in air differ from those for a system in which a receiver is implanted in a

patient. It also details the additional design constraints imposed on such systems, arising

from the need to meet safety limits. Results from electromagnetic and thermal simulations

are presented which illustrate the improvements to link efficiency and safety of a system

with these new parameters.

4.1 System and link analysis

4.1.1 Conditions for maximum link efficiency

The conditions for maximising the link efficiency of a WPT system in air were laid out

in Chapter 2. However, if the receiver of such a system is implanted inside a human

body, the expressions for the tuning capacitance and the optimal load for achieving the

theoretical maximum link efficiency will be different from a system in air. This is due to

the presence of a conductive medium, which alters the model of a wireless power transfer

system.

A WPT system can be considered as a two-port network, as illustrated in Figure 4.1.

Port 1 represents the transmitter end and Port 2 denotes the receiver end of the WPT

system. Two-port S-parameters (whether obtained via measurement with vector net-
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work analysers or from numerical simulations) for such a network can be converted

to Z-parameters using the equations in (4.1) [75], with Z0 denoting the characteristic

impedance, which is 50Ω in the simulations presented in this chapter.

I1 I2
k

+

−
V1

+

−
V2

Figure 4.1: Wireless power transfer system as two-port network with Z-parameters

Z11 =
(1 + S11)(1− S22) + S12S21

(1− S11)(1− S22)− S12S21

Z0

Z12 =
2S12

(1− S11)(1− S22)− S12S21

Z0

Z21 =
2S21

(1− S11)(1− S22)− S12S21

Z0

Z22 =
(1− S11)(1 + S22) + S12S21

(1− S11)(1− S22)− S12S21

Z0

(4.1)

The current-to-voltage relationships for this network are shown in Equations (4.2)

and (4.3):

V1 = Z11I1 + Z12I2 (4.2)

V2 = Z21I1 + Z22I2 (4.3)

Since a WPT system is a reciprocal network (Z12 = Z21), it can be represented by the

equivalent circuit shown in Figure 4.2 [75]. The two-port complex impedance quantities

in Figure 4.2 can be defined in terms of reactances, resistances and inductances, as given

by Equations (4.4), (4.5) and (4.6).
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+

VTX

ITX
ZTX − ZM ZRX − ZM IRX

+

−
VRXZM

Figure 4.2: Equivalent circuit of reciprocal two-port network in terms of Z-parameters

ZTX = RTX + jXTX = RTX + jωLTX (4.4)

ZRX = RRX + jXRX = RRX + jωLRX (4.5)

ZM = RM + jXM = RM + jωM (4.6)

ω is the frequency of operation multiplied by 2π. ZTX represents the complex impedance

of the transmitter coil and consists of its combined resistances, RTX, and its self-inductance,

LTX. ZRX is the complex impedance of the receiver coil and consists of its combined re-

sistances, RRX, and its self-inductance, LRX. ZM denotes the complex mutual impedance

between the transmitter and receiver coils. In air, ZM is purely imaginary and is equal

to jωM , where M is the mutual inductance. However, in the presence of conductive me-

dia, the real part of ZM , defined as a mutual resistance and denoted by RM , is typically

non-zero. This is mainly due to an additional magnetic field generated by eddy currents

in the human body, which are induced by the transmitter-generated magnetic field; this

additional magnetic field, which is 90◦ out-of-phase with the magnetic field generated by

the transmitter coil, induces another electromotive force (EMF) in the receiver coil.

The current-to-voltage relationships for the reciprocal network in Figure 4.2 in terms

of its complex impedances are given by Equations (4.7) and (4.8).

VTX = ZTXITX + ZMIRX (4.7)

VRX = ZMITX + ZRXIRX (4.8)

VTX in Equation (4.7) is the voltage of the transmitter coil and VRX in Equation (4.8)

is the voltage of the receiver coil. ITX is the current through the transmitter coil and IRX

is the current through the receiver coil. The induced EMF in the receiver coil, Vind, is
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represented in Equation (4.8) by ZMITX.

The expressions for optimal load and tuning capacitance to attain maximum efficiency

for a series-tuned system have been derived in [19] using ABCD parameters and are given

by Equations (4.9) and (4.10), respectively.

RL,opt =

√(
RTXRRX + (ωM)2

)
(RTXRRX −R2

M)

RTX

(4.9)

Ctune,opt =
1

ω2
(
LRX − MRM

RTX

) (4.10)

In air, where RM is equal to zero, Equations (4.9) and (4.10) simplify to expressions

that were presented in Chapter 2 for the tuning capacitance that resonates with the

receiver coil and for the optimal load.

The maximum link efficiency of this 2-port network is given by Equations (4.11)

and (4.12).

ηmax =
χ(

1 +
√
1 + χ

)2 (4.11)

χ =
|ZM |2

RTXRRX −R2
M

(4.12)

In air, where RM = 0, Equation (4.12) becomes χ = k2QTXQRX and the expression

for maximum link efficiency reduces to Equation (2.13) in Chapter 2.

4.1.2 A general link efficiency expression

If the same expressions for the tuning capacitance and optimal load in air (using resonant

tuning) were used for a WPT system with an implanted receiver, the maximum link

efficiency equation for air given in Chapter 2 would no longer be valid. This is because

when a WPT system operates in the presence of living objects, the real part of the

mutual impedance can no longer be assumed to be zero, due to additional magnetic fields
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generated by the circulating eddy currents in the human body. In addition, it would be

interesting to find out how attaching a non-optimal load resistance to the receiver affects

the link efficiency. Therefore, a more generalised link efficiency expression for a system

must be derived for any load resistance and tuning capacitance, given the Z-parameters

of a two-port network.

Firstly, let a complex load impedance ZL be written as in Equation (4.13), where RL

is the load resistance, XL is the reactance of the tuning capacitor and Ctune is the tuning

capacitance.

ZL = RL + jXL = RL − j

ωCtune

(4.13)

If ZL is attached to the receiver end as shown in Figure 4.3, the relationship between

the voltage and current at the receiver end is given by Equation (4.14).

−

+

VTX

ITX
ZTX − ZM ZRX − ZM IRX

ZL

+

−
VRXZM

Figure 4.3: Equivalent circuit of reciprocal two-port network in terms of Z-parameters
with an attached load ZL at the receiver end

VRX = −IRXZL (4.14)

Equation (4.8) then becomes:

−IRXZL = ZMITX + ZRXIRX (4.15)

Rearranging Equation (4.15) for IRX gives the following:

IRX = − ZM

ZRX + ZL

ITX (4.16)
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Plugging Equation (4.16) into Equation (4.7), the following equation is obtained:

VTX = ZTXITX − Z2
M

ZRX + ZL

ITX (4.17)

The total input impedance of the two port network is therefore:

ZIN =
VTX

ITX

= ZTX − Z2
M

ZRX + ZL

(4.18)

The link efficiency of the system is the ratio between the receiver load power and the

transmitted power. The received load power is given in Equation (4.19).

PR =
ℜ (ZL) |IRX|2

2
(4.19)

The transmitted power is given in Equation (4.20).

PT = ℜ
(
ZTX − Z2

M

ZRX + ZL

) |ITX|2
2

(4.20)

The link efficiency can therefore be expressed as in Equation (4.21):

ηlink =
PR

PT

=
ℜ (ZL) |IRX|2

ℜ
(
ZTX − Z2

M

ZRX+ZL

)
|ITX|2

=
RL|IRX|2

RTX −ℜ
(

Z2
M

ZRX+ZL

)
|ITX|2

(4.21)

Note that from Equation (4.16):

|IRX|2
|ITX|2

=

⏐⏐⏐⏐IRX

ITX

⏐⏐⏐⏐2
=

⏐⏐⏐⏐ ZM

ZRX + ZL

⏐⏐⏐⏐2
=

|ZM |2
|ZRX + ZL|2

=
R2

M +X2
M

(RRX +RL)
2 + (XRX +XL)

2 (4.22)
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Also,

ℜ
(

Z2
M

ZRX + ZL

)
= ℜ

(
R2

M −X2
M + j2RMXM

RRX +RL + j(XRX +XL)

)
= ℜ

(
R2

M −X2
M + j2RMXM

RRX +RL + j(XRX +XL)
· RRX +RL − j(XRX +XL)

RRX +RL − j(XRX +XL)

)
=

(R2
M −X2

M)(RRX +RL) + 2RMXM(XRX +XL)

(RRX +RL)2 + (XRX +XL)2
(4.23)

Hence, from Equations (4.21), (4.22), and (4.23), Equation (4.24) can be obtained,

which gives a general expression for link efficiency of a two port network in terms of its

z-parameters, when a resistive load RL and a reactive load XL are connected in series to

the output.

ηlink =
RL(R

2
M +X2

M)

RTX

(
(RRX +RL)

2 + (XRX +XL)
2)

+ (X2
M −R2

M) (RRX +RL)− 2RMXM (XRX +XL)

(4.24)

Out of interest, the optimal load parameters for a WPT system can be calculated

directly from the Z-parameters of the two-port network (as opposed to the ABCD pa-

rameters in [19]). The derivation involves finding values of XL and RL that maximise

ηlink.

Firstly, by inspection, it can be seen that in order to maximise ηlink with respect to

XL, the denominator of Equation (4.24) needs to be minimised with respect to XL.

The derivative of the denominator in Equation (4.24) with respective to XL is:

2RTX(XRX +XL)− 2RMXM (4.25)

Setting the expression in (4.25) to zero and re-arranging for XL = XL,opt, the reactive

load required for maximising link efficiency is obtained:

XL,opt =
RMXM

RTX

−XRX (4.26)
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The equivalent tuning capacitance is then calculated using:

Ctune,opt =
−j

ωXL,opt

(4.27)

The maximum link efficiency with respect to the resistive load RL can be found

by substituting XL = XL,opt into Equation (4.24) and differentiating the resulting link

efficiency expression with respect to RL:

ηlink =
A1RL

A2R2
L + A3RL + A4

(4.28)

where

A1 = RTX(R
2
M +X2

M)

A2 = R2
TX

A3 = 2R2
TXRRX +RTXX

2
M −RTXR

2
M

A4 = R2
TXR

2
RX +RTXX

2
MRRX −RTXR

2
MRRX −R2

MX2
M

(4.29)

dηlink
dRL

=
A1(A2R

2
L + A3RL + A4)− A1RL(2A2RL + A3)

(A2R2
L + A3RL + A4)2

(4.30)

Assume that the denominator of derivative of the link efficiency in Equation (4.30)

is non-zero. Letting the numerator of Equation (4.30) equal to zero, and rearranging for

RL = RL,opt gives the load resistance for maximising link efficiency:

RL,opt =

√
(RTXRRX +X2

M) (RTXRRX −R2
M)

RTX

(4.31)

One can observe that if RM = 0 for a system in air or free-space, then Equations (4.31)

and (4.26) for optimal load and series tuning capacitance reduce to those for resonant

coupling and maximum link efficiency in air that were introduced in Chapter 2.

The input impedance of the circuit in Figure 4.3 was derived and is given by Equa-

tion (4.18). From this equation, it can be seen that the input impedance consists of the

transmitter coil’s own impedance ZTX and the reflected impedance, Zrefl, which is given
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by Equation (4.32).

Zrefl = − Z2
M

ZRX + ZL

(4.32)

The reflected impedance can now be calculated for any load resistance and tuning capac-

itance, given the mutual impedance and the impedance of the receiver coil.

4.1.3 Coil currents and voltages

The currents through and the voltages across the coils for a wireless power transfer system

given the received power PRX, load resistance RL and tuning capacitance Ctune and the

impedance parameters of the two-port network (ZTX, ZRX and ZM) can now be derived.

The current through the receiver coil IRX in terms of the received power PRX and load

resistance RL is calculated by the following equation:

IRX = −
√

2PRX

RL

(4.33)

The voltage across the receiver coil VRX is given by the following equation:

VRX = −IRXZL

= −IRX

(
RL − j

ωCtune

)
=

√
2PRX

RL

(
RL − j

ωCtune

)
(4.34)

The required induced EMF at the receiver coil due to a current at the transmitter

coil is given by:

Vind = −IRX (ZRX + ZL)

= −IRX

(
RRX + jωLRX − j

ωCtune

+RL

)
=

√
2PRX

RL

(
RRX + jωLRX − j

ωCtune

+RL

)
(4.35)

The transmitter coil current needed to induce the required EMF at the receiver coil
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is given by:

ITX =
Vind

ZM

=
1

RM + jωM

√
2PRX

RL

(
RRX + jωLRX − j

ωCtune

+RL

)
(4.36)

Lastly, the transmitter coil voltage is given by:

VTX = ITXZTX + IRXZM

=
RTX + jωLTX

RM + jωM

√
2PRX

RL

(
RRX + jωLRX − j

ωCtune

+RL

)
−
√

2PRX

RL

(RM + jωM) (4.37)

It is possible to select a load resistance that minimises the voltage across the receiver

coil. This can be done to limit the electric fields present in the human body caused by

the receiver coil. The square of the absolute value of the receiver coil voltage is:

|VRX|2 =
2PRX

RL

(
R2

L +

(
1

ωCtune

)2
)

= 2PRXRL +
2PRX

RL

(
1

ωCtune

)2

(4.38)

Differentiating Equation (4.38) and equating to zero gives:

d |VRX|2
dRL

= 0

2PRX − 2PRX

R2
L

(
1

ωCtune

)2

= 0 (4.39)

Rearranging Equation (4.39) for RL gives:

RL =
1

ωCtune

(4.40)

If resonant tuning is used, where − j
ωCtune

= jωLRX, then Equation (4.40) can be
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expressed as:

RL = ωLRX (4.41)

The resulting expression for VRX with the load resistance given in Equation (4.40) is:

VRX =

√
4PRX

ωCtune

(4.42)

4.2 Design methods and simulations

In this section, design methods taking into account the safety issues and the interaction

between WPT systems and the human body discussed in Chapter 3 are introduced.

In the analyses and simulations that follow, it is assumed that both the transmitter

coil and the receiver coil are planar square spirals with a thin, rectangular cross-section.

The thickness of the conductor is assumed to be 70 µm, which is the typical trace thickness

of printed circuit boards (PCBs) constructed with 2 oz copper.

The receiver coil, being implanted in the chest area 1 cm underneath the outer surface

of the skin, has a maximum outer dimension of 5 cm for patient comfort and is of the

same order of magnitude as the size of left ventricular assist devices (LVADs). It is en-

capsulated in polydimethylsiloxane (PDMS), a type of medical-grade silicone, to prevent

direct electrical contact with the biological tissue; the thickness of this coating is 300 µm,

which is the optimal thickness for PCBs in human tissue [16]. The trace width is chosen

to be 3mm, with a trace spacing of 3mm. The receiver coil is intended to be implanted

a maximum of 1 cm inside the abdomen within the subcostal region (under the ribs); this

is where existing driveline incisions for LVADs are situated. The depth of the coil need

not be too great, as wires can run from the coil to the LVAD located in the thoracic

region. Figure 4.4 is a diagram of the encapsulated receiver coil. Figures 4.5 and 4.6

show the position of the receiver inside the human body model (side-view and top-view,

respectively).

In terms of the transmitter coil and the coil separation distance, two different sce-

narios are analysed and simulated. In both scenarios, it is assumed that there is perfect
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Figure 4.4: Receiver coil, with 0.3mm encapsulation shown in green

Figure 4.5: Position of encapsulated receiver coil in human body model (cross-section,
side view)
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Figure 4.6: Position of encapsulated receiver coil in human body model (cross-section,
top view)

alignment between the transmitter coil and the receiver coil. The first case involves a

short-range power transfer between a small external transmitter and an implanted re-

ceiver. The transmitter coil is designed to be worn on the body in a vest and has a

maximum outer dimension of 10 cm. This size allows for good magnetic field coverage

and offset tolerance, but most importantly is small enough to ensure patient comfort and

freedom to move around when the vest is worn. The trace width of the transmitter coil

is 4mm, with a trace spacing of 4mm. Figure 4.7 shows a diagram of this transmitter

coil. The maximum distance between the two coils is 2 cm (centre of coils on axis).

Figure 4.7: Smaller transmitter coil for short-range power transfer
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The second scenario consists of a transmitter situated further away from the receiver

coil and the patient; the maximum distance between the coils is 30 cm. For longer dis-

tances, the transmitter coil needs to be much larger to maintain adequate flux coverage

across the receiver coil. For this case, a maximum dimension of 50 cm is chosen. The

trace width of the transmitter coil is 15mm, with a trace spacing of 10mm. Figure 4.8

shows a diagram of this transmitter coil. This setup has the advantage of being able to

power an implantable medical device without wearing an additional vest on the body,

thus eliminating the weight of the transmitter coil, power electronics and batteries that

the patient would have had to carry on them. The implant could be powered whilst

the patient is sitting down or sleeping, with the transmitter placed behind a chair or

underneath a mattress.

Figure 4.8: Larger transmitter coil for longer-range power transfer

Planar spiral coils are preferred as implants due to the small volume that they occupy

under the skin or in the chest cavity. They can be easily manufactured as they are

able to be printed on a substrate like a PCB. Planar flat coils are also chosen for the

transmitter pad, as it would also be preferable to have something lightweight and thin on
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the surface of the body for patient comfort or against furniture. Helical coils add volume

and, therefore, do not work well as vest coils or implantable coils, or as an unobtrusive

addition to existing furnishings.

The received power is 15W, which is the maximum amount required by LVADs [23].

The receiver coil is series tuned, and it is assumed in both the simulations and analyses

that the receiver load does not dissipate any heat.

The effects of varying the following parameters on link efficiency and heating will be

studied in this chapter: frequency, number of turns, tuning configuration and receiver

load.

4.2.1 Simulation overview and configuration

Electromagnetic field simulations are carried out with CST Microwave Studio, a well-

known commercial full-wave 3D high-frequency electromagnetic (EM) field simulator. It

offers two types of solvers: the transient solver (using the Finite Integration Technique)

and the frequency domain solver (using the Finite Element Method). The HUGO hu-

man body voxel model and those from the CST Voxel Family (Gustav, Laura, Katja

(pregnant), baby, child, etc.) can only be used with the hexahedral structured mesh

and transient solver. The consequence is that simulations with small details (e.g. the

implanted receiver coil trace) but large overall dimensions (e.g. the human body) may

take a long time to simulate, but it is nevertheless required when running simulations

with voxel models to calculate the electromagnetic fields and SAR in the body. A range

of voxel resolutions is available for use; the smallest voxel size that can be simulated is

1mm× 1mm× 1mm.

However, if voxel models are not required, the frequency domain solver is generally

more suitable for inductive power transfer (IPT) scenarios. This is because the frequency

domain solver uses an unstructured tetrahedral mesh, so small details do not greatly

slow down the overall simulation time, especially for electrically small structures. CAD

human body models, such as Nelly, are available for use with the frequency domain

solver to evaluate SAR and electromagnetic fields in a body. As very thin coils are being
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used for the implanted receiver and the structures are electrically small compared to the

wavelegth, the frequency domain solver with the Nelly human body model will be used

in simulations in this chapter. According to the CST Studio Suite Help Documentation,

Nelly is ’based on the work of the National Library of Maryland’s research laboratory,

who dissected, then photographed, a frozen female corpse.’ [76]. The dielectric properties

of the various types of biological tissues are generated using a macro provided by CST,

and these are based on a 4-Cole-Cole model with parameters for each tissue type given

by Gabriel et al. [77]. The dielectric properties of the metals are also provided by CST,

whilst those of the silicone coating were obtained from other references [78]. Simulations

that do not involve the human body are also run with the frequency domain solver.

A 1-coil S-parameter simulation can be performed in order to find out a coil’s induc-

tance and resistances (assuming a resistor-inductor (RL) coil model with an inductance

L in series with a frequency-dependent resistance R), from which the Q factor can be

evaluated over a range of frequencies. The resistance of a coil consists of a combination

of the coil’s skin effect and radiation losses, as well as eddy current losses and dielectric

losses due to interaction of electromagnetic field with biological tissue.

A 2-coil S-parameter simulation can be used to find the mutual impedance between

the transmitter and receiver coils at a desired separation distance. The theoretical maxi-

mum link efficiency, the required optimal load resistance, the tuning capacitance and the

transmitter current for delivering 15W to the receiver load at a particular frequency can

then be derived from the Z-parameters of the two-port network.

After performing a 2-coil S-parameter simulation and calculating the link parameters

to deliver 15W to the receiver load at a certain frequency, the fields need to be combined

in order to obtain the correct SAR and internal electric field for a particular load resistance

and received power. Lastly, thermal simulations can be performed with the correct losses

to obtain the corresponding temperature rises. Instead of re-running the entire simulation

again with the capacitor and resistor attached to the receiver end as a lumped element,

CST provides a circuit simulator, where circuit elements can be attached to the external

ports of a EM field simulation block, for which S-parameters have already been calculated.
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Using the circuit simulator, it is a straightforward process to attach the tuning capacitor

and the receiver load to the receiver end of the two-port network. The transmitter coil

is driven by a current source, which is configured appropriately to provide the correct

magnetic field for the desired power to be consumed in the load. This method is valid for

as long as the system can be considered linear (non-linearities may be introduced through

the use of ferrites at high power levels where saturation may occur due to large currents

and magnetic fields).

Thermal simulations are performed to find out the magnitude and distribution of the

temperature rises in the human body due to the combination of dielectric heating, eddy

current heating and coil resistive losses. These simulations are performed using CST

MPhysics Studio, using the power loss distributions (surface losses for lossy metals and

electric volume losses for normal dielectric materials) calculated from CST Microwave

Studio. The thermal properties of air, copper and the various types of biological tis-

sues are provided by CST, whilst those of the silicone coating are obtained from other

references [78]. The thermal solver from CST MPhysics Studio also takes into account

various biological cooling and heating mechanisms, including blood perfusion and basal

metabolism, using a bioheat equation [76]. Convection of heat from the human body

model to the surroundings was considered, and the convective heat transfer coefficients

are obtained from [79].

4.2.2 Frequency and coil geometry

Chapter 2 explained how the resistance of a coil is frequency dependent. In air, the total

resistance consists of AC coil losses (incorporating both the skin effect and proximity

effect) and radiation losses. In the presence of a human body, there are two main ad-

ditional losses. One source of losses is caused by eddy currents in the biological tissue,

which is a result of the coil’s high frequency magnetic field passing through the human

body. Another source of losses is the dielectric loss due to the voltages between turns and

across the coil, which produce electric fields that pass through conductive tissue. How

these losses and coil Q factors vary with different parameters such as frequency, number

94



of coil turns and distance will be explored within this chapter. However, since WPT

systems make use of a high-frequency magnetic field to deliver power, it is the tissue

eddy current losses that will make up the bulk of the additional losses, and therefore will

be the focus of this chapter.

The selection of frequency is mainly influenced by three factors. Firstly, it may be

chosen to maximise link frequency, which in turn is influenced by the coils Q factors and

the coupling factor of the magnetic link. The Q factor of a coil is frequency-dependent,

but does not increase linearly with frequency. This is because a coil’s resistance, which

generally rises with frequency, is composed of alternating current (AC) coil losses and

radiation losses, in addition to the human body losses as a result of eddy currents and

high voltages. (Coil inductance is assumed to be constant with frequency.)

Secondly, the frequency selection should also consider the efficiency of the power

electronics. Typically, switching losses increase with frequency, as the rise and fall times

of the switching devices become comparable to the switching time. However, recent

developments in highly efficiency soft-switching resonant inverters and rectifiers means

that operating at high frequencies becomes feasible and efficient.

Thirdly, the frequency is chosen considering the interaction between the high-frequency

magnetic field and the human body, and vice-versa. Compared with air, the Q factor of

the coils is lower when placed in the vicinity of the body; this difference in Q factor is

greater at higher frequencies. Therefore, the frequency at which link efficiency is max-

imised would be much lower than that for a system in air. Another issue to consider is

how the amount of heating and the magnitude of temperature rises change at different

frequencies for the same received power. In addition, it is preferable to operate at indus-

trial, scientific and medical (ISM) band frequencies as they are unlicensed. 6.78MHz and

13.56MHz, the first two ISM bands, will be considered and compared throughout this

chapter.

In the presence of the human body, the Q factors of the implanted receiver coil and

both types of transmitter coil vary with the number of turns, at both 6.78MHz and

13.56MHz.
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Figure 4.9 shows the Q factor of the human-implanted receiver coil, obtained from

electromagnetic simulation using CST Microwave Studio. For both ISM band frequencies,

it falls with the number of turns, which means a single turn loop has the greatest Q factor.

The receiver coil, being placed under the skin, is surrounded by conductive tissue, so the

losses in the human body are causing the Q factor to deteriorate quite significantly with

the number of turns. In addition, the coil Q factors are generally lower at 13.56MHz

than at 6.78MHz. At a higher frequency, the eddy current losses in the human body

are greater, causing the Q factor to be smaller, and to deteriorate more rapidly with the

number of turns.

Also shown in Figure 4.9 is the Q factor of the receiver coil in air at both frequencies.

In air, the Q factor increases with the number of turns until it reaches a peak at 3 turns,

after which it drops. This occurs at both of the ISM band frequencies. The Q factors at

13.56MHz are greater than those at 6.78MHz for all number of turns from 1 to 4. When

implanted in the human body, the Q factor of the receiver coil is generally lower than

that in air, due to the extra losses from being in the presence of the human body.
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Figure 4.9: Variation of receiver coil Q factor with number of turns and frequency

Figure 4.10 shows the variation of the Q factor of the smaller transmitter coil with the

number of turns, as used in the short-range scenario. At 1 and 2 turns, the Q factors of

the coil at 13.56MHz are greater than the corresponding values at 6.78MHz. However,
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at 3 and 4 turns, the Q factors of the coil at 13.56MHz are lower than those at 6.78MHz.

At 6.78MHz, the Q factor increases with number of turns, but at 13.56MHz, the Q factor

only increases from 1 to 3 turns, after which it starts to fall.
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Figure 4.10: Variation of smaller transmitter coil Q factor with number of turns and
frequency

Figure 4.11 shows the variation of the Q factor of the larger transmitter coil with

the number of turns, as used in the longer-range scenario. Only 1- and 2-turn coils are

considered, as this type of coil has a greater electrical length especially at 13.56MHz.

Therefore, with a higher number of turns, radiation would become more dominant [42].

Also, the parasitic capacitance is larger with this type of coil, so the system would be

operating much closer to the transmitter coil’s self-resonant frequency. In the presence of

a human body, with only 1 turn, the Q factor of the coil at 13.56MHz is greater than that

at 6.78MHz. With 2 turns the coil Q factor is greater at 6.78MHz than at 13.56MHz.

Figures 4.12, 4.13, 4.14 and 4.15 show the link efficiency for all combinations of turns,

for the following scenarios and frequencies: short-range 6.78MHz, short-range 13.56MHz,

longer-range 6.78MHz and longer-range 13.56MHz. Table 4.1 shows for each frequency

and scenario the maximum link efficiencies and the turns combination used to achieve

them.

The variation of the coil Q factors and system link efficiency over a range of frequencies

can be studied further by running a broadband S-parameter simulation. Figure 4.16

shows the variation of the Q factor of a 2-turn receiver coil with frequency from 1MHz
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Figure 4.11: Variation of larger transmitter coil Q factor with number of turns and
frequency
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Figure 4.12: Link efficiency at 6.78MHz in short-range scenario: variation with number
of turns

Scenario Frequency NTX NRX ηlink
Short-range 6.78MHz 4 2 0.953
Short-range 13.56MHz 4 1 0.952
Longer-range 6.78MHz 2 2 0.316
Longer-range 13.56MHz 2 1 0.305

Table 4.1: Maximum link efficiency and turns combination for each scenario and frequency
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Figure 4.13: Link efficiency at 13.56MHz in short-range scenario: variation with number
of turns
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Figure 4.14: Link efficiency at 6.78MHz in longer-range scenario: variation with number
of turns
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Figure 4.15: Link efficiency at 13.56MHz in longer-range scenario: variation with number
of turns

to 20MHz, both in air and when implanted in the human body. Figure 4.17 shows the

variation of the Q factor of a 4-turn transmitter coil over the same frequency range. In

the presence of the human body, the maximum Q factor of the implanted receiver coil is

147 at a frequency of 5.77MHz and the maximum Q factor of the transmitter coil is 269

at a frequency of 8.18MHz. At those frequencies, the receiver Q factor in air is 179 and

the transmitter Q factor in air is 365. The negative effect of the presence of the human

body on the Q factor is very clear, especially at higher frequencies.

Figure 4.18 shows the resulting link efficiency of the short-range system over the

same frequency range. The maximum link efficiency of the system in the presence of the

human body is 0.953 at a frequency of 7.18MHz, which is in between the frequencies

that maximise the Q factor of the two coils. At the same frequency, the maximum link

efficiency of the system in air is 0.964. Again, the presence of the human body causes the

link efficiency to deteriorate, and this effect is more pronounced at higher frequencies.

Figure 4.19 is an equivalent circuit model of a coil that is implanted in the human

body. In air, the coil model consists only of the series combination of Lcoil (inductance of
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Figure 4.16: Receiver coil Q factor (NRX = 2)
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Figure 4.17: Smaller transmitter coil Q factor (NTX = 4)
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Figure 4.18: Maximum link efficiency of system with 4-turn smaller transmitter coil and
2-turn receiver coil

the coil) and Rcoil (combination of the AC loss and the radiation resistances of the coil).

However, in the presence of a human body, there is an additional series resistance Rbody

which represents the losses due to eddy currents circulating in the body and a parallel

capacitance Cbody due to the relative permittivity of the surrounding tissue material.

Both Rbody and Rcoil are frequency dependent. Cbody does have an ESR associated with

it representing the dielectric losses due to the electric fields in the conductive tissue. This

value depends on the frequency-dependent complex permittivity or loss tangent of the

tissue surrounding it, and can be calculated by Equation (4.43), where tan δ is the loss

tangent of the surrounding tissue. Table 4.2 shows the relative permittivity, conductivity

and loss tangent of several tissue types at 6.78MHz. The effect of the ESR of the parasitic

capacitance is small, as the main form of heating is from eddy currents due to magnetic

fields, so it will be ignored.

ESR =
tan δ

ωCbody

(4.43)

The values of Cbody and Rbody can be obtained via simulations of the coil in air and in

the presence of the human body. Firstly, a simulation of the coil in air gives the value of

Lcoil and Rcoil. Secondly, a simulation of the coil in the presence of a human body gives

an equivalent coil impedance Zeq, consisting of a resistor Req in series with an inductor
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Figure 4.19: Equivalent circuit model of coil inside human body

Tissue Relative Loss
type permittivity Conductivity tangent
Fat 16.318 0.027 775 Sm−1 4.5129

Muscle 233.27 0.602 10 Sm−1 6.8431
Skin (dry) 478.4 0.147 12 Sm−1 0.8153

Table 4.2: Dielectric properties of several tissue types at 6.78MHz

Leq.

An expression for the equivalent coil impedance, in term of the quantities in the circuit

in Figure 4.19 can be derived:

Zeq = Req + jωLeq

=
(Rall + jωLcoil)

1
jωCbody

Rall + jωLcoil +
1

jωCbody

=
Rall + jωLcoil

1− ω2LcoilCbody + jωRallCbody

=
Rall(1− ω2LcoilCbody) + ω2LcoilRallCbody + jωLcoil(1− ω2LcoilCbody)− jωR2

allCbody

(1− ω2LcoilCbody)2 + (ωRallCbody)2

=
Rall + jωLcoil(1− ω2LcoilCbody)− jωR2

allCbody

(1− ω2LcoilCbody)2 + (ωRallCbody)2
(4.44)

where

Rall = Rcoil +Rbody (4.45)

Equating the real and imaginary parts of the equivalent coil impedance in Equa-
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tion (4.44) gives a pair of simultaneous equations:

Req =
Rall

(1− ω2LcoilCbody)2 + (ωRallCbody)2
(4.46)

Leq =
Lcoil(1− ω2LcoilCbody)−R2

allCbody

(1− ω2LcoilCbody)2 + (ωRallCbody)2
(4.47)

Since there are two equations (Equations (4.46) and (4.47)) with two unknowns (Cbody

and Rbody), it is possible for the solutions to be found:

Cbody =

√
(σ1 − 2ωLcoilReq)(σ1 + 2ωLcoilReq) + σ1 − 2ω2LcoilLeq

2ω2Lcoilσ1

(4.48)

Rbody =
σ1 −

√
(σ1 − 2ωLcoilReq)(σ1 + 2ωLcoilReq)

2Req

−Rcoil (4.49)

where

σ1 = R2
eq + (ωLeq)

2 (4.50)

For a 2-turn receiver coil at 6.78MHz, the first simulation in air gives Lcoil = 322 nH

and Rcoil = 71.3mΩ. The second simulation in the human body provides the following

values: Leq = 324 nH and Req = 95.2mΩ. The resulting additional parasitic capacitance

due to the human tissue is Cbody = 9.61 pF and the additional coil series resistance due

to the eddy currents in the human tissue is Rbody = 22.8mΩ.

Note that Rbody represents the additional reflected resistance of the human body

losses on the receiver coil. To understand the effect of changing the frequency on the

power losses in the human body, it is useful to define another resistance Reddy. What

Reddy represents is the overall resistance that the eddy currents in the human body pass

through, due to an induced voltage in the body caused by an external magnetic field

from a coil. Therefore, a human body can also be modelled as a receiver with a separate

induced voltage across Reddy. The eddy currents in the body are approximately 90◦

out-of-phase with respect to the transmitter coil current and magnetic field, as with the

current in the receiver coil and load. This added reflected resistance due to the human
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body eddy current losses on the receiver coil can be represented by:

Rbody =
(ωMbody)

2

Reddy

(4.51)

where Mbody is the hypothetical mutual inductance between the coil and the human body.

The numerator of the Equation (4.51) increases with the square of frequency. Also,

conductivity of most tissue types increases with frequency (see Table 4.3), so Reddy in the

denominator will decrease accordingly with frequency. The overall effect is that increasing

the frequency makes the reflected resistance Rbody larger, which causes the coil Q factor

to fall. Taking muscle as an example, its conductivity changes from 0.6021 Sm−1 at

6.78MHz to 0.628 18 Sm−1 at 13.56MHz. This represents a decrease in Reddy of 4.33%,

when the frequency is doubled. Putting these changes together, there is an expected

increase in the reflected resistance Rbody of 4.17 times on the receiver coil when operating

frequency is increased from 6.78MHz to 13.56MHz.

Conductivity Sm−1

Tissue type 6.78MHz 13.56MHz
Fat 0.027775 0.030354

Muscle 0.6021 0.62818
Skin (dry) 0.14712 0.23802

Table 4.3: Conductivity of several tissue types at the first two ISM bands

Looking back at the short-range results in Table 4.1, despite the small variation in

maximum link efficiency between the two ISM band frequencies, there may still be a

significant difference in heating (SAR) and temperature rise. In addition, it is important

to find out whether using receiver coils with a different number of turns that do not result

in maximum link efficiency for a particular frequency, leads to lower SAR and temperature

rise. Table 4.4 shows the maximum link efficiencies for the short-range scenario, for each

of the ISM band frequencies and receiver coil turns from 1 to 2 (using a 4-turn transmitter

coil).

Table 4.5 shows the simulated maximum SAR (averaged over 10 g of tissue) and

maximum temperature in the human body for each of these combinations. Also shown

are the magnetic field strength at the centre of the receiver coil, the power dissipation
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Frequency NRX ηlink
6.78MHz 1 0.952
6.78MHz 2 0.953
13.56MHz 1 0.952
13.56MHz 2 0.942

Table 4.4: Maximum link efficiency for each frequency, and receiver coil turns from 1 to
2 (in the short-range scenario, NTX = 4)

in the entire human body model Pbody, and the receiver coil dissipation Pcoil-RX. It is

assumed that the ambient temperature is 20 ◦C and the initial temperature of the human

body is 37 ◦C.

Frequency NRX Max. SAR Max. Temp H-field Pbody Pcoil-RX

6.78MHz 1 1.80Wkg−1 39.5 ◦C 93.3Am−1 96.9mW 343mW
6.78MHz 2 3.43Wkg−1 38.9 ◦C 124Am−1 139mW 286mW
13.56MHz 1 8.76Wkg−1 39.3 ◦C 61.5Am−1 266mW 257mW
13.56MHz 2 13.8Wkg−1 39.6 ◦C 75.0Am−1 454mW 178mW

Table 4.5: Maximum SAR and temperature, H-field at centre of receiver coil and power
dissipation for each frequency, and NRX from 1 to 2 (in the short-range scenario, NTX = 4)

Higher SAR does not necessarily equate to higher temperature rises in the body.

At 6.78MHz, by increasing the turns from 1 to 2, the maximum SAR has risen from

1.80Wkg−1 to 3.43Wkg−1. However, the maximum temperature in the body has dropped

from 39.5 ◦C to 38.9 ◦C. Even though a higher number of turns means the magnetic field

in the centre of the receiver coil has increased from 93.3Am−1 to 124Am−1 (leading to

an increase in the dielectric losses in the human body from 96.9mW to 139mW), the

coil dissipation has dropped from 0.343W to 0.286W. Coil dissipation plays an impor-

tant role in the magnitude of temperature rises in the body, but this information is not

captured by SAR, which is only concerned with the direct interaction of EM fields with

the conductive human tissue. The difference in temperature rises and maximum SAR

between 1 and 2 receiver coil turns is also not clear from the comparison of link efficiencies

only, so relying on link efficiency is not sufficient to ensure lowest SAR or temperature

rise.

Increasing the frequency or the number of coil turns leads to greater tissue heat

absorption due to an EM field but lower heat dissipation due to coil currents. Therefore,
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the optimal selection of frequency and number of turns should be made so as to balance

out tissue heat absorption and coil dissipation.

In addition, with a receiver coil turn of 1, even though the maximum SAR at 13.56MHz

is significantly greater than that at 6.78MHz, the maximum temperature rise does not

reflect this difference in SAR, as it drops slightly from 39.5 ◦C at 6.78MHz to 39.3 ◦C at

13.56MHz. Again, this is due to the fall in coil dissipation from 343mW at 6.78MHz to

257mW at 13.56MHz, despite a rise in the dielectric loss in the entire human body from

96.9mW at 6.78MHz to 266mW at 13.56MHz

In the short range system, where the coil separation is small and the transmitter loop

area is not very large compared to the receiver loop area, coupling factor does indeed

change with the number of turns, as shown in Figure 4.20. The expression for mutual

inductance in Equation (2.6) is not valid for this case, as the magnetic field cannot be

considered to be constant over the area of the receiver coil. In addition, in the case of a

spiral coil, the average length of one side of the coil decreases and the average or effective

area of the coil changes with the number of turns. A more accurate means of calculating

mutual inductance of planar spiral coil is available in [80].
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Figure 4.20: Variation of coupling factor with number of turns of the transmitter coil,
for the short-range scenario with NRX = 2
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4.2.3 Using resonant tuning equations

It would be interesting to see the effect of using the load resistance and tuning capacitance

expressions in Chapter 2 for a system in air (referred to as ‘resonant tuning’), instead

of the optimal tuning expressions for maximum link efficiency described in this chapter.

Tables 4.6 and 4.7 show the change in the system parameters when switching from the

optimal tuning expressions to the resonant tuning expressions, at two different frequencies

(ISM band frequencies of 6.78MHz and 13.56MHz, respectively) with the short range

scenario, NTX = 4 and NRX = 2. As the receiver coil is not very deeply implanted, the

distances are small and the coil areas are not very large, the effect of switching the tuning

mode on the maximum link efficiency may actually be quite minimal, especially at lower

frequencies. In comparison, the tolerances of real-life components, such as the values

of the tuning capacitors and the non-linearities introduced by the voltage-dependent

capacitance of the rectifier diodes would be more significant. For example, the Vishay

QUAD HIFREQ series surface mount capacitors used in the experiments that will be

described in Chapter 5 have a tolerance of 10% [81].

Parameter Optimal Resonant
tuning tuning

Cser 1.79 nF 1.70 nF
RL 3.88Ω 3.94Ω
ηlink 95.3% 95.3%
ITX 1.69A 1.68A

ZTX−refl (10.7− 1.88j)Ω (10.9− 0.0889j)Ω

Table 4.6: Comparison of system parameters with optimal tuning and resonant tuning
at 6.78MHz

Parameter Optimal Resonant
tuning tuning

Cser 484 pF 420 pF
RL 9.28Ω 10.0Ω
ηlink 94.2% 93.8%
ITX 1.35A 1.30A

ZTX−refl (16.9− 7.04j)Ω (18.2− 0.442j)Ω

Table 4.7: Comparison of system parameters with optimal tuning and resonant tuning
at 13.56MHz
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The reflected impedance seen at the transmitter coil needs to be considered, as this

could affect the operation of the inverters that are used to drive the coils with a high fre-

quency AC current. Optimal tuning leads to a larger negative reactance appearing at the

transmitter coil than resonant tuning. As this reactance is in series with the coil induc-

tance, it serves to reduce the inductance seen by the coil driver circuit. For example, this

reduction in inductance across the output of the load independent Class EF inverter [82]

could affect its ability to maintain zero-voltage switching and constant current output.

In addition, there is a difference in terms of heating (maximum SAR) and tempera-

ture rise in the human body between optimal tuning and resonant tuning, as shown in

Table 4.8. Using the resonant tuning expressions in Chapter 2 for a system in air gives a

higher level of SAR and tissue temperature rise.

Frequency Tuning Max. SAR Max. Temp
6.78MHz Optimal 3.43Wkg−1 38.9 ◦C
6.78MHz Resonant 3.73Wkg−1 39.2 ◦C
13.56MHz Optimal 13.8Wkg−1 39.6 ◦C
13.56MHz Resonant 17.0Wkg−1 40.3 ◦C

Table 4.8: Maximum SAR and temperature for each frequency and tuning type (in the
short-range scenario, NTX = 4, NRX = 2)

4.2.4 Magnetic field distribution

For wirelessly-powered implanted medical devices, tissue heating is caused not only by

the magnetic field generated by the transmitter, but also, and more significantly, by the

resistive losses in the receiver coil and the magnetic field generated by the receiver coil.

Therefore, simulations and experimental measurements involving only the human body

and the transmitter coil are not sufficient to ensure compliance of the overall system

with the safety regulations. IPT makes use of near-field coupling, so the presence of the

receiver coil can significantly disturb the magnetic field generated by the transmitter.

The magnetic field strength due to a current through a square coil can be calculated

using Biot-Savart law. For a square transmitter coil withNTX turns, whose average length

of one side is 2aTX, and with a coil current of ITX, the magnetic field strength HTX(z) at a
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distance z on axis from the centre of the transmitter coil is given by Equation (4.52) [83]:

HTX(z) =
2ITXa

2
TXNTX

π (a2TX + z2) (2a2TX + z2)
1
2

(4.52)

Note that as the distance of the receiver coil from the transmitter coil z becomes much

greater than the size of the transmitter coil aTX, the magnetic field approaches that of a

magnetic dipole and falls with the cube of distance from the transmitter.

For the square receiver coil that is situated at a distanceD on axis from the transmitter

coil, the magnetic field strength HRX(z) can be found by using Equation (4.53), where

IRX is the receiver coil current, 2aRX is the average length of one side of the receiver coil,

and NTX is the number of turns:

HRX(z) =
2IRXa

2
RXNRX

π (a2RX + (D − z)2) (2a2RX + (D − z)2)
1
2

(4.53)

The average length 2a of one side of the square coil can be found in simulation

by injecting a known current I0 into the coil and finding the magnetic field strength

H0(0) at the centre of the coil with N turns. The average length is therefore given by

Equation (4.54), which is the Biot-Savart law for a square coil at location z = 0:

2a =
2
√
2I0N

πH0(0)
(4.54)

Substituting Equation (4.33) into Equation (4.53), the following equation for the

magnetic field strength generated by the receiver coil is obtained:

HRX(z) = −
√

2PRX

RL

2a2RXNRX

π (a2RX + (D − z)2) (2a2RX + (D − z)2)
1
2

(4.55)

In addition, by substituting Equations (4.33) and (4.16) into Equation (4.52), the

following equation for the magnetic field strength generated by the transmitter coil is

obtained:

HTX(z) = −
√

2PRX

RL

ZRX + ZL

ZM

2a2TXNTX

π (a2TX + z2) (2a2TX + z2)
1
2

(4.56)
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Note that Equation (4.56) is complex, which indicates a phase difference between the

transmitter and receiver magnetic fields. To obtain the overall magnetic field strength

variation with distance from the transmitter coil Hoverall(z), the sum of Equations (4.52)

and (4.53) is taken:

Hoverall(z) = HTX(z) +HRX(z) (4.57)

The magnetic field strength (H) in units of Am−1 can be converted to magnetic flux

density (B) in units of T using the following equation, assuming no use of magnetic

materials):

B = µ0H (4.58)

Figure 4.21 shows the variation of overall magnetic flux density with distance on axis

from the smaller transmitter coil (NTX = 4), when the receiver coil (NRX = 2) and human

body are 20mm away from the transmitter coil. Figure 4.22 shows the variation of overall

magnetic flux density with distance on axis from the larger transmitter coil (NRX = 2),

when the receiver coil (NRX = 2) and human body are 30 cm away from the transmitter

coil. For either system, the frequency of operation is 6.78MHz). Note that the figures

show the absolute value, or the magnitude, of the magnetic field. The variation of the

magnetic flux density generated by the transmitter coil and the magnetic flux density

generated by the receiver coil are also shown. The receiver in the human body can give

rise to magnetic fields inside the body that are higher than if a receiver coil were not

present in the human body. Therefore, an implanted receiver would cause additional

heating in the body. In addition, it is interesting to note that the magnetic field at the

centre of the receiver coil is greater than that at the centre of the transmitter coil, albeit

very localised.
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Figure 4.21: Variation of overall magnetic flux density, the magnetic flux density due to
smaller transmitter coil and the magnetic flux density due to receiver coil with distance
on axis from transmitter coil (receiver coil and human body at 2 cm).
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Figure 4.22: Variation of overall magnetic flux density, the magnetic flux density due to
larger transmitter coil and the magnetic flux density due to receiver coil with distance
on axis from transmitter coil (receiver coil and human body at 30 cm).
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4.2.5 Variation of receiver load

The overall magnetic field at the centre of the receiver coil inside the body can be con-

sidered as a combination of the magnetic field generated by the transmitter coil and the

magnetic field that is a result of current flowing through the receiver coil [74].

The magnetic field at the centre of the receiver coil due to the receiver coil current,

HRX(0), can be calculated using the Biot-Savart Law for a square coil. The expression is

shown in Equation (4.59), where NRX is the number of turns of the receiver coil, and 2aRX

is the average length of one side of the coil. The process of finding the average length of

the side of a coil over all its turns from simulation was described in Section 4.2.4.

HRX(0) =

√
PL

RL

2NRX

πaRX

(4.59)

For HTX(D), the magnetic field at the centre of the receiver coil produced by the

transmitter coil at a distance D away from the receiver coil, it is possible to obtain its

expression using the Biot-Savart law equation in (4.56). Alternatively, another expression

for this can be obtained that only depends on the receiver coil (i.e. without any reference

to the transmitter coil or the mutual coupling).

Firstly, the induced voltage at the receiver coil can be calculated using Faraday’s

Law of Induction, and the expression in time-harmonic form is given by Equation (4.60),

where Φ is the total flux over the area of the receiver coil.

Vind = −jωNRXΦ (4.60)

Since the coil area is square, the total magnetic flux is simply the magnetic flux density

at the centre of the receiver coil due to the transmitter coil, BTX(D), multiplied by the

square of the average length of one side: Φ = BTX(D)× (2a)2. BTX(D) is assumed to be

constant over the area bounded by the receiver coil. Therefore, the induced voltage can

be written as:

Vind = −jωNRXBTX(D)× (2aRX)
2 (4.61)
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The required induced voltage at the receiver coil to deliver 15W of power to the

receiver load can also be written as the product of the receiver coil current and the sum

of the load impedance and receiver coil impedance. Hence, induced voltage is also given

by Equation (4.62).

Vind = −IRX(ZRX + ZL)

=

√
2PL

RL

(ZRX + ZL) (4.62)

Equating Equations (4.61) and (4.62), and letting BTX(D) = µ0HTX(D), the magni-

tude of the magnetic field at the centre of the coil caused by the transmitter coil is given

in Equation (4.63)

HTX(D) = −j

√
2PL

RL

(ZRX + ZL)

µ0ωNRX(2aRX)2
(4.63)

Therefore, the total magnetic field at the centre of the receiver coil is given by Equa-

tion (4.64).

Hoverall = HTX(D) +HRX(0)

= −j

√
2PL

RL

(ZRX + ZL)

µ0ωNRX(2aRX)2
+

√
PL

RL

2NRX

πaRX

(4.64)

Assuming the use of secondary resonance tuning (where XL = −XRX) and that the

mutual impedance is predominantly imaginary (XM ≫ RM), the transmitter-generated

magnetic field BTX(D) and the receiver-generated magnetic field BRX(0) are 90◦ out

of phase. Therefore, the overall magnetic field is evaluated by adding the transmitter-

generated and receiver-generated magnetic fields in quadrature. The equation for the

overall magnetic flux density is given by (4.65).

Hoverall =

√
2PL

RL

(RRX +RL)2

16µ2
0ω

2N2
RXa

4
RX

+
PL

RL

4NRX

π2a2RX

(4.65)

The magnetic field strength in units of Am−1 can be converted to magnetic flux

density in units of T using Equation (4.58), assuming no use of magnetic materials.
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As a WPT system relies on a high frequency magnetic field to deliver power, the

primary cause of SAR will be the magnetic field through the conductive tissue. Reducing

the overall magnetic field should decrease SAR near the receiver, but it may possibly

lead to additional heating in the tissue in other areas due to increased transmitter coil

currents.

Figure 4.23 shows how the overall magnetic field, the field due to the transmitter coil,

and the field due to the receiver coil (at the centre of the receiver coil) vary with the load

resistance attached to the receiver’s resonant tank, for the short-range scenario where link

efficiency is maximised with RL = 3.87Ω. Figure 4.24 shows how the overall magnetic

field, the field due to the transmitter coil, and the field due to the receiver coil (at the

centre of the receiver coil) vary with the load resistance, for the longer-range scenario

where link efficiency is maximised with RL = 0.181Ω. Both figures assume a constant

received power of PL = 15W and an operating frequency of 6.78MHz.

It can be seen from either figure that overall magnetic field initially drops with load

resistance (coinciding with the lowering of the loaded Q factor of the receiver), but then

reaches a minimum (at 7.3Ω for short range and 9.23Ω for longer-range) before increasing

again. Hence, there exists a load resistance for which magnetic field is minimised, which

means localised SAR is near its lowest at this point if electric fields do not increase

significantly. This minimiser, R∗
L, can be evaluated using (4.66). It is important to note

that RRX is a function of ω, NRX and aRX as well.

R∗
L =

√(
4
√
2ωN2

RXaRXµ0

)2
+ (πRRX)2

π
(4.66)

Apart from heating caused by magnetic fields inducing eddy currents in the conductive

human tissue, another source of heating is the power dissipation (Pdiss) due to the current

flowing in the receiver coil IRX. The power dissipated in the receiver coil is calculated by:

Pdiss =
|IRX|2Rcoil

2
(4.67)

Rcoil denotes the coil’s own loss resistances (AC losses due to skin effect and proximity

115



Figure 4.23: Variation of overall magnetic flux density (blue), flux density due to trans-
mitter (yellow), and flux density due to receiver coil (orange) with load resistance (at
centre of receiver coil), for short-range scenario

Figure 4.24: Variation of overall magnetic flux density (blue), flux density due to trans-
mitter (yellow), and flux density due to receiver coil (orange) with load resistance (at
centre of receiver coil), for longer-range scenario
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effect). It is used in the calculation of coil dissipation, as the coil’s combined resistance

RRX also consists of the radiation resistance and the losses in the conductive tissue due

to induced eddy currents. Rcoil can be obtained in simulation by finding the difference

between the coil’s resistance when the coil is modelled as a lossy metal and the coil’s

resistance when the coil is modelled as a perfect electrical conductor.

The key to reducing coil dissipation is to make the receiver coil current smaller. With

Equation (4.33), the coil dissipation can be expressed as:

Pdiss =

(√
2PRX

RL

)2
Rcoil

2

=
PRXRcoil

RL

(4.68)

Therefore, for a fixed receiver power, increasing the load resistance RL would lead to a

fall in the heating of the surrounding tissue due to power dissipation from the receiver

coil’s losses.

The following simulations show the effect of changing load on the SAR and the tissue

temperature rises for both the short-range and the longer-range scenario. The frequency

of operation used in these simulations is 6.78MHz.

For the first short-range simulation, the load resistance is chosen such that it would

maximise link efficiency. Thereby, by using (4.31), RL is set to 3.87Ω. To deliver 15W

to this load, a transmitter coil current of 1.69A is required. Figure 4.25 shows the cross-

sectional distribution of SAR through the centre of the receiver coil and the chest area

of the Nelly model. The maximum SAR in this plot is 3.43Wkg−1. The link efficiency

of this set-up is 95.3%, the receiver coil current is 2.78A and the magnetic flux density

at the centre of the receiver coil is 155 µT.

The second short-range simulation aims to reduce the SAR in the chest area by

reducing the overall magnetic field at the centre of the receiver coil and the level of coil

dissipation, as described in Section 4.2.5. If RL is set to 5.81Ω (1.5 times the optimal

load value), the transmitter coil current needs to be increased to 2.03A to maintain the

delivery of 15W to the load. Figure 4.26 shows the cross-sectional distribution of SAR
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Figure 4.25: SAR distribution: maximum link efficiency (short-range scenario)

through the centre of the receiver coil and the chest area of the Nelly model for these

values. The maximum SAR in this plot has decreased to 2.57Wkg−1. The link efficiency

of this new set-up has decreased slightly to 95.0%, the receiver coil current is 2.27A and

the magnetic flux density at the centre of the receiver coil is 146 µT.

Figure 4.26: SAR distribution: increased load (short-range scenario)

Internal electric fields in the body will also need to be investigated to ensure that

their limits are not exceeded, since the frequency of operation is 6.78MHz. For the case

of optimal tuning for maximum link efficiency, the 99th percentile value of the internal

electric field is 17.6Vm−1 (root mean square (RMS)). The corresponding value for the

increased load case is 20.2Vm−1 (RMS). For either case, the internal electric field is well
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within the International Commission on Non-Ionizing Radiation Protection (ICNIRP)

basic restrictions for non-thermal effects in the 2010 Guidelines.

Figure 4.27 shows the cross-sectional temperature distribution through the centre of

the receiver coil and the chest area of the Nelly model for the simulation, in which the

load resistance was chosen such that it would maximise link efficiency. The maximum

temperature of the tissue in this plot is 38.9 ◦C, which means that there is an increase of

1.9 ◦C from a normal body temperature of 37.0 ◦C.

Figure 4.27: Temperature distribution (◦C): maximum link efficiency (short-range sce-
nario)

If the load resistance is set to 5.81Ω in order to increase the receiver efficiency and to

reduce the magnetic field at the centre of the receiver coil (as explained in Section 4.2.5),

the resulting temperature distribution plot is shown in Figure 4.28. The maximum tem-

perature of the tissue in this scenario is 38.2 ◦C, which means that there is a rise in body

temperature of only 1.2 ◦C.

For the first longer-range simulation, the load resistance is chosen such that it would

maximise link efficiency. Therefore, by using (4.31), RL is set to 0.181Ω. To deliver 15W

to this load, a transmitter coil current of 14.4A is required. Figure 4.29 shows the cross-

sectional distribution of SAR through the centre of the receiver coil and the chest area

of the Nelly model. The maximum SAR in this plot is 47.7Wkg−1. The link efficiency

of this set-up is 31.6%, the receiver coil current is 12.9A and the magnetic flux density

at the centre of the receiver coil is 687 µT.
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Figure 4.28: Temperature distribution (◦C): increased load (short-range scenario)

Figure 4.29: SAR distribution: maximum link efficiency (longer-range scenario)
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The second longer-range simulation aims to reduce the SAR in the chest area by

reducing the overall magnetic field at the centre of the receiver coil and the level of coil

dissipation, as described in Section 4.2.5. If RL is set to 3.62Ω (20 times the optimal

load value), the transmitter coil current needs to be increased to 43.5A to maintain the

delivery of 15W to the load. Figure 4.30 shows the cross-sectional distribution of SAR

through the centre of the receiver coil and the chest area of the Nelly model for these

values. The maximum SAR in this plot has decreased to 7.75Wkg−1. The link efficiency

of this new set-up has decreased to 6.25%, the receiver coil current is 2.88A and the

magnetic flux density at the centre of the receiver coil is 167µT.

Figure 4.30: SAR distribution: increased load (longer-range scenario)

Figure 4.31 shows the cross-sectional temperature distribution through the centre of

the receiver coil and the chest area of the Nelly model for the simulation, in which the

load resistance was chosen such that it would maximise link efficiency. The maximum

temperature of the tissue in this plot is 97.8 ◦C, which means that there is an increase of

60.8 ◦C from a normal body temperature of 37.0 ◦C.

If the load resistance is set to 3.62Ω in order to increase the receiver efficiency and to

reduce the magnetic field at the centre of the receiver coil (as explained in Section 4.2.5),

the resulting temperature distribution plot is shown in Figure 4.32. The maximum tem-

perature of the tissue in this scenario is 39.9 ◦C, which means that there is a rise in body

temperature of only 2.9 ◦C.
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Figure 4.31: Temperature distribution (◦C): maximum link efficiency (longer-range sce-
nario)

Figure 4.32: Temperature distribution (◦C): increased load (longer-range scenario)
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4.3 Design trade-offs

The high-level design trade-offs for the short range scenario are summarised in Table 4.9,

assuming a constant received power. The table shows the effect of increasing the fre-

quency, increasing the number of receiver coil turns, increasing the receiver load and

changing the tuning method from optimal to resonant, on the coil voltages and currents,

the link efficiency, receiver coil dissipation, power dissipation in the human model, SAR

and temperature rise.

Increase f Increase NRX Increase RL Optimal to resonant tuning
VTX ↑ ⋆ ↑ ↑
ITX ↓ ⋆ ↑ ↓
VRX ↑ ↓ ↓ ↑
IRX ↓ ↑ ↓ ↓
ηlink ‡ ◃▹ ↓ ↓
Pbody ↑ ↑ ↑ ↑
Pcoil-RX ↓ ↓ ↓ ↓

Max. SAR ↑ ↑ ↓ ↑
Temp. rise ⃝ ⋆ ↓ ↑

Table 4.9: High level design trade-offs (↑: increases, ↓: decreases, ⋆: decreases at 6.78MHz
and increases at 13.56MHz, ◃▹: increases at 6.78MHz and decreases at 13.56MHz, ‡:
increases with NRX = 1 and decreases with NRX = 2, ⃝: decreases with NRX = 1 and
increases with NRX = 2)

In Chapter 3, it was explained that a wireless power transfer system operating at

frequencies above 100 kHz with an implanted receiver causes both eddy current heating

(can be evaluated in terms of the maximum SAR in the body) and receiver coil dissipation

(not captured by SAR as it is not a direct effect of exposure to a high frequency magnetic

field). Both forms of heating play an important role in the overall temperature rise

in the body. Assuming always a constant receiver power, there is an increase in eddy

current heating and a decrease in coil dissipation with higher frequency, higher number

of receiver coil turns, higher load resistance and when changing from optimal to resonant

tuning. The maximum SAR increases with the use of higher frequency, greater number

of coil turns and when moving to resonant tuning, and decreases with the use of a higher

load resistance. The magnitude of temperature rise is greater with resonant tuning and

smaller receiver loads, but how temperature rises vary with frequency depends on the
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number of receiver coil turns, and how they change with the number of receiver coil turns

depends on frequency. Consequently, thermal simulations should be performed as they

can show the combined effect of eddy current heating and coil dissipation on the tissue

temperature, and their relative importance depends on the various design parameters

described in this chapter.

By looking at Table 4.9, some intuition regarding the relative distribution of the two

forms of power losses/heating can be gained:

• Increasing the frequency causes the receiver coil current to fall, leading to a decrease

in the magnetic field at the receiver end. However, a higher frequency results in

greater eddy current losses in the body as mentioned in Section 4.2.2, causing

maximum SAR to rise. As for how the magnitude of temperature rise changes, this

depends on the geometry of the receiver coil. With only one turn, the temperature

rise at the receiver site decreases. This is due to a lower level of coil dissipation as

a consequent of a lower receiver current, so this form of heating is dominant with

a one-turn receiver coil. However, with a two-turn receiver coil, the temperature

rise increases, which means that eddy current heating has a larger effect on overall

thermal dissipation.

• Increasing the receiver load leads to a fall in receiver coil current, resulting in a

decrease in the magnetic field at the receiver end. Maximum SAR falls accordingly,

as localised eddy current heating near the receiver has decreased. On the other

hand, total eddy current heating has risen, owing to higher transmitter currents

required for higher receiver load resistances. This means there is more heating on

the surface of the human body near the transmitter coil. Nevertheless, the values

of SAR in the body nearest to the transmitter are still smaller than those at the

implanted receiver site. In addition, the reduced receiver coil current has led to a

lower level of coil dissipation. Consequently, temperature rise has fallen with the

use of an increased load, as both coil dissipation and localised eddy current heating

at the receiver have decreased.
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4.4 Summary

The process of designing a WPT system for higher-power implantable biomedical devices

such as LVADs requires a different set of objectives and constraints compared to that for

a system operating in free space. This is due to the need for reducing the magnitude of

temperature increases in the body, caused by dielectric heating, eddy current heating and

coil losses. Selecting different combinations of frequency, coil turns and tuning method

can lead to a reduction in the amount of heating and temperature rises in the human

body. Modifying the load resistance to reduce the loaded Q factor of the receiver can

help to improve the receiver efficiency and minimise the overall magnetic field inside the

body, leading to lower SAR and magnitude of temperature rise in the tissue. However,

a consequence of this is that the transmitter coil current needs to be raised in order to

generate a greater EMF in the receiver coil (due to a higher magnetic field produced by

the transmitter coil and Faraday’s Law of Induction) to maintain the required received

power of 15W. Although link efficiency may drop as a result, these alternative design

objectives may be necessary in order for relevant safety regulations to be met.
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Chapter 5

Wireless power experiments in salt

water solution

As mentioned in Chapter 3, it is generally very difficult to take direct measurements

of the specific absorption rate (SAR) in a human body exposed to the high frequency

magnetic field of a wireless power transfer (WPT) system, as this quantity is internal

to the body. Hence, the usual procedure to evaluate compliance with the thermal effect

basic restriction is to perform electromagnetic simulations of the system with a human

body model in order to obtain the magnitude of tissue heating. However, it is also

important to validate the numerical simulations, and this can be done by performing

experiments with a phantom with known dielectric and thermal properties and recording

the field strengths and/or temperature rises in the material. Then, by running both 3D

electromagnetic and thermal simulations of the experimental setup with a model of the

phantom, the simulation outcomes can compared with the experimental results to see if

they agree.

In this chapter, an experiment involving the transfer of power wirelessly to a receiver

immersed in a salt water solution is demonstrated, with results showing the effect of vary-

ing the receiver load on the magnitude of temperature rises in the surroundium conductive

medium. Electromagnetic and thermal simulations of the real-world experimental set-up

with salt water are then performed in order to validate the results of the experiment.
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The selected frequency of operation for the experiments in this chapter is 13.56MHz,

which is an industrial, scientific and medical (ISM) band frequency. The receiver load

power is chosen to be 10W.

5.1 Coils, coating and salt water preparation

The transmitter coil consists of a 4-turn printed circuit board (PCB) circular spiral coil

with an outer diameter of 10 cm, a trace width of 4mm, and a turn spacing of 4mm.

The receiver is a 2-turn PCB circular spiral coil, with an outer diameter of 5 cm, a trace

width of 3mm, and a turn spacing of 3mm. The transmitter coil and the receiver coil

were chosen to have the same outer dimensions as in the short-range scenario that was

presented in Chapter 4. Such coil dimensions are suitable for the wireless powering of a

higher-power biomedical implant over a short distance with a transmitter coil worn on

the body in a vest. Figures 5.1 and 5.2 are photographs of the transmitter coil and the

receiver coil PCBs, respectively. Both coil PCBs are manufactured using 1 oz copper,

giving an equivalent trace thickness of 35µm.

Figure 5.1: Transmitter coil PCB

A plastic tank with dimensions of 15 cm (L)× 9 cm (W )× 14 cm (H) is used to hold
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Figure 5.2: Receiver coil PCB

the salt water solution. The conductivity of the solution is chosen to be four times that of

muscle, in order to obtain more prominent temperature rises in a shorter period of time.

At 13.56MHz, the conductivity of muscle is 0.628 Sm−1 [84, 77]. To produce a solution

with the desired level of conductivity, the correct mass of table salt (sodium chloride) is

to be weighed and added to de-ionised water (which has negligible conductivity to start

with). Since a conductivity of 0.628 Sm−1 × 4 = 2.51 Sm−1 is required, this corresponds

to a salinity of 17.1 g per kg of water [85]. The height of the salt water is 2.5 cm which

was chosen to just cover the receiver coil, and the resulting volume of the solution was

337.5 cm3. Since water has a density of 1 g cm−3, the mass of table salt required in

337.5 cm3 of water is 17.1×337.5
1000

= 5.77 g.

The receiver coil PCB is coated in an Electrolube flexible silicone conformal coating

in order to prevent direct electrical contact of the coil trace with the salt water, when

the receiver coil is immersed in the tank. Some hot glue is applied over the coil ends in

order to reduce the extra parasitic capacitance seen across the receiver coil, caused by

salt water flowing around and between the coil ends. The increased parasitic capacitance

is due to the high relative permittivity of salt water solution, which is around 75 [86].

The distance between the transmitter coil and the receiver coil for the experiments
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is 4 cm. The salt water tank is placed over the transmitter coil, such that the bottom of

the salt water tank is 2 cm above the transmitter coil. The receiver coil is placed in the

salt water 2 cm over the bottom of the tank.

5.2 Impedance measurements and link parameters

To be able to design the power electronics and to transfer power wirelessly with maximum

link efficiency, the impedance of the coils needs to be measured. This was performed with

a Keysight E4990A Impedance Analyzer (20Hz to 120MHz), which gives the resistance

and inductance of the device under test over a range of frequencies. The connection be-

tween the impedance analyzer and the coil is made using the Keysight 42941A Impedance

Probe.

The first measurement is performed on the transmitter coil, with the salt water tank

situated 2 cm above the coil. This provides the resistance of the transmitter coil, RTX,

and the inductance of the transmitter coil, LTX, when loaded by the salt water tank.

The second measurement is of the receiver coil placed inside the salt water, 2 cm above

the bottom of the tank. This provides the resistance of the receiver coil, RRX, and the

inductance of the receiver coil, LRX, when immersed in the salt water tank. The third

measurement involves shorting the ends of the receiver coil and placing it in the salt

water tank, 2 cm from the bottom of the tank. The tank is then placed 2 cm above

the transmitter coil. In this scenario, the resistance of the transmitter coil, RTX,S, and

the inductance of the transmitter coil, LTX,S, are measured when loaded with a shorted

receiver coil in salt water.

In order to observe the effects of the loading of the salt water tank on the coils, the

coil measurements have also been carried out in air without salt water as a comparison.

The results of the measurements at 13.56MHz both with and without salt water are

summarised in Table 5.1.

Various quantities can be derived from these measurements, including Q factor, mu-

tual impedance and mutual inductance, coupling factor, receiver tuning capacitance,
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Measurement parameter Air Salt water
LTX 1.4002 µH 1.4134 µH
RTX 305mΩ 856mΩ
LRX 262 nH 265 nH
RRX 124mΩ 418mΩ
LTX,S 1.3924 µH 1.4068 µH
RTX,S 312mΩ 767mΩ

Table 5.1: Measurements of coil resistance and inductance in air and salt water at
13.56MHz with impedance analyser

optimal load, reflected impedance on the transmitter coil, link efficiency, and the coil

currents and voltages for both the receiver and the transmitter.

The experimental set-up with the two coils and the salt water tank can be considered

as a reciprocal two-port network, whose circuit representation in terms of impedance

parameters is given in Figure 4.2. The complex impedance quantities in the circuit can be

defined in terms of reactances, resistances and inductances, as shown in Equations (4.4),

(4.5) and (4.6). All the quantities in Equations (4.4) and (4.5) are known as they are

based on measurement results, given in Table 5.1.

The Q factor of a coil, Q, in terms of its complex impedance (Z = R+ jωL) is given

by Equation (5.1). The Q factors of the transmitter and receiver coils in both air and

salt water are calculated and shown in Table 5.2. The loading of the coils with the salt

water leads to a decrease in Q factor.

Q =
ℑ (Z)

ℜ (Z)
=

ωL

R
(5.1)

Air Salt water
QTX 391 141
QRX 180 54

Table 5.2: Coil Q factors in air and salt water

According to Table 5.2, the Q factor of the 2-turn receiver coil in air at 13.56MHz is

180. In contrast, the simulated Q factor of the same coil in air at 13.56MHz is 263, which

is higher than the measured value. The discrepancy between the two values is due to
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measurement inaccuracies that occur with high Q factor coils. In general, an impedance

analyser measures the magnitude and phase angle of a coil’s complex impedance. For

high Q coils whose reactance is much bigger than its equivalent series resistance (ESR),

errors in the measured phase angle due to the instrument’s accuracy can significantly

influence the measured Q values. In [87], the authors explain that a Q of 200 corresponds

to a phase angle of 0.3◦, so to obtain a 5% accuracy in ESR, the precision of the phase

measurement must be 0.014◦.

The mutual impedance of a two-port network, ZM , as shown in Figure 4.2 and Equa-

tion (4.6), consists of the well-known mutual inductance M of an inductive link and a

mutual resistance RM . Calculating ZM involves performing a short-circuit test, where the

impedance of the transmitter coil ZTX,S is measured, when the receiver end is shorted (as

shown in Figure 5.3). The expression for ZTX,S is given by Equation (5.2). The resistive

and inductive components of ZTX,S have been measured with the impedance analyser and

their values are found in Table 5.1.

−

+

VTX

ITX
ZTX − ZM ZRX − ZM

ZM

Figure 5.3: Equivalent circuit of reciprocal two-port network in terms of complex
impedance parameters, with the receiver end shorted.

ZTX,S = RTX,S + jωLTX,S (5.2)

By observing Figure 5.3, ZTX,S can be expressed by Equation (5.3):

ZTX,S = ZTX − ZM +
ZM (ZRX − ZM)

ZRX − ZM + ZM

= ZTX − Z2
M

ZRX

(5.3)

Rearranging for ZM , the mutual impedance of the two-coil link is calculated using
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Equation (5.4), and is based on measurement results in Table 5.1 taken at 13.56MHz.

ZM =
√
ZRX (ZTX − ZTX,S) (5.4)

The calculated values of M and RM for both the system in air and in salt water at

13.56MHz are shown in Table 5.3.

M RM

Salt water 42.2 nH 314mΩ
Air 45.4 nH 9.57mΩ

Table 5.3: Comparison of mutual impedance between system in air and in salt water

If the system is in air, the coupling factor is given by the well-known equation in (5.5).

kair =
M√

LTXLRX

(5.5)

In the presence of salt water, the real part of ZM is non-negligible, and so an alternative

coupling factor formula is proposed by [20] and is given in Equation (5.6).

ksalt =
|ZM |√

ℑ (ZTX)ℑ (ZRX)
=

√
R2

M + (ωM)2

ω
√
LTXLRX

(5.6)

The coupling factors for the system in air and in salt water are given in Table 5.4.

k
Salt water 6.92%

Air 7.50%

Table 5.4: Coupling factor of system in air and in salt water

In air, as the real part of ZM becomes negligible (ωM ≫ RM), the equations for a

system in air introduced in Chapter 2 are valid for analysing the link and deriving the

quantities for optimal link efficiency operation using resonant tuning. Table 5.5 shows

the tuning capacitance, optimal load, and maximum link efficiency for the system in air.

The calculation of the tuning capacitance and optimal load resistance for a system in

salt water to operate at maximum link efficiency requires a different set of equations due
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Parameter Value
Ctune 527 pF
RL,opt 2.47Ω
ηlink 90.4%

Table 5.5: Link parameters for system in air

to the presence of a non-negligible RM . Equations (4.9) and (4.10) give the optimal load

and the tuning capacitance, respectively. The maximum link efficiency is then given by

Equations (4.11) and (4.12).

As a comparison, it may be interesting to know how the parameters would differ if

the tuning capacitance and the load resistance were calculated using the equations in

Chapter 2 for a system in air. They can also be calculated using the Equations (4.9)

and (4.10), but with RM = 0, i.e. the mutual resistance is ignored in the calculations, so

the equations are identical to the ones for a system in air. However, to calculate the actual

link efficiency, a more general expression must be used which allows the calculated of link

efficiency for any arbitrary load resistance and tuning capacitance. This was derived in

Chapter 4, and the expression of the link efficiency given a tuning capacitance and a load

resistance is given in Equation (4.24), where XL = − j
ωCtune

Table 5.6 shows the tuning capacitance, load resistance, and the link efficiency, using

both the maximum link efficiency objective (referred to as ‘optimal tuning’) and the

equations for the tuning capacitance and optimal load resistance in air (referred to as

‘resonant tuning’).

Parameter Resonant tuning Optimal tuning
Ctune 519 pF 551 pF
RL 2.55Ω 2.17Ω
ηlink 72.8% 75.5%

Table 5.6: Link parameters for a system in salt water solution, using both optimal tuning
and resonant tuning

Table 5.7 shows the reflected impedances on the transmitter for a system in air, a

system in salt water with ‘optimal tuning’, and a system in salt water with ‘resonant

tuning’.

Alternatively, it is possible to tune the receiver coil so that a purely real reflected
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Scenario Reflected impedance
Air (5.76 + 0.0285j)Ω

Salt water - resonant tuning (4.32− 0.760j)Ω
Salt water - optimal tuning (3.58− 2.69j)Ω

Table 5.7: Reflected impedance on transmitter of a system in air, a system in salt water
with ‘optimal tuning’, and a system in salt water with ‘resonant tuning’

impedance is obtained at the transmitter. Expanding the expression for reflected impedance

in Equation (4.32), we can obtain:

− Z2
M

ZRX + ZL

= − R2
M −X2

M + j2RMXM

(RRX +RL) + j(XRX +XL)
· (RRX +RL)− j(XRX +XL)

(RRX +RL)− j(XRX +XL)

=
−(R2

M −X2
M + j2RMXM)((RRX +RL) + j(XRX +XL))

(RRX +RL)2 + (XRX +XL)2
(5.7)

Taking the imaginary part of Equation (5.7) and setting to zero:

−2RMXM(RRX +RL) + (R2
M −X2

M)(XRX +XL)

(RRX +RL)2 + (XRX +XL)2
= 0 (5.8)

Re-arranging and solving for XL = XL,real:

XL,real =
2RMXM(RRX +RL)

R2
M −X2

M

−XRX (5.9)

Note that in this ‘real tuning’ scenario, the reactance load depends on the resistive load.

Substituting Equation (5.9) into (4.24), differentiating the result with respect to RL,

setting the derivative to zero, and re-arranging for RL = RL,real, the following load resis-

tance for a purely resistive reflected load on the transmitter can be obtained:

RL,real = RRX

√
X2

M −R2
M +RTXRRX

RTXRRX

(5.10)

This calculated value of load resistance is the one which maximises the link efficiency

when a tuning capacitor of XL,real is used for obtaining a purely resistive reflected load

on the transmitter. Table 5.8 shows the link parameters when real tuning is used.
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Parameter Real tuning
Ctune 508 pF
RL 2.54Ω
ηlink 70.6%
Zrefl 4.34Ω

Table 5.8: Link parameters for a system in salt water solution, using real tuning

Table 5.9 shows the currents through and the voltages across the transmitter and

receiver coils for the system in air, the system in salt water with ‘resonant tuning’, and

the system in salt water with ‘optimal tuning’, and the system in salt water with ‘real

tuning’. The expressions for currents and voltages were derived in Chapter 4 and are

given by Equations (4.33), (4.34), (4.36) and (4.37).

Medium Tuning VTX ITX VRX IRX

Air Optimal/Resonant 228V 1.91A 63.8V 2.84A
Salt water Resonant 276V 2.30A 63.7V 2.80A
Salt water Optimal 288V 2.44A 65.0V 3.04A
Salt water Real 282V 2.33A 65.3V 2.81A

Table 5.9: Comparison of currents and voltages for system in air and in salt water

Resonant tuning will be used in the experiments, as it results in a smaller reflected

reactance on the transmitter than optimal tuning, but unlike tuning for a purely real

reflected impedance, does not require changing the tuning capacitance whenever the

load is varied. The smaller reflected reactance is beneficial in terms of maintaining the

zero-voltage switching and constant current operation of the load-independent Class EF

inverter that will be used in the experiment to drive the transmitter coil [88].

The purpose of the experiment is to show how increasing the load resistance can

reduce the temperature rise of the salt water, given a constant received power of 10W.

The increased load resistance will be 1.5 times that of the original load, whilst the tuning

capacitance is kept the same. Table 5.10 shows how link efficiency, reflected impedance,

coil currents and coil voltages change when the load is increased by 1.5 times (using

resonant tuning).
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Parameter Original load Increased load
RL 2.55Ω 3.82Ω
ηlink 72.8% 71.3%
Zrefl (4.32− 0.760j)Ω (3.02− 0.532j)Ω
VTX 276V 322V
ITX 2.30A 2.69A
VRX 63.7V 52.4V
IRX 2.80A 2.29A

Table 5.10: Comparison of link parameters of system with original load (using resonant
tuning) and increased load (1.5 times original load)

5.3 Power electronics

The receiver coil PCB is connected via short copper tape to another PCB, which contains

the series tuning capacitor and a current-driven half-wave Class D rectifier. A photograph

of this rectifier PCB is shown in Figure 5.4.

Figure 5.4: Current driven Class D rectifier PCB

The rectifier, which was first introduced and described in Chapter 2, converts the

alternating current (AC) current in the coil to a direct current (DC) current. It consists

of two Schottky rectifier diodes (Nexperia PMEG45A10EPD - 45V, 10A) and a 1 µF

output filter capacitor. The output of the rectifier is connected to a variable DC load

resistor, so that the load can be easily modified after each experiment run.
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Figure 5.5 shows a schematic diagram of the receiver system, with the receiver coil

(modelled by the induced electromotive force (EMF) Vind, the coil inductance LRX and

the combined coil resistances RRX), the series tuning capacitor Cser, the current-driven

half-wave Class D rectifier (consisting of diodes D1 and D2 and capacitor Cf ) and the

variable DC load RL,DC. For the system in salt water under ‘resonant tuning’, the circuit

parameters and variables are given in Table 5.11.

RL,DC

−

+

VDC

IDC

−
+

Vind

LRX

RRX

Ctune

IRX

D2

D1 Cf

Figure 5.5: Schematic diagram of receiver system

Parameter Value
Vind 8.31V
LRX 265 nH
RRX 418mΩ
Ctune 519 pF
Cf 1 µF

RL-DC 12.6Ω

Table 5.11: Receiver system parameters

The relationship between the AC load at the input of the rectifier (RL) and output

DC load (RL,DC) is given by Equation (5.11) [48, 89]. Therefore, given the AC load values

in Table 5.10, the original DC load is 12.6Ω and the increased DC load is 18.9Ω.

RL,DC =
π2

2
RL (5.11)

Equation 5.12 gives the relationship between the AC input current and the DC output
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current. The DC output voltage can be calculated using Equation 5.13.

IDC =
IRX

π
(5.12)

VDC = IDCRL,DC =
IRXRL,DC

π
(5.13)

The simulated AC input voltage (Vin), AC input current (Iin), DC output voltage

(VDC) and DC output current (IDC) of the Class D current-driven rectifier with idealised

diodes are shown in Figure 5.6. Table 5.12 shows the root mean square (RMS) value at the

fundamental frequency (first harmonic) of the AC input waveforms and the value of the

DC output waveforms in Figure 5.6. The input impedance of the rectifier is considered to

be resistive as the first harmonic components of the input voltage and the input current

are in phase, and the amplitude ratio of the input voltage to the input current at the

fundamental frequency is constant [48, 89].

Quantity Value
Vin 5.03V (RMS)
Iin 1.97A (RMS)
VDC 11.2V
IDC 0.891A

Table 5.12: Simulated Class D rectifier waveform values

The transmitter coil is driven by a load-independent Class EF inverter [82]. The

schematic diagram of the inverter and the transmitter is shown in Figure 5.7. It has a

similar topology to the Class EF2 and the Class E/F3, where a series inductor-capacitor

(LC) network is placed in parallel with the switching device of a Class E inverter in order

to reduce the current or voltage stresses of the switching device. However, instead of

tuning the LC network to either the second or third harmonic of the switching frequency,

it is tuned to a certain value in between the switching frequency and the second harmonic.

With the appropriate selection of component values for this circuit, a load-independent

Class EF inverter can be designed, which is able to sustain a constant output current over

a range of load resistances without losing zero-voltage switching. This means that when a
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Figure 5.6: Simulated current-driven Class D rectifier waveforms: [Top] Input (solid) and
output (dotted) voltage; [Bottom] Input (solid) and output (dotted) current
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different receiver load is used, the inverter does not need to be retuned and reconfigured.

C3 LTX

RTX + ℜ(Zrefl)C1

L2

C2−

+

Vin

L1

Figure 5.7: Schematic diagram of load independent Class EF inverter and coil

Table 5.13 shows the circuit parameters and variables used for the system in salt water

under ’resonant tuning’. Figure 5.8 shows the voltage waveform across the inverter’s

switch and the output current waveform, using the values in Table 5.13.

Parameter Value
LTX 1.41µH
RTX 856mΩ
Zrefl (4.32− 0.760j)Ω
C1 261 pF
C2 196.4 pF
C3 120 pF
L1 50µF
L2 251.4 nF

Table 5.13: Transmitter system parameters

In order to deliver 10W to the receiver load, a transmitter coil current of 2.30A is

required as previously calculated. Therefore, an input voltage of 39.5V is needed. The

resulting input current is 328mA and the switch voltage reaches a maximum of 95.3V.
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Figure 5.8: Simulated load-independent Class EF inverter waveforms: [Top] Switch volt-
age; [Bottom] Output current
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5.4 Thermal insulation and temperature measure-

ment

Expanded polystyrene foam sheets of 1 cm thickness are used to insulate the tank con-

taining the salt water. A foam holder was made that covered the bottom and the sides

of the tank. Another piece of foam was constructed so that it could fit just over the

top of the water, with holes cut allowing for copper tape to connect the coil below the

foam to the rectifier which was placed above the foam. This would ensure that the heat

dissipated by the rectifier would not greatly influence the temperature measurement of

the water. Figure 5.9 shows the salt water tank sitting in the foam holder.

Figure 5.9: Polystyrene foam holder insulating the salt water solution in the tank

Temperature measurement was done via a K-type thermocouple and a Keysight

U1251B Handheld Digital Multimeter. The thermocouple probe is unable to measure

temperature during the operation of the system as the high frequency magnetic field in-

duces voltage in the thermocouple, leading to interference. In addition, the thermocouple

has to be removed from the salt water during the operation of the system. Otherwise, the

high frequency magnetic field would induce currents in the thermocouple, which can pose

as an additional source of heating. Therefore, the thermocouple measures the starting
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temperature of the water, and is removed just before the system is turned on. After the

system operates for a certain amount of time, it is then switched off and the thermo-

couple is placed in the water once again to take the final temperature. Thermocouples

have a very quick response time, so temperature readings can be made soon after the

thermocouple is placed in the water. The location of temperature measurement is chosen

to be the surface of the receiver coil PCB in the centre of the coil.

Thermistor probes were considered as an alternative method of measuring tempera-

ture, as they tend to be more accurate. However, when left in the water, they also produce

additional heating, adding to the rise in the temperature of the water. They could also

be used in the same way as thermocouples, where temperature is only measured when

the system is switched off, but removed from the water when power is transferred; how-

ever, their response times can be longer than those of thermocouples, so thermocouples

were used in favour of thermistors. Figure 5.10 is a thermal imager capture showing the

heating of the thermistor probe when the system is running.

Figure 5.10: Thermal imager capture showing thermistor probe heating up in the salt
water solution
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5.5 Results

For the experimental runs, the power transferred to the receiver load was chosen to be

10W, so the DC input voltage to the inverter needed to be constantly monitored and

adjusted manually to ensure the power received was as stable as possible. Small changes

to the input voltage needed to be made over time, due to the temperature dependence of

several parameters such as the GaN FET and diode capacitance. Power in the resistive

variable load was monitored using a Yokogawa WT310 Power Meter.

Figure 5.11 is a scatter plot of the experimental results, showing the temperature rise

of the salt water solution for each run. For each type of load (original and increased),

twelve 20-minute runs were performed. The temperature rise is normalised with respect

to the change in ambient temperature for the duration of the experimental run.
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Figure 5.11: Scatter plot of experimental results, showing temperature rise of salt water
solution with both original and increased DC load

For the original load, the mean temperature rise was 4.48 ◦C and the standard devia-

tion was 0.43 ◦C. For the increased load (which aimed to reduce the receiver coil current

and the magnitude of the magnetic field in the centre of the receiver coil), the mean

temperature rise was 3.59 ◦C and the standard deviation was 0.48 ◦C. Therefore, the dif-

ference in the mean temperature rise between the original load and the increased load is

0.89 ◦C.
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There is variation in the temperature rise measurements for each type of load, as a

result of experimental error. Despite having normalised the results with respect to the

change in ambient temperature for the duration of the experimental run, the experiments

were run at different ambient temperatures and different rates of change in ambient

temperature (this is largely dependent on the time of day), which would have had an

effect on the thermal characteristics. Running the experiments in a climate-controlled

environment would help to reduce some of the variations.

5.6 Simulation verification

After the full system experiments have been carried out, electromagnetic and thermal

simulations of the experimental setup are performed. By verifying the experimental

results with simulations, it can be determined whether the simulations involving the

human body models are likely to be valid or not.

The transmitter and receiver coils in the simulations have the same geometries as the

actual planar circular spiral coils used in the experiment.

The conformal coating is modelled as a thin box in which the receiver coil is placed.

The coating material has a dielectric constant of 2.7 and a dissipation factor of 0.001, as

taken from the datasheet [90]; with the use of these values, the dielectric properties of

the coating can be considered in electromagnetic field simulations. Thermal properties

of silicone have been obtained from other sources and are input into the thermal simula-

tions [78]. The thermal conductivity is taken to be 0.15WK−1m−1 and the specific heat

capacity is 1.46 kJK−1 kg−1. The material density is 970 kgm−3.

The thickness of the coating is 100µm; this was selected by optimising the coating

thickness so that the simulated receiver coil impedance closely matches the measured coil

impedance of the receiver coil.

The salt water is modelled as a rectangular block with dimensions of 150mm×90mm×

25mm. The conductivity of the block is 2.512 Sm−1 as required, and its dielectric con-

stant is set at 78 [86]. The dielectric constant of pure water is 80 at 20 ◦C, but the
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Figure 5.12: Experimental setup modelled in CST Microwave Studio

addition of sodium chloride serves to lower it.

Figure 5.12 shows how the set up is modelled in the CST Microwave Studio elec-

tromagnetic simulator. The distance between the coils is 4 cm, with the bottom of the

salt water block 2 cm above the transmitter coil, and the receiver coil placed in the salt

water block 2 cm above the bottom of the salt water block. There is 5mm of salt water

above the receiver coil, as in the experiments. For the subsequent thermal simulations,

the ambient and initial temperature is 20 ◦C.

For the first simulation, the load resistance and tuning capacitance is calculated with

‘resonant tuning’ equations in Chapter 2. Therefore, RL is set to 3.07Ω (and referred to as

the ‘original load’) and Ctune is set to 549 pF. To deliver 10W to this load, a transmitter

coil current of 2.18A is required. Figure 5.13 shows the cross-sectional distribution of

SAR through the centre of the receiver coil in the salt water solution. When averaged

over 1 g of water, the maximum SAR in this plot is 31.1Wkg−1. The link efficiency of

the system using this load is 76.2%. Figure 5.14 shows the variation of the magnetic

field strength with distance on axis from the transmitter coil, with the receiver coil at

4 cm. At the centre of the receiver coil, the magnetic field strength is 140Am−1, which
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Figure 5.13: SAR distribution with original load

corresponds to a magnetic flux density of 175 µT. Table 5.14 shows the level of power

dissipation in the transmitter coil, the receiver coil and the salt water block.

Component Power dissipation
Transmitter coil 0.58W
Receiver coil 0.36W

Salt water block 2.2W

Table 5.14: Power dissipation in coils and salt water with original load

The second simulation aims to reduce the SAR near the receiver coil, by reducing the

overall magnetic field strength at the centre of the receiver. Tuning capacitance is kept

the same as in the previous simulation, but RL = 4.60Ω, which is 1.5 times the original

value (the ‘increased load’). To deliver 10W to this load, a transmitter coil current of

2.56A is required. Figure 5.15 shows the cross-sectional distribution of SAR through the

centre of the receiver coil in the salt water solution. When averaged over 1 g of water, the

maximum SAR in this plot is 28.25Wkg−1. However, it is important to note that this

value is found close to the transmitter coil (due to the increased transmitter coil current),

whilst the SAR values near the receiver coil has decreased to much lower levels. The link

efficiency of using the increased load is 74.9%. Figure 5.16 shows the variation of the

magnetic field strength with distance on axis from the transmitter coil, with the receiver

coil at 4 cm. At the centre of the receiver coil, the magnetic field strength is 117Am−1,

which corresponds to a magnetic flux density of 147µT. Table 5.15 shows the level of

power dissipation in the transmitter coil, the receiver coil and the salt water block.

148



Figure 5.14: Variation of magnetic field strength with distance on axis from transmitter,
when original load is used

Figure 5.15: SAR distribution with increased load

Component Power dissipation
Transmitter coil 0.80W
Receiver coil 0.24W

Salt water block 2.3W

Table 5.15: Power dissipation in coils and salt water with increased load
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Figure 5.16: Variation of magnetic field strength with distance on axis from transmitter,
when increased load is used

Figure 5.17 shows the cross-section temperature distribution through the centre of

the receiver coil and the salt water block for the simulation in which the ‘original load’

was used, 20 minutes after the start of the simulation. The temperature on the surface

of the receiver coil at the centre of the coil rose by 4.45 ◦C to 24.45 ◦C.

Figure 5.18 shows the cross-section temperature distribution through the centre of the

receiver coil and the salt water block for the simulation in which the ‘increased load’ was

used, 20 minutes after the start of the simulation. The temperature on the surface of the

receiver coil at the centre of the coil increased by 3.48 ◦C to 23.48 ◦C. The difference in

temperature rise between the original load and the increased load is 0.97 ◦C. Note that

the temperatures in the upper corners of the salt water box have increased due to the

higher voltages and currents on the transmitter coil when the increased load is used.

Figure 5.19 shows the variation of temperature with time during the 20-minute simu-

lation run for both the original load (solid) and the increased load (dashed) at the centre

of the receiver coil.

Table 5.16 compares the temperature rises of the experiment with that of the simu-

lation, for both the original load and increased load.
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Figure 5.17: Temperature distribution with original load

Figure 5.18: Temperature distribution with increased load
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Figure 5.19: Variation of temperature with time for original (solid) and increased (dashed)
load at centre of receiver coil
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Experiment Simulation
Original load temp. rise 4.48 ◦C 4.45 ◦C
Increased load temp. rise 3.59 ◦C 3.48 ◦C
Difference in temp. rise 0.89 ◦C 0.97 ◦C

Table 5.16: Comparison of temperature rises of experiment and simulation

5.7 Summary

This chapter presented an experimental setup consisting of a WPT system with a receiver

immersed in a salt water solution. The system was run with two different loads: a load

for achieving maximum link efficiency and an increased load to reduce coil dissipation

and the overall magnetic field at the centre of the receiver coil. For each experimental

run, the temperature rise of the salt water solution was measured after a period of time,

and it was found that the experimental runs with the increased load generally resulted

in lower temperature rises.

The experimental setup was also modelled in CSTMicrowave Studio and CSTMPhysics

Studio as closely to real-life as possible. Electromagnetic and thermal simulation results

show good agreement with the experimental results, thus validating the hypothesis that

changing the load leads to a fall in the temperature rise of the surrounding conductive

medium.
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Chapter 6

Towards long-range powering of

low-power medical implants and

wearables

Chapter 4 presented the design process of a wireless power transfer (WPT) system for

high-power implantable medical devices that can operate efficiently and within safety

limits. In reality, these systems can only operate feasibly over a relatively short dis-

tance without link efficiency suffering too much, current and voltages levels being too

impractically high, or safety limits being exceeded. However, there are many types of

small medical implants and wearable devices requiring an external source of power, whose

power consumption is very low. Thus, for such devices, there is the possibility of being

wirelessly powered over a longer range.

A common characteristic among WPT systems for medical implants and wearable

devices is that the implanted or body-worn receiver coil is highly constrained in size

(no more than a few cm), and therefore the transmitter coil is likely to be larger than

the receiver coil. For the long range delivery of power to small medical devices and

wearables, this asymmetry in size will be much more apparent than that for the shorter-

range powering of higher-power left ventricular assist devices (LVADs). The transmitter

coil needs to be larger in order to maintain good coverage of magnetic flux that will
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be picked up by the receiver coil some distance away. Also, a larger transmitter coil is

required to sustain the high magnetic field levels that smaller receiver coils, with their

decreased flux capture areas, need in order to deliver adequate power to the load.

This chapter introduces a position-insensitive approach to powering sensor networks

remotely over a long range. It is envisioned that such an approach will also be suitable for

low-power medical implantables and wearables. The method uses an open-loop method of

impedance emulation to ensure that maximum power is received, and transmitter power

modulation so that the sensor node electronics will not be damaged as the receiver moves

close to the transmitter end. This method allows the system to operate reliably as the

distance between the transmitter and the receiver changes. At the end of this chapter, an

approach to detecting living objects using a high frequency magnetic field is presented,

making use of some of the concepts introduced in Chapter 4. Such an approach could

be used in the detection of foreign objects in the vicinity of a WPT system for safety

reasons. Another example of its potential use could be in rescue operations to find people

trapped underneath collapsed buildings following an earthquake.

6.1 Motivation

Inductive power transfer (IPT) systems, which operate in the near field, are a particularly

attractive alternative to existing far-field techniques for transferring power with electro-

magnetic (EM) fields over long distances (up to 10m). In a previous system [42], it was

shown that more than 10mW can be transferred to a load up to 6m from the transmit-

ter. An issue with this system, though, is that different levels of load current draw in the

sensor node changes the load impedance seen by the receiver’s resonant tank, resulting in

poorer efficiency and a significant drop in received power. Also, moving the receiver too

close to the transmitter could cause damage to the receiver electronics due to excessive

received voltage. An improved long-range IPT system for reliable long-range powering of

sensors with milliwatt-level consumption is proposed. It overcomes the problems of the

previous system by using an ultra-low power switch-mode impedance emulator to present
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a constant impedance and wireless feedback to modulate the transmitter power.

6.2 System specifications and simulations

The transmitter used in the previous long-range system in [42] was a 2-turn 1m square

coil with a turn spacing of 30mm, and was made from 28mm copper pipe with a wall

thickness of 0.9mm. At the other end, the receiver was a 5-turn 17 cm square coil, made

from three strands of 1.3mm Litz wire. The same coils will be used in the simulation

and experimental work in this chapter, which involves the development of an improved

long-range remote powering system for sensor networks. Table 6.1 shows the simulated

inductance, resistance and Q factor of both of the coils at 3MHz, which is the same

frequency that was used in [42].

Quantity Symbol Value
TX coil inductance LTX 8.67 µH
RX coil inductance LRX 9.14 µH
TX coil resistance RTX 52.0mΩ
RX coil resistance RRX 450mΩ
TX coil Q factor QTX 3140
RX coil Q factor QRX 383

Table 6.1: Simulated transmitter and receiver coil properties at 3MHz

For this long-range system, the distance between the transmitter and receiver coils

is to be varied from 1m to 6m. Figure 6.1 shows how the coupling factor changes with

distance (obtained by electromagnetic simulation). Looking at the results from 3m to

6m, when the receiver is sufficiently far away from the transmitter coil, the relationship

between the coupling factor k and the coil separation distance d is:

k ∝ 1

d2.87
(6.1)

In comparison, the variation of the magnetic field strength of a magnetic dipole with

distance follows the inverse cube law [83].

Figure 6.2 shows the change in link efficiency with distance at 3MHz (obtained by

electromagnetic simulation). The relationship between the link efficiency ηlink and dis-
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Figure 6.1: Variation of coupling factor with distance on axis from transmitter coil (from
simulation)

tance d is:

ηlink ∝
1

d5.74
(6.2)

Assuming a constant transmitter coil current and a negligible reflected resistance (result-

ing in near constant input power), this means that the received power also follows the

same relationship with distance as link efficiency. For a magnetic dipole, power falls with

distance to the power of six.
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Figure 6.2: Variation of link efficiency with distance on axis from transmitter coil (from
simulation)

A Class E inverter is used to drive the transmitter coil with a high-frequency alter-
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nating current (AC) in order to generate the required magnetic field for the receiver end.

Since coupling is very low over distances of several coil diameters, the reflected resistance

of the receiver on the transmitter coil is also very low. For example, at a distance of 6m,

the coupling factor is 0.0026%, leading to a reflected resistance of only 20.4 µΩ. There-

fore, the inverter only needs to be designed with the transmitter coil impedance in mind,

without needing to refer to the link and receiver parameters via reflected impedances [42].

Figure 6.3 shows the circuit diagram of the semi-resonant Class E inverter used for

the long-range system. Table 6.2 lists the component values used for the Class E inverter

that results in zero-voltage switching; these were calculated using the design procedure

described in [91]. Figure 6.4 shows the simulated drain-source voltage of the Class E

inverter metal–oxide–semiconductor field-effect transistor (MOSFET) switch, when the

input direct current (DC) voltage Vin is 16.0V and the output AC current ITX is 27.0A.

Cser LTXITX

RTXCresCpar

−

+

Vin

Lchoke

Figure 6.3: Semi-resonant Class E inverter from [2]

Component Value
Lchoke 47µH
Cpar 1.62 nF
Cser 30.3 pF
Cres 294 pF

Table 6.2: Components values for semi-resonant Class E inverter

At the receiver end, link efficiency is maximised when receiver resonance is used

to cancel the secondary leakage inductance and the optimal load is connected to the

receiver’s resonant tank [1]. Parallel tuning is employed instead of series tuning, due to

the low induced electromotive force (EMF) in the receiver coil for the long-range low-

power scenario. Figure 6.5 shows a schematic diagram of the receiver coil with the parallel

tuning capacitor Ctune and the AC load RL.
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Figure 6.4: Voltage across MOSFET switch of Class E inverter (Vin = 16.0V, ITX =
27.0A)

−
+

Vind

IRX

LRX RRX

Ctune RL

+

−
VRX

Figure 6.5: Equivalent circuit of parallel-tuned receiver with tuning capacitor and load
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The expressions for the tuning capacitance and the optimal load for a parallel-tuned

secondary are given by Equations (2.9) and (2.12), respectively [1]. As a result of using

secondary tank resonance, the maximum link efficiency can be evaluated using Equa-

tion (2.13) [1].

However, in the case of a long-range system where coupling between the transmitter

and the receiver is extremely weak, the link efficiency will be very poor. In fact, as

coupling factor k is very low, the expression for the (complex) optimal load ZL,opt can

then be easily determined as it is simply the complex conjugate of the receiver’s resonant

tank at the operating frequency [42]. Therefore, the goal of link efficiency maximisation

converges to that of achieving maximum power transfer from a voltage source (the induced

voltage) with a finite impedance (the resonant tank). Thus, for a parallel tuned secondary,

ZL,opt =

(
1

1
RRX+jωLRX

+ jωCtune

)∗

(6.3)

where RRX is the parasitic resistance of the receiver coil, and (x)∗ denotes the complex

conjugate of x. Due to the use of parallel receiver resonance and the relatively large coil

Q factor, ZL,opt is real and can be denoted by the optimal resistive load RL,opt.

Table 6.3 lists the values of the tuning capacitance and AC load resistance for max-

imising the link efficiency of the long-range system at 6m.

Quantity Value
Ctune 308 pF
RL,opt 66.0 kΩ

Table 6.3: Tuning and loading parameters for maximising link efficiency at 6m

Figure 6.6 shows the variation of the magnetic flux density per square root of receiver

power in mW with distance on axis from the transmitter coil, when the receiver coil

(located at 6m) is tuned and loaded with the values given in Table 6.3.

RL in Figure 6.5 represents the AC load, but in most applications a DC output is

required. Therefore, at the receiver side of an IPT system, a rectifier needs to be present

in order to convert the AC voltage across the coils to a DC voltage to supply a DC load.

For the long-range system, a full-wave bridge rectifier consisting of four diodes is selected
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Figure 6.6: Variation of magnetic flux density per square root of receiver power in mW
with distance on axis from transmitter (receiver at 6m)

to perform the task of rectification. The relationship between the output DC load (RL,DC)

and the AC resistance at the input of the rectifier (RL) is given by [1]:

RL,DC = 2RL (6.4)

This rectifier needs to present to the resonant tank the optimal impedance in order for

the maximum power to be collected.

The maximum receiver coil voltage, VRX, was limited to 50V (higher voltages could

damage the receiver electronics), so the transmitter coil current is to be modified in order

to achieve the desired receiver coil voltage. The transmitter coil current can be varied

by changing DC input voltage of the Class E inverter. The received power PL can be

calculated by using the receiver coil voltage VRX and the attached load RL:

PL =
V 2
RX

2RL

(6.5)

160



6.3 Impedance emulation

Different levels of sensor node activity, resulting in variations in load current draw, can

cause the link efficiency and power available to the load to collapse. Therefore, a method

of impedance emulation is required so that a constant impedance is always presented to

the output of the bridge rectifier in the receiver (and hence, to the receiver’s resonant

tank). Switch-mode DC-to-DC converters can be controlled in such a way that the

desired impedance is presented. An open-loop control scheme is preferred as the power

consumption requirements can be minimised. A converter operating in discontinuous

conduction mode presents the potential ability to operate in open loop as the input

current always starts from zero every switching cycle. The shape of the input current

is then hopefully dependent only on switching characteristics and the value of circuit

components such as the inductor. Step-down topologies are required as the expected

rectified receiver voltage is 50 V whilst the sensor-node electronics run on 3V to 5V.

A lithium (Li)-ion rechargeable coin cell is placed across the output of the impedance

emulator in order to fix the output voltage at 3.7V. Any excess power not consumed

by the sensor node is stored in the cell, whilst the cell can also be used to power up

the sensor node and the impedance emulator if the receiver is out of the transmit power

range.

The buck converter, buck-boost converter, and the flyback converter are candidates for

a step-down open-loop impedance emulation circuit [92], which is to be inserted between

the bridge rectifier and the sensor node.

6.3.1 Buck topology

Figure 6.7 shows a buck converter, which steps down the voltage at its input, Vi (the

rectified receiver coil voltage) to its output, Vo (fixed by a 3.7V rechargeable Li-ion

button cell).

In discontinuous mode, the input current, Ii (which is equal to the inductor current

when the switch is on) is zero at the start of the switching cycle and increases at a rate
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Figure 6.7: Buck converter

of:

dIi
dt

=
Vi − Vo

L
(6.6)

Given a duty cycle of δ and a switching frequency of f , the on-time of the switch is:

Ton =
δ

f
(6.7)

Therefore, the maximum current in the inductor is:

Imax =
Vi − Vo

L
Ton

=
Vi − Vo

L

δ

f
(6.8)

Since the input current is zero when the switch is off, the average input current is

then:

Ii,average =
1

2
Imaxδ

=
Vi − Vo

2L

δ2

f
(6.9)

The input impedance is therefore:

Zin =
Vi

Ii,average

=
Vi

Vi − Vo

2fL

δ2
(6.10)

The buck converter remains in discontinuous conduction mode only if the current

through the inductor when the MOSFET is off is allowed to fall back to zero (before the
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switch turns on again). From this, we obtain an upper bound for the operating duty

cycle:

Vi − Vo

L
ton ≤ Vo

L
(T − ton)

Viton ≤ VoT

δ ≤ Vo

Vi

(6.11)

From Equation (6.11), the maximum expected value of Vi = 55V and the chosen

output value of Vo = 3.7V, the maximum duty cycle for which the converter remains

in discontinuous mode is δ = 0.0673. This would mean that the MOSFET would have

to switch at unrealistic speeds since the duty cycle is very short as a result of the large

step-down ratio.

Although the buck impedance emulator is working in open loop (no control circuitry

is required), the input impedance does vary with the input voltage. If the expected input

voltage range is from 20V to 55V, then the emulated impedance changes from 114 kΩ to

100 kΩ. Although the emulated impedance change is small, it would be more desirable

to have a topology that can emulate a constant impedance that does not depend on the

input voltage (i.e. emulating a linear resistor).

6.3.2 Buck-boost topology

A buck-boost converter operating in discontinuous conduction mode and with open-loop

control (i.e. fixed duty cycle) can act as an impedance emulator. Buck-boost circuits, as

shown in Figure 6.8, were used in [93] as part of the power processing circuitry for Pow-

erMEMS generators in order to present the correct electrical impedance to the generator.

To determine the impedance seen at the input of a buck-boost converter in discontin-

uous conduction mode, the average current into the converter Ii,average when a voltage Vi

is applied at the input is first calculated:
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Figure 6.8: Buck-boost converter

Ii,peak =
Vi

L
ton

=
Vi

L

δ

f
(6.12)

Ii,average =
1

2
Ii,peak

ton
T

=
1

2
Ii,peakδ

=
Viδ

2

2Lf
(6.13)

where f = 1
T

is the switching frequency of the buck-boost, L is the value of the

inductor, ton is the time during which the MOSFET is switched on, and δ = ton
T

is the

duty cycle of the switching signal.

Therefore, the input impedance of the buck-boost converter is:

Zin =
Vi

Ii,average

=
2fL

δ2
(6.14)

The buck converter remains in discontinuous conduction mode only if the current

through the inductor when the MOSFET is off is allowed to fall back to zero (before the

switch turns on again). From this, we obtain an upper bound for the operating duty

cycle:
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Vi

L
ton ≤ Vo

L
(T − ton)

(Vi + Vo)ton ≤ VoT

δ ≤ 1

1 + Vi

Vo

(6.15)

From Equation (6.15), the maximum duty cycle for which the converter remains in

discontinuous mode is δ = 0.0630. This would mean that, as with the buck impedance

emulator, the MOSFET would have to switch at unrealistic speeds since the duty cycle

is very short as a result of the large step-down ratio. Another issue with the buck-boost

impedance emulator is that the output voltage is negative.

6.3.3 Flyback topology

To overcome the limitations of the buck and buck-boost impedance emulators, a flyback

impedance emulator was designed. Flyback circuits, as shown in Figure 6.9, are used

in [94] for emulating an impedance in low-power radio frequency (RF) and wind energy

harvesters, and in [95] as part of a high-power-factor rectifier.

L1 L2

Ii

+

−

Vi

+

−Vo

Figure 6.9: Flyback converter

The expression for emulated resistance is the same as Equation (6.14), but with the

buck-boost inductor L replaced by the primary inductance of the flyback transformer,

L1:

Zin =
2fL1

δ2
(6.16)
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The flyback converter remains in discontinuous conduction mode only if the current

through the secondary winding of the transformer when the MOSFET is off is allowed to

fall back to zero (before the switch turns on again):

Vi

L1

ton ≤ Vo

nL2

(T − ton)

Vi

n
ton ≤ Vo (T − ton)

δ ≤ 1

1 + Vi

nVo

(6.17)

where n is the turns ratio and is equal to:

n =
N1

N2

=

√
L1

L2

(6.18)

With Vo = 3.7V, Vi = 55V and n = 10, the maximum allowable duty cycle for main-

taining discontinuous conduction mode is δ = 0.402, which means the MOSFET can be

switched at more reasonable speeds. In addition, the output voltage of a flyback converter

is positive. Like the buck-boost impedance emulator in Section 6.3.2, the flyback can be

operated in discontinuous conduction mode and in open loop, keeping power consumption

low.

The implemented flyback impedance emulator has the following parameters: f =

19 kHz, L1 = 140mH, L2 = 1.6mH, δ = 0.24. This gives an emulated impedance of

92.3 kΩ, which is close to the optimal load (based on measured receiver coil properties

in [42]) presented to the rectifier. As n = 9.35 here, the maximum allowable duty cycle

is 0.386, which means that the flyback circuit will remain in discontinuous conduction

mode.

Figure 6.10 shows the simulated current through the primary winding of the flyback

transformer, whilst Figure 6.11 shows the simulated current through the secondary wind-

ing. The ratio of the peak current at the secondary side to that at the primary side is

the turns ratio of the flyback transformer.
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Figure 6.10: Simulated current through primary winding of flyback transformer
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Figure 6.11: Simulated current through secondary winding of flyback transformer
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Figure 6.12 shows the simulated voltage across the diode at the secondary side of the

flyback impedance emulator. When the MOSFET is switched on, the primary current
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Figure 6.12: Simulated voltage across diode at secondary side of flyback transformer

starts to increase and the voltage seen by the diode is the sum of the output battery

voltage, and the input voltage of the flyback impedance emulator divided by the turns

ratio. Once the MOSFET is switched off, current flows in the secondary coil and through

the diode, causing the diode to be forward biased and the voltage to drop to its forward

voltage. However, when the secondary current falls to zero, the diode voltage becomes

that of the output voltage (which is 3.7V because of the battery).

Due to the extremely low magnetic coupling in this system, the optimal impedance

presented to the rectifier is high (around 100 kΩ in this case), causing the received current

to be very small (100s of µA). In reality the emulated impedance is not perfectly constant

with variations in input voltage due to parasitic oscillations in discontinuous conduction

mode (Figure 6.13). Nevertheless, the emulator performance was sufficient, restricting

impedance changes to within +20/−50% of the optimal value. Figure 6.14 shows the

efficiency of the impedance emulator with input voltage.
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Figure 6.13: Variation of emulated impedance of flyback impedance emulator with input
voltage
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Figure 6.14: Variation of efficiency of flyback impedance emulator with input voltage
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6.4 Transmitter power control

In order to maintain constant received power as the receiver position is changed and to

prevent damage to the receiver electronics due to excessive received voltage, transmitter

power modulation was implemented. At the receiver side, the rectifier output voltage

VRX,DC (and the flyback impedance emulator input voltage), is measured by a microcon-

troller in the sensor node. This voltage measurement is then sent to a microcontroller at

the power transmitter side via a separate 433MHz frequency-shift keyring (FSK) wireless

data link.

Figure 6.15 shows the power transmitter coil and the associated electronics. The

microcontroller at the power transmitter side obtains the measured VRX,DC value with an

FSK data receiver, and this value is used to control the voltage of the DC power supply

to the Class E inverter, Vinv, in order to modulate the input power. The objective of

the control algorithm is to keep VRX,DC close to 50V. Any voltage above 55V is deemed

‘excessive’ and could potentially cause damage to the receiver electronics.

Figure 6.15: Transmitter coil and electronics
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The method of Vinv control is as follows: if VRX,DC is greater than 55V, then Vinv is

decreased by 10V. If VRX,DC is less than 45V, then Vinv is increased by 2V, but only if

Vinv is less than a certain value called Vinv,max. Vinv,max is an upper limit on Vinv that is

set in order to keep VDS of the MOSFET in the Class E inverter less than 1000V, which

is its breakdown voltage. A hysteresis band for VRX,DC (between 45V and 55V) is used

to prevent frequent fluctuations in input power.

Read VRX,DC over wireless link

VRX,DC > 55V

VRX,DC < 45V
and Vinv < Vinv,max

Reduce Vinv

Increase Vinv

No

Yes

NoYes

Figure 6.16: Transmitter power modulation flow diagram

6.5 Class E inverter board modifications

As part of the work on the long-range IPT system, the Class E inverter printed circuit

board (PCB) was also modified in order to solve some existing practical issues. One

problem with the previous PCB was that the high voltage node at the coil resonant tank,

which could potentially reach a peak amplitude of 7 kV, was only 3mm away from the

heat sink (through air) and this caused arcing between the high voltage node and the

heat sink. The photographs in Figures 6.17 and 6.18 show the damage done to the board

and its heat sink due to arcing.

The new design consisted of a smaller heat sink with active cooling via a small fan,

which was placed away from the high voltage node to prevent any arcing. Also a small

copper block was placed in between the MOSFET’s exposed pad and the heat sink, so
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Figure 6.17: Old Class E inverter board damaged by arcing

Figure 6.18: Heat sink of old Class E inverter board damaged by arcing
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that there would not be any arcing between the heat sink and the MOSFET’s drain pin

(the drain could reach a maximum 1000V). The new board is shown in Figure 6.19.

Figure 6.19: New Class E inverter board

Since the capacitors in the resonant tank (represented by Cres in Figure 6.3), which

have a voltage rating of 7.2 kV [96], were subjected to the entire transmitter coil voltage

of around 7 kV, they constantly broke down when running the transmitter at full power

(full power being determined by the point at which the MOSFET’s drain-source voltage

is just below its breakdown voltage). To fix this, each capacitor was replaced with two

in series and two in parallel, so that the voltage would be distributed between the two

capacitors in series. This change meant that the capacitors were no longer breaking down

as they did not have the full transmitter coil voltage across them.

6.6 Results

Figure 6.20 shows a schematic diagram of the receiver coil and electronics, with the

resonant tank on the left hand side, followed by the bridge rectifier, the impedance

emulator and the sensor node with an RF data transmitter.

Figure 6.21 is a photograph of the receiver coil and electronics. In the final implemen-

tation, the p-n diodes in the bridge rectifier (1N4148W [97]) were replaced by Schottky

diodes (BAT46W [98]) in order to reduce conduction loss, since Schottky diodes have a
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Figure 6.20: Receiver coil and electronics - schematic diagram

smaller forward voltage drop when they are conducting current.

Figure 6.21: Receiver coil and electronics - photograph

Figure 6.22 shows post-emulator received power with distance between the receiver

and the transmitter. Received power is constant at around 30mW up to 3m as the power

is modulated, but beyond 3m the transmit power saturates (limitations in the MOSFET

voltage rating of the inverter) and the received power decreases. The receiver electronics

and feedback system consumes 3.1mW and so with a transmitter input power of 163.3W

the receiver becomes ‘power neutral’ at 4.75m. At 5m, received power falls to 2mW.

From 3m to 6m, the relationship between the received power and distance is:

PRX ∝ 1

d6.88
(6.19)
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Figure 6.22: Received power with distance between transmitter and receiver coil

6.7 Safety

Simulations for the long range IPT system were performed in the absence of a human body

model. Since the main causes of heating in the human body are receiver coil dissipation

and energy absorption in the tissue due to the magnetic fields generated by the receiver

coil, a WPT system for a low-power medical implant (up to 30mW) should be safer than

that for a higher-power medical device such as an LVAD (up to 15W). As an example, in

the short-rage scenario of the high-power system described in Section 4.2.5, the receiver

coil has a current of 2.78A and the magnetic field at the centre of the receiver is 155µT,

when the optimal load is used. In contrast, for the long range medical implant described

in this chapter, the receiver coil current is only 289mA, and the magnetic field in the

centre of the receiver is 10.5 µT. Hence, it is expected that tissue heating effects will be

less significant with a long range IPT system for a low-power medical implant than a
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short-range system for a higher-power device.

A person with an implantable medical device and a receiver coil would remain safe

when walking towards the transmitter coil. With the use of transmitter power control and

impedance emulation, the receiver end would sense that too much power was received,

so it would tell the transmitter end to step down the input power. For people without

an implanted receiver that can communicate with the transmitter, there are several ways

of ensuring their safety when moving close to the transmitter coil. One method is to

implement foreign object detection and an approach for doing so will be described in

Section 6.9. In addition, electromagnetic simulations could be performed to determine

whether exclusion zones need to be established, outside of which the reference levels or

limits on specific absorption rate (SAR) are not exceeded.

6.8 System comparison

Table 6.4 presents a comparison of the various link and coil parameters of a WPT system

for LVADs over a short distance presented in Chapter 4 and those for sensor networks

over much greater coil separations described in this chapter.

High power Long range
TX size 10 cm 1m
RX size 5 cm 17 cm

Received power 15W ≤ 30mW
Coupling factor 10% - 20% 0.0026%
Link efficiency 95% 0.02%

Distance 2 cm up to 6m

Table 6.4: Comparison of coil and link parameters

6.9 An approach to detection of living objects

The analysis of WPT systems for medical devices involves investigating and modelling

the interaction of the high-frequency magnetic field with the human body, as described in

Chapter 4. Since there is an effect of the human body on the distribution of the magnetic
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field, operating in the near field of the coil means that any changes in the field is reflected

(referred back) to the transmitter coil. This information can be used potentially to detect

the presence and location of humans and other living objects in the vicinity of at least

one large coil, such as the one used as the transmitter for the long range system in this

chapter.

Useful and suitable applications of this technology might revolve around disaster relief

after a humanitarian crisis, such as locating people trapped under collapsed buildings

and structures following an earthquake. A network of drones, each with its own receiver

coil, could form a coil array to increase the degrees of freedom in order to implement

object localisation and tracking. Therefore, a group of wireless-powered drones could fly

over collapsed buildings and use the high-frequency magnetic fields to search for trapped

human beings.

Another example of the potential use of this technology could be the detection of

foreign objects in the vicinity of a mid-range WPT system. These foreign objects could

be metallic objects (e.g. CDs, chewing gum wrappers etc.) that heat up and catch on

fire or living objects (e.g. humans, cats etc.) that suffer from tissue damage or nervous

system effects, when situated in a strong magnetic field. As soon as a foreign object is

detected, the entire system could then be turned off.

6.9.1 Theory and modelling

The general idea is to use a low frequency magnetic field (< 10MHz) in order to detect

objects of interest within the near-field. This alternating magnetic field could be set

up using a transmitter coil, such as the large 1m × 1m coil used in the long range

system described in this chapter. The eddy currents that are induced in an electrically

conductive object of interest (e.g. a person or an animal) by the transmitter-generated

magnetic field can be detected by either the same transmitter coil or another ‘receiver’

coil, due to a corresponding change in the magnetic field distribution. The amplitude

and phase response of the field can provide information about the relative distance and

material of the detected object.
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The transmitter coil and the object of interest are considered to be mutually coupled,

and the resulting system can be modelled as an air-core transformer (just like with a WPT

system). The electrically-conductive object can be represented by a resistor-inductor (RL)

receiver coil model, which loads the transmitter coil in a way that depends on the mutual

impedance between the two.

When a current is injected into the square transmitter coil, it generates a magnetic

field with an on-axis distribution given by [83]:

HTX(z) =
2ITXa

2
TXNTX

π (a2TX + z2) (2a2TX + z2)
1
2

(6.20)

where NTX is the number of turns, 2aTX is the average length of one side, ITX is the

transmitter coil current and z is the distance on axis from the centre of the transmitter

coil.

The induced voltage in the ‘receiver’ object as a result of the transmitter-generated

magnetic field can be calculated using Faraday’s Law of Induction, and the resulting

expression in time-harmonic form is given by Equation (6.21):

Vind,RX = −jωΦ

= −jωµ0ARXHTX(D) (6.21)

where Φ is the total flux over the effective area ARX of the object, and D is the distance

between the transmitter coil and the object. HTX(D), the magnetic field strength at the

object of interest, is assumed to be constant over ARX.

The phase, amplitude and frequency dependence of the ‘receiver’ object current IRX

and the resulting ‘reflected’ magnetic field HRX will depend on the induced voltage Vind,RX

in the object, and the effective inductance LRX and resistance RRX of the object. This

‘reflected’ magnetic field is detected as an induced voltage in the transmitter coil Vind,TX.
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6.9.2 Simulation study

CST Microwave Studio was used to verify and quantify the basic approach to detecting

objects in the near field. The amplitude and phase response of the ‘reflected’ magnetic

field and the induced voltage in the transmitter coil to different materials at varying

distances from the transmitter coil were simulated.

A 1m× 1m 2-turn helical coil is used as the transmitter, and is fed by a 1A current

source at a frequency of 1MHz. Coil losses are irrelevant for this study, so the coil was

modelled as a perfect electrical conductor instead of copper (lossy metal). Human-sized

blocks of different materials were placed at distances between 50 cm and 10m from the

centre of the coil on axis at 25 cm intervals. The materials simulated were human fat and

polypropylene. The blocks have a dimension of 1.8m× 80 cm× 20 cm. Figure 6.23 shows

the simulation setup in CST Microwave Studio for the detection of a human sized block

by a transmitter coil.

Figure 6.23: Simulation setup for detection of a human sized block by a transmitter coil

The real and imaginary components of the magnetic fields on the central axis were
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Figure 6.24: Variation of the imaginary part of the magnetic field with distance along
coil central axis, with block of fat placed at distances between 2m and 5m

simulated and recorded for different distances between the object of interest and the

transmitter coil. The corresponding transmitter coil voltage at the current source port

was measured.

The first simulation involved placing a block of fat at distances varying from 2m to

10m. Fat has a dielectric constant of 27.2 and loss tangent of 16.6 at 1MHz [77, 84]. As

can be seen from the field distribution results in Figures 6.24 and 6.25, the imaginary

part of the magnetic field (90◦ out of phase with the input current) clearly indicates the

location of the electrically-conductive biological material.

The imaginary part of the magnetic field can be detected at the transmitter coil.

Figures 6.26 and 6.27 shows the real part of the voltage across the transmitter coil.

There is a clear correlation between the real part of the transmitter coil voltage and the

distance between the block of fat and the coil. This voltage corresponds to the imaginary

‘reflected’ magnetic field from the fat coupled back to the transmitter coil, in the form of

an induced voltage. Such changes in voltage amplitudes are detectable.

In the second simulation, the block of fat was replaced with a block of polypropylene

plastic of the same dimensions. Polypropylene has a dielectric constant of 2.3 and a loss

tangent of 0.00041 [78, 99] (much less lossy and conductive compared to fat). Figure 6.28

shows the variation of real part of the voltage across the transmitter coil with distance be-
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Figure 6.25: Variation of the imaginary part of the magnetic field with distance along
coil central axis, with block of fat placed at distances between 5m and 10m

Figure 6.26: Variation of the real part of transmitter coil voltage with distance between
fat block and transmitter, between 2m and 5m
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Figure 6.27: Variation of the real part of transmitter coil voltage with distance between
fat block and transmitter, between 5m and 10m

tween the coil and the plastic block. The same trend can be seen in voltage with distance

between the polypropylene plastic block and the transmitter coil; however, compared to

fat, the voltage amplitudes for polypropylene plastic are much smaller.
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Figure 6.28: Variation of the real part of transmitter coil voltage with distance between
polypropylene block and transmitter, between 50 cm and 10m
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6.9.3 Experimental work

An experiment is conducted where a person is stood at different distances in the near

field of the transmitter coil. The transmitter power used was 50W, and the drain-source

voltage of the MOSFET switch of the Class E inverter was measured as the distance

between the person and the transmitter varied from 50 cm to 5m. Figure 6.29 shows

the results of this experiment, where a clear correlation of distance with the drain-source

voltage can be observed.

Figure 6.29: Variation of MOSFET drain-source voltage with distance between standing
person and transmitter coil (Transmitter power: 50W)

6.10 Summary

An ultra-low power switch mode impedance emulator was designed and implemented

into a previous long range IPT system to provide constant loading for maximum power

transfer. Transmitter power control via wireless feedback was also added in order to

maintain constant received power and to prevent excessive received voltage damaging the

electronics. These improvements resulted in a position-insensitive long-range inductive

power transfer system that could be used to reliably supply power to a network of sensors

with milliwatt-level power consumption. IPT systems are therefore a viable alternative to

existing far-field methods such as RF energy harvesters for supplying power concurrently
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to multiple remote sensors.

An approach to the detection of living objects was presented as well, with simula-

tions showing that when an electrically conductive object is placed in the magnetic field

produced by a coil, the real part of the coil voltage varies with the distance between the

object and the coil. These voltages are large enough to be detectable, and are caused by

a peak in the imaginary part of the magnetic field at the object of interest. An exper-

iment was also performed, in which a person stood at varying distances from the large

transmitter coil used in the system described in this chapter. There was a strong correla-

tion between the drain-source voltage of the Class E inverter’s MOSFET switch and the

distance between the person and the transmitter coil, due to the change in loading of the

coil by the person.
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Chapter 7

Conclusion

This thesis covered a variety of topics that relate to the design of wireless power transfer

(WPT) systems in the presence of living objects. Firstly, an overview of the design of a

multi-MHz mid-range WPT system in free-space was presented, using link efficiency-led

principles and incorporating high-frequency power electronics (semiconductor devices,

inverters and rectifiers). This was followed by an identification of the safety guidelines

and regulations concerning exposure to electromagnetic fields and temperature rises that

apply to WPT systems in the presence of living objects and for implantable medical

devices. Afterwards, an explanation of how to evaluate safety and compliance with safety

limits using 3D electromagnetic and thermal numerical simulations was given, using a

wirelessly-powered drone as an example.

With safety considerations in mind, the thesis then discussed the design, analysis and

simulation of a WPT system with an implanted receiver for high-power medical devices.

This included an investigation into how changing different system and coil parameters can

lead to a lower level of tissue heating and temperature rises in the human body, despite

moving away from the widely-accepted maximum link efficiency objective. Subsequently,

a detailed account of the experimental work carried out was provided, in order to show

the effect of changing certain design parameters on the maximum link efficiency, heating

and temperature rises of the surrounding conductive medium.

The development of a position-insensitive long range inductive power transfer (IPT)
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system for sensors networks was also covered; such a system could also be used for

remotely powering low-power medical implants and wearable devices. Lastly, an approach

to detection of living objects using high-frequency magnetic fields was introduced.

7.1 Main research outcomes

The key outcomes and findings arising from the PhD research are as follows:

• Amethod of designing multi-MHz mid-range IPT systems in air using link efficiency-

led principles was devised, where for a given coupling factor between two coils

(constant distance and fixed coil geometries), the operating frequency of the WPT

system should be chosen to maximise the product of the coil Q factors in order

to maximise link efficiency. This has been completed in collaboration with my

colleagues (co-authors of [3]), who researched, designed and implemented efficient

high-frequency power converters (soft-switching inverters and rectifiers) that are

able to support the MHz frequencies used in such IPT systems.

• For WPT systems with an implanted receiver for a high-power medical device,

a general link efficiency expression was derived with an arbitrary receiver tuning

capacitance and load. In addition, a simple equivalent circuit model of an implanted

coil was devised, with an insight into how an extra resistance representing eddy

current looses in the body varies with tissue type and frequency.

• It was discovered that to minimise tissue temperature rises, the optimal selection

of frequency and number of turns should be made so as to balance out tissue heat

absorption due to an electromagnetic (EM) field and heat dissipation due to coil

currents. Increasing the frequency or the number of coil turns leads to greater tissue

heat absorption but lower coil dissipation.

• A method of reducing temperature rises and specific absorption rate (SAR) was

presented, which involved setting the receiver load away from its optimal value.

The relationship between the overall magnetic field at centre of the receiver coil
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and the output load for a particular received power was derived, using Biot-Savart

law and Faraday’s Law of Induction. Despite a fall in maximum link efficiency

with a non-optimal load, such a method is necessary to ensure a system is safe

for patients. In addition, the receiver load which minimised the overall magnetic

field through the centre of receiver coil to reduce eddy current heating in the tissue

was calculated. Alternatively, a load value which minimised the coil voltage was

identified, and this could be used to reduce electric fields and dielectric heating.

• It was found that although switching from optimal tuning to resonant tuning leads

to a small decrease in link efficiency and slightly higher heating and temperature

rises for the short-range scenario, there is a noticeable reduction in the reactance

of the reflected impedance, which may have implications for inverter design.

• A position-insensitive long-range IPT system for sensor networks was successfully

developed. An ultra-low power open-loop flyback impedance emulator was designed

to maintain maximum power transfer even when the receiver is relatively far from

the transmitter. A method of transmitter power modulation using wireless data

feedback was implemented to prevent receiver damage when moving close to the

transmitter. These improvements were required in order to deliver power reliably

to a direct current (DC) load at varying distances from the transmitter.

• The potential use of high-frequency magnetic fields for detecting living objects was

found to be possible. Since the electrically conductive human tissue alters the

distribution of the transmitter-generated magnetic field, this results in an induced

voltage across the transmitter coil that can be detected; the amplitude and phase

response can provide information regarding the distance and material composition

of the object of interest.
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7.2 Comparison with other work

The long range IPT system described in Chapter 6 builds on a previous system developed

by James Lawson [42], which used an alternating current (AC) load at the receiver. There

have been various implementations of far-field methods, such as radio frequency (RF)

ambient energy harvesting [41] and radiative power transfer [40], but their received power

levels have been limited to less than 1mW. Using near-field inductive power transfer to

deliver several milliwatts of power over a long range (up to 10m) was introduced in [42],

and the improved system developed in this thesis provides reliable power transfer over

long distances by using impedance emulation to maximise power transfer and transmitter

power control to prevent receiver damage when moving close to the transmitter.

With respect to WPT systems for high-power implantable medical devices such as

left ventricular assist devices (LVADs), Table 7.1 shows the key results of other research

groups who have developed systems with similar specifications as those for the short-

range scenario described in Chapter 4, where f is the frequency of operation, PRX is the

received power, D is the coil separation distance, and η is the overall system efficiency.

In this thesis, a link efficiency-led approach to the design of a WPT system for an

LVAD has been taken. To this end, it was found that working at the industrial, scientific

and medical (ISM) bands of 6.78MHz or 13.56MHz results in higher link efficiencies.

This is in contrast to the various systems in [30, 100, 101, 102, 29], where frequencies in

the 100s of kHz range were used. Therefore, for many of the aforementioned systems,

Litz wire coils were chosen in order to boost the coil Q factors as a means of maximising

link efficiency. In addition, a few of these systems [30, 102] used ferrite cores in the coils

to enhance the coupling coefficient so as to further increase link efficiency. However, Litz

wire can be expensive, and ferrite cores are brittle and can heat up significantly in the

presence of an AC magnetic field. To summarise, these systems have overall efficiencies

ranging between 82% to 88%. However, with the exception of [29] in which the receiver

coil was implanted in a sheep, the experiments of the other research groups were performed

in air.

The WPT system developed in [103] operated at a frequency of 6.78MHz. A good
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Ref. f PRX D TX coil RX coil η Temp. Scenario
[30] 163 kHz 20W 5mm 92mm,

7-turn
Litz

53mm,
12-turn
Litz,
ferrite

85% 46.1 ◦C
(ferrite)

Air

[100] 470 kHz 15W 5mm 90mm 66mm 82% - Air
[101] 250-320

kHz
12-60
W

20mm 64mm x
50mm,
19-turn
Litz

64mm x
50mm,
17-turn
Litz

88% - Air

[102] 160 kHz 27.4W 20mm 90mm,
18-turn
Litz,
ferrite

72mm,
9-turn
Litz

85.5% 10.1 ◦C
rise
(MOS-
FET)

Air

[29] 155-168
kHz

15W 16mm 50mm,
21-turn
Litz

50mm,
10-turn
Litz

82.1% 2.7 ◦C
rise (RX
Coil)

Sheep

[103] 6.78
MHz

48.2W 77mm 24 cm x
30 cm, 2
turns

53mm,
12mm
thick-
ness

80% - Air

[31] 8MHz - 20mm 200mm,
6-turn
Litz

60mm,
8-turn
Litz

70% - Agar gel

Table 7.1: Comparison of other systems in literature with similar specifications for wire-
lessly powering an LVAD

191



overall efficiency was achieved in air, despite having a coil separation that was greater

than those of other work listed in Table 7.1. However, it relied on a receiver coil with a

thickness of 12mm (comprising 4 layers of 10 parallel turns), which may not be suitable

as part of an implantable device. The work in [31] also used MHz frequencies to drive

their system, and they obtained an overall frequency of 70% in the presence of an agar

gel human phantom. However, their system could have been further optimised by having

fewer turns on the coils.

From the simulation studies with human body models presented in this thesis, the

short-range system for wirelessly powering an LVAD had a link efficiency of 95% over

a distance of 20mm at a frequency of 6.78MHz. Lightweight, thin, low-cost PCB coils

were used for the transmitter (10 cm, 4 turns) and the receiver (5 cm, 2 turns) ends. Due

to the use of an increased load, the temperature rise in the human body model was only

1.2 ◦C. Though the overall efficiency would not be as high as the link efficiency due to

losses in the power electronics, with the use of efficient topologies introduced in Chapter 2

switching losses in the power converters can be minimised.

7.3 Publications, patents and presentations

The PhD programme has resulted in a number of publications and presentations:

• A conference paper on the long range IPT work described in Chapter 6 was ac-

cepted as a poster presentation at The 14th International Conference on Micro and

Nanotechnology for Power Generation and Energy Conversion Applications (Pow-

erMEMS 2014) in Awaji Island, Hyogo, Japan (18-21 November 2014). It is titled

‘Position-insensitive long range inductive power transfer’ and is published by the

Institute of Physics in the Journal of Physics: Conference Series.

• A conference paper on the use of link efficiency-led principles for designing mid-

range multi-MHz WPT systems in air presented in Chapter 2 was accepted as

an oral presentation at the 2015 Institute of Electrical and Electronics Engineers

(IEEE) PELS Workshop on Emerging Technologies: Wireless Power (IEEE WoW
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2015) in Daejeon, South Korea (5-6 June 2015). It is titled ‘Link efficiency-led de-

sign of mid-range inductive power transfer systems’ and was awarded ‘Best Paper’.

• A conference paper on the design of WPT systems with a human-implantable re-

ceiver that was described in Chapter 4 was accepted as a poster presentation at

the 2016 IEEE Wireless Power Transfer Conference (IEEE WPTC 2016) in Aveiro,

Portugal (5-6 May 2016). It is titled ‘Design objectives and power limitations of

human implantable wireless power transfer systems’.

• An invited talk was given at the Biological + Chemical Sensors Summit 2016:

Implantable Biomedical Systems Symposium in La Jolla, U.S.A. (7 December 2016).

The topic of the talk was on the design of WPT systems for high-power implantable

medical devices such as LVADs and is based on the contents of Chapters 3 and 4

and the paper presented at IEEE WPTC 2016.

• A patent application titled ‘Inductive power transfer system’ has been submitted,

and is based on the novel improvements to the long range inductive power transfer

system that was developed in Chapter 6.

• A co-authored journal paper has been accepted for publication on 13 September

2018 in IEEE Transactions on Power Electronics (first author: Juan M. Arteaga).

It is titled ‘Dynamic capabilities of multi-MHz inductive power transfer systems

demonstrated with batteryless drones’ and includes the drone safety simulations

discussed in Chapter 3.

• A conference paper on the wireless power experiments in salt water solution de-

scribed in Chapter 5 was accepted as a poster presentation at The 18th Interna-

tional Conference on Micro and Nanotechnology for Power Generation and Energy

Conversion Applications (PowerMEMS 2018) in Daytona Beach, Florida, U.S.A.

(4-7 December 2018). It is titled ‘Reducing human body heating and temperature

rises due to inductively-powered implantable medical devices’.
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7.4 Future work

There are many avenues for a future researcher to pursue in order to further the research

in the design of WPT systems for implantable medical devices and for sensor networks,

and in the detection of living objects with a high-frequency magnetic field:

• Based on future discussions and collaborations with medical professionals e.g. car-

diothoracic surgeons, the specifications for the implanted receiver coils (e.g. size,

thickness, flexibility, location) could be refined. In addition, practical safety lim-

its, such as maximum temperature rise at different locations of the body and the

maximum period of time a patient can endure elevated tissue temperatures could

be determined through co-operation with a medical team.

• For delivering power to a high-power medical implant described in Chapter 4, a

three-coil system could combine both the benefits of the short range scenario with

the smaller body-worn transmitter coil acting as a relay and the longer-range sce-

nario with a larger transmitter coil attached to furniture. The design of the im-

planted receiver coil could be optimised, in terms of electromagnetic characteristics

(coil Q improvements, use of ferrite materials) and thermal properties (coating

thickness, encapsulation, choice of materials). A greater implant depth could be

explored where the receiver coil could be placed inside the chest cavity (i.e. at-

tached to the LVAD itself); heating issues would need to be investigated due to the

greater distance of human tissue through which the high-frequency magnetic field

passes.

• For the long range inductive power transfer system in Chapter 6, future work to

improve the present system could include incorporating the data transfer within the

same 3MHz inductive link used for power, instead of having a separate 433MHz

frequency-shift keyring (FSK) RF wireless data link. Otherwise, the data link

could be optimised further, such as by increasing the baud rate and data rate. In

addition, the receiver power electronics (including the impedance emulator) could be

optimised and miniaturised, to increase efficiency and reduce their size and weight.
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Lastly, improvements could be made to the secondary coil in order to increase its

Q factor per unit volume.

• In terms of the detection of living objects with a high-frequency magnetic field, the

use of a multiple coil array to increase the degrees of freedom should be investigated

in order to implement object localisation and tracking. A dynamic system applied

to a network of drones could be implemented, where wirelessly-powered drones

fly over collapsed buildings, and use magnetic fields to search for trapped objects.

Foreign object detection for wireless power transfer systems could also be considered

for safety reasons; such technology is particularly desirable for applications such as

electric vehicle charging.

195



196



References

[1] K. V. Schuylenbergh and R. Puers, Inductive Powering: Basic Theory and Appli-

cation to Biomedical Systems. Springer Publishing Company, Incorporated, 1st ed.,

2009.

[2] M. Pinuela, D. C. Yates, S. Lucyszyn, and P. D. Mitcheson, “Maximizing dc-to-load

efficiency for inductive power transfer,” IEEE Transactions on Power Electronics,

vol. 28, pp. 2437–2447, May 2013.

[3] C. H. Kwan, G. Kkelis, S. Aldhaher, J. Lawson, D. C. Yates, P. C. K. Luk, and

P. D. Mitcheson, “Link efficiency-led design of mid-range inductive power trans-

fer systems,” in 2015 IEEE PELS Workshop on Emerging Technologies: Wireless

Power (2015 WoW), pp. 1–7, June 2015.

[4] D. C. Ng, S. Bai, J. Yang, N. Tran, and E. Skafidas, “Wireless technologies for

closed-loop retinal prostheses,” Journal of Neural Engineering, vol. 6, p. 065004,

oct 2009.

[5] B. H. Waters, J. R. Smith, and P. Bonde, “Innovative free-range resonant electrical

energy delivery system (free-d system) for a ventricular assist device using wireless

power,” ASAIO Journal (American Society for Artificial Internal Organs), vol. 60,

pp. 31–37, Jan-Feb 2014.
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