
D- CLASS ' -7- -"3 '- -E- 

'CURRENT 

GENERATION 

by 

JOHN KEVIN GOODFELLOW 

B. Sc. (Erng) A. C. C. 1 

Thesis s--bmitted to the University of" London 

fo: of Doctor of Philosophy 

Departmeril of Electrical Engimc _ý 'Ing 

Imperial Co of Science, c)yy 

.,. A Medicine. 

March 1989 

I 



ABSTRACT 

A transconductance D-class amplifier is presented that is capable of operating 
into an unknown load of complex and randomly variable impedance. The 

amplifier has a bandwidth of d. c. to 10 kHz, achieving efficiencies greater 

than 90% and a total harmonic distortion figure of less than 0.4%. 

The amplifier incorporates a modulator that ensures that output current is a 
low distortion representation of the user defined input voltage. The input 

may be purely sinusoidal or continuously variable in frequency and magnitude. 
The controller requires one feedback state variable of prefiltered load 

current from which an observable voltage state variable can be extracted. The 

modulator optimally controls the power transfer between the supply and the 

load and is ideally suited to any load which exhibits dynamic impedance and 

power factor changes over its driven range. 

The power stage presented is based on an optimal H-bridge layout. Two 

switch types are presented for the amplifier H-bridge. 'Me first is a mosfet 
based switch using some novel circuit techniques to maximise the useful device 

output power. This switch is used in the construction of a6 kW 

transconductance amplifier. The second switch is based on the cascode switch 

principal. Two switch types were developed, the emitter switch and the 

cathode switch. The emitter switch, the series connection of a high voltage 
bipolar transistor and low voltage mosfet, achieved 720 V, 300 A at a 

switching frequency of 100 kHz. The cathode switch, the series connection of 

a gto thyristor and mosfet achieved 720 V, 320 A at a switching frequency of 
16 kHz. Both cascode switch types show at least a 10 times reduction in 

saturation delay time and current fall time, while operation with a 

conventional R-C-D snubber is not required. The emitter switch is applicable 
for a 24 kW transconductance amplifier. 
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t"T r%C! Q A IDX7 

Ot Transport efficiency (common base current gain) and exponential time 

constant. 
A Cross-sectional area and unit of current - Amp, (A). 

a. c. Alternating current. 
B Magnetic flux density, (T). 

Bs Magnetic flux density at core saturation. 
0 Transistor common emitter current gain. 
C Capacitance and unit of charge - coulomb, (C). 

Cri Capacitor component annotation (where n= any number). 
Cn Value of capacitance for Cn. 

d. c. Direct current. 
dB Decibel. 

Dn Electron diffusion coefficient. 
Dý Hole diffusion coefficient. 
EMI Electro-magnetic interference. 

E Energy. 

Ec Energy at the bottom of the conduction band. 

Ev Energy at the top of the valence band. 

Ef Fermi energy. 

CO Permitivity of free space. 

C Material permitiviy constant. 

e Charge of a hole. 

-e Charge of an electron. 
f Switching or modulating frequency in Hertz, (Hz). 

f Filter cut-off frequency. 
C 
F[ Laplace transform of the operator. 
FBSOA Forward biased safe operating area. 

T Emitting efficiency. 
1, i Current. 

i Electron current density. 

k Boltzman constant. 
L Conductor length and inductance. 

Ig Air-gap length. 
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Ln Inductor component annotation (where n= any number). 
L Value of inductance for Ln. n 

X Magnetic flux linkage. 

/I Material permeability constant and unit of size - micro. 

/Ii Initial permeability. 

JU. Permeability of free space. 

/IP Hole mobility. 
/'n Electron mobility. 
N Number of turns. 

n Number of electrons in the conduction band. 

Na Number of acceptor atoms. 
Nd Num ber of donor atoms. 

ni Number of holes or electrons in intrinsic semiconductor. 

nn Number of electrons in n-type semiconductor. 

np Number of electrons in p-type semiconductor. 
N Effective number of sates for electrons in the conduction band. 

C 
Nv Effective number of states for holes in the valence band. 

n+ Heavily doped n-type semiconductor. 

n Lightly doped semiconductor. 

n Pie. 

P Number of holes in the valence band. 

PP Number of holes in p-type semiconductor. 

Pn Number of holes in n-type semiconductor. 

p+ Heavily doped p-type semiconductor. 

Q Quality factor and steady state charge. 

q Transient charge. 

RFI Radio frequency interference. 

Rn Resistor component annotation (where n any number) 

R Value of resistance for Rn. 
n 

rms Root - mean - square. 

rds (on) 
Mosfet on-state resistance. 

R Current transformer burden resistance. 
m 

SOA Safe operating area. 

tf i 
Current fall time. 

tr i 
Current rise time. 
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tf 
V 

Voltage fall time. 

trv Voltage rise time. 

Th Ho le lifetime. 

'rb Base transit time. 
"'F Forward transit time. 

Tt Minority carrier transit time. 

ts at 
Transistor storage time. 

t Time to transformer core saturation. S 
T Temperature measured in Kelvin, (K) and unit of magentic flux 

density - Tesla, (T). 

Magnetic flux. 

V, v Voltage. 

W Frequency in radians per second, (rad/s). 
CAý 

C 
Cut-off frequency. 

1% Undamped oscillation frequency. 

Wd Damped oscillation frequency. 

ýIb gto or transistor base width. 
z Impedance. 
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1.0 INTRODUCTION 

The work presented in this thesis describes the design and development of a 

switched-mode or D-class amplifier capable of driving a load with a complex or 

unknown impedance. The amplifier has a frequency range of d. c. to 10 kHz and 

produces an output current proportional to an input voltage signal. The 

output current is distorted from the input signal by less than 0.4% over the 

operating range. Two amplifiers have been developed, the first with a 

continuous power rating of 6 kW having an output voltage of 100 V rms and a 

current of 60 A rms. The second amplifier has a power rating of 24 kW having 

an output voltage of 400 V rms and a current of 60 A rms. Each amplifier has 

a 300% overload capability for 100 ms duration. 

The system developed can be divided into three main sections. The first 

section will discuss the development of a novel two-point current controller 
for the D-class amplifier. The controller uses an optimal and adaptive 

technique which is applicable to a varying and unknown impedance. Current 

measurement is the only required feedback state variable from which a voltage 

state variable can be extracted. The control developed is suited to 

synchronous machines, sonar, actuaters or any load which may exhibit dynamic 

impedance and power factor changes (leading or lagging) over its driven range. 

The second section will discuss the 6 kW power stage which is based on a 

mosfet H-bridge. The power stage operates on a nominal d. c. rail of 165 V and 
is capable of a switching frequency of up to 200 kHz at all current levels. 

The 6 kW amplifier will demonstrate some novel and optimised H-bridge 

techniques to enable the maximum amount of power to be extracted from the 

semiconductor devices. 

The final section will concentrate on the 24 kW power stage which is based on 

the cascode switch, the series connection of a high voltage bipolar device and 
low voltage mosfet. The power stage has been designed to operate with a 

switching frequency of 200 kHz on a d. c. rail of 580 V to 720 V, direct 

rectification of the 3-phase, 415 V mains supply. This section will examine 
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in detail two forms of the cascode switch, firstly the emitter switch using a 

bipolar transistor in series with the mosfet. The second version is the 

cathode switch, a gto thyristor in series with the mosfet. Several novel 

circuit techniques and bipolar device control methods have been developed to 

operate the two forms of cascode switch. This section will look at the device 

physics to explain the phenomena that occur with the switches and try to 

formalise an optimal design for the bipolar devices that will take advantage 

of the cascode switch. 

1.1 BACKGROUND TO THE RESEARCH WORK 

The research work has primarily been aimed for the application of vibration 

test equipment [I]. Vibration testing. is used in a wide spectrum of 
industries from aerospace to computer manufacturers. Almost all components 

are subject to vibration of one form or another during their lifetime, whether 
it be while in transit, a sudden jolt if dropped, or engine induced vibration. 
One of the most common and probably most hazardous forrns of vibration is that 

produced by the Jet engine. The De Havilland Comet is an example of vibration 
induced stress failure which led to destruction. There are many examples of 
how vibration can lead to failure and the study of vibration phenomena, its 

prediction, elimination and control has led to growth in vibration engineering 

which is now a regular part of any design project. Vibration, unless 

eliminated or controlled, will cause component malfunction or induce fatigue 

failure which can be expensive and time consuming. In mass produced items the 

cost of recalling to repair a faulty component can be prohibitive and cause 
loss of market confidence. In aircraft, the failure of even a minor component 

can be disastrous, while in guided misiles, space vehicles etc, the result can 
lead to considerable financial loss, endanger life and nullify months of 

research work. While in transit, many sensitive goods (for example computer 

equipment) experience both road and engine induced vibration. These 

components must be able to withstand such stress and consequently vibration 

testing is involved at an early design stage even in such unexpected 

situations. The test system is often combined with a climatic chamber. An 

aircraft, for example, in taking off from an airport in a warm climate to 

achieving its cruising height may undergo a temperature change of over 1000 C 
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in several minutes while suffering its most severe vibration stresses. To 

qualify the perfon-nance under such conditions the test system is combined with 

the climatic chamber which is capable of temperature changes of 70 C per minute 

from -650 C to +WC. The chamber incorporates a refrigeration plant, heating 

and air flow systems. Clearly vibration is a random occurence and can subject 

an object to random forces. Several vibration test systems can be combined to 

produce multiaxial forces, this will often incorporate a slip table to produce 

horizontal motion. The slip table is a test bed which slides on an oil film 

to provide near frictionless horizontal movement. The bed is driven by the 

vibration test system. The object under test is now subject to forces in 

several directions. Several systems can be combined on the same axis, 

effectively operating the units in parallel to increase the total force to 

which the test object is subjected. 

The typical system, shown by figure 1.1, is in its basic form, a high power 

acoustic amplifier whereby the conventional loudspeaker is replaced by the 

vibrating table or shaker. The output from the system is a platform or test 

bed that vibrates at a user defmed frequency with a peak force, depending on 

signal power' 
-Cýt7 conditioner amplifier 

reference 

Al 

A2 

0 

shaker 
voltage 

acceleration 

Figure 1.1 Basic Vibration Test System 

the system size, ranging from 9 Newtons (2 lbf) to 290 kilo-Newtons (65,000 

lbf). 290 kN is an equivalent force to that produced by the largest available 
jet engines. The input to the system is a voltage signal which may take any 
form from pure sinusoid to a completely random signal provided the bandwidth 

lies within the range of 5 Hz to 2 kHz. The input signal magnitude typically 
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varies from zero to IV peak to peak. The types of vibration testing 

typically fall into three categories, the first is single frequency or swept 

sine testing. The shaker excites the test object with a sinusoidal force that 

may vary in frequency and magnitude. Under these conditions the dynamic 

response of the object can be determined as a function of both the magnitude 

of applied force and the frequency. This test forms the basis of resonant 

search techniques. The second test mode is random noise testing. The object 
is subjected to simulated environmental forces which are continually variable 
in both magnitude and frequency. The test signal defines a random vibration 

environment which a typical piece of equipment will experience during its 

lifetime. An example is a simulated road surface. A typical road surface can 
be measured and stored on magnetic tape, then reproduced by the vibration 
test equipment under controlled conditions. By subjecting a vehicle to 
different road conditions its performance can be monitored without leaving the 

test centre. The final mode of testing is shock or bump testing based on a 
half sine waveform. The test is used to measure transport shocks likely to 

occur in service conditions. The test object is subjected to a force that 
follows a single half sine wave resulting in a large displacement, giving a 
"bump" to the piece of equipment. During random and shock vibration testing 

the peak output force is increased by up to 300% above that in swept sine 
testing. 

The voltage input or test signal is applied directly to the amplifier which 
has a high input impedance. The amplifier ranges in power from 25 W to 300 kW 

depending on the size of shaker being driven. Each amplifier has a 300% 

overload capability to allow for the high peak forces demanded in both random 

and shock vibration testing. The amplifier is traditionally a linear voltage 

amplifier in the classical mould incorporating voltage feedback to reduce 
disortion of the output waveform. The system incorporates an outer loop, 

measuring acceleration at the test bed to keep the shaker output aligned to 

the user input and preventing excessive displacement during mechanical 

resonance. The amplifier is normally class B up to 20 kW and class AB from 

20 kW up to 300 M 'Me class AB amplifiers are based on "building blocks" of 
2 kW modules using parallel connected modules to achieve the power levels 

required. A consequence of using a linear amplifier is to achieve a typical 
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efficiency of only 50%. The losses that result from the low efficiency are 

absorbed in the output power devices, bipolar transistors in this case, and 

generate heat. A result of the high losses is a large number of output 
devices, such that the power to volume ratio becomes very small. Typically 

11,700 devices in the T03 metal can package are required for a 300 kW 

amplifier. To remove the generated heat from such a large number of devices 

water cooling becomes essential, again adding to the bulkiness of the system. 
The cooling unit requires an enclosed distilled water circuit with electric 

pump and a heat exchanger to remove the heat from the water to the outside 

world. 'Me amplifier requires a d. c. power supply which must be rated for the 
full amplifier output as well as for the losses within the amplifier, thus a 

rating of twice the rated amplifier output power is typical for the d. c. power 

supply. The power supply is formed by a 3-phase mains transformer, a full 

wave bridge rectifier and capacitance for smoothing the d. c. voltage rail. 
The advantage of the linear amplifier is to achieve very low distortion of the 

output waveform from that ideally required and high reliability can be built 

into the system due to some redundancy in the large number of devices used. A 

further advantage of linear amplifiers that will become more apparent later, 

is the inherent lack of generated RFI and EMI. Switched-mode amplifiers 

produce a great deal of interference due to their nature of operation, the 

linear amplifier does not. A small amount of interference is produced 

regardless of amplifier type by the rectifier in the d. c. power supply. This 

occurs as the diodes in the rectifier recover and break any current flowing. 

The result is to produce both mains radiated and airborne RFI and EML Steps 

can be taken to keep this interference to acceptable levels but these problems 

occur regardless of which type of amplifier is used. 

The load driven by the amplifier is a vibrating table or shaker. The shaker 

operates on the same principle as a loud speaker and is shown in schematic 
form by figure 1.2. The equipment under test is bolted to the armature which 

vibrates up and down according to the user defined input signal. The shakers 

operate over a frequency range of 5 Hz to 2 kHz producing an output force of 

up to 65,000 Ibf. The shaker body is mounted on a central axle allowing it to 

be rotated by up to 900, producing a vertical or horizontal thrust. In the 

horizontal position the armature head can be bolted to a slip table as 
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Figure 1.2 Typical Shaker Construction, Cutaway drawing 

Courtesty of Ling Dynamic Systems 

discussed earlier. The physical size of the shakers range in height from a 
few centimetres to over 2 metres. To operate the shaker a d. c. voltage is 

applied to the stator to produce a constant magnetic field, and the iron of 
the stator core is driven into slight saturation. In the smaller shakers of a 
few watts to a few hundred watts the stator magnetic field is produced by 

permanent magnets. Above several hundred watts magnets become uneconomical 

and the magnetic field is produced by the d. c. current flowing in the stator 

winding. The ouput from the amplifier is applied to the shaker armature via 
flying leads producing an armature current dependant on the applied voltage 

and shaker impedance. The impedance of a shaker is a complex relationship 

varying randomly between inductance, resistance and capacitance over the 

operating range, making it difficult to predict the current from the applied 

voltage. A force is produced on the armature governed by the equation F= BLI 

whereby F is the force in Newtons, B the magnetic field strength produced by 

the stator, I the armature current and L the length of conductor lying within 
the B field. It is this output force that is ultimately required and which 
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must be controlled. Voltage fed shakers cannot directly control the force 

because of their complex impedance. Assuming the impedance of the shaker to 

be Z then the output force F= BL. Vo 
ut 

/Z = BLK. Vi 
n 

/Z which cannot be 

easily determined since Z is unknown. K is the gain factor of the amplifier 

and V 
in and Vout are the input and output voltages of the amplifier 

respectively. One of the first decisions taken in the research into the new 

amplifier was to current feed the shaker so that the amplifier becomes a 

transconductance amplifier and the ouput current is directly proportional to 

the input voltage signal. The output force of the shaker is now directly 

controllable by the input signal. From F= BLI then F= BLVý. Ký where Ký is 

the gain factor of the amplifier and is a constant. Since B is fixed by the 

applied stator d. c. current or permanent magnet and L is a shaker constant, 

then F- V1. 
n and direct control of the output force is achievable. A second 

advantage of current feeding is with parallel connected modules. Current 

sharing will be inherent with parallel connection of the transconductance 

amplifier modules, eliminating the need for output balancing transformers. 

As the shaker operates over a wide frequency range it not only suffers large 

changes in electrical impedance but also mechanical impedance. Mechanical 

resonances occur at several frequencies from about 3 kHz up to 10 kHz. Small 

input signals that contain the mechanical resonance frequency can excite large 

amplitude oscillation as resonance occurs between the armature and the 

suspension systems. It is for this reason that the shaker must be driven with 

very pure signals that do not distort Significantly from the system input 

signal. Distortion in the amplified signal, especially at zero current or 

voltage cross over points, can excite mechanical resonance and lead to large 

distortion on the shaker test bed. The system output is no longer a 

representation of the input signal and unqualified results will be obtained 
from the equipment. To minimise this occurence, distortion figures of less 

than 0.4% must be achieved. Harmonic distortion is classically defined as the 

quadratic sum of the harmonics contained in the output waveform and is 

ptactically determined as the value of rms voltage remaining when a reference 

signal of equal magnitude, phase and perfect purity is subtraced from the 

signal under test. The n-ns voltage is usually expressed as a percentage of 

the reference signal. 
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1.2 INTRODUCTION TO THE D-CLASS AMPLIFIER 

It was proposed to replace the linear amplifier in the vibration test 

equipment system with a switched-mode or D-class amplifier to improve 

efficiency to over 90% and thus greatly increase the power to volume ratio as 

well as reducing both power supply and cooling requirements. The D-class 

amplifier is based on the H-bridge which is shown in its basic form by figure 

1.3 [21-131. 'Me load is assumed to be resistive for this introduction to the 

Figure 1.3 H-Bridge Configuration 

H-bridge. 'Me switches SI through to S4 are semiconductor switches and are 

either in the open state (off or blocking) or in the closed state (on or 

conducting). Intermediate states, as in the case of the linear amplifier, are 

not allowed and detected as a fault condition whereby the module is disabled. 

In the off-state the switch supports the d. c. rail voltage and only a small 
leakage current flows which should ideally be zero. In the on-state the switch 

conducts the full output current resulting in a small voltage drop across the 

switch which ideally should approach zero volts. The diodes D1 to D4 are 
freewheel diodes and conduct reactive current in the load and inductors Ll and 
L2 when the switches SI to S4 are opened. For example. when switches SI and 
S4 are closed current will flow from the d. c. supply through switch SI, LI, 
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the load. L2 switch S4 and return to the power supply. If switches SI and S4 

are now opened, current will continue to flow due to the inductive nature of 
Ll and L2. This current must find a path which will be through D2 and D3. 

Switches SI and S4 control current in one direction, while switches S2 and S3 

control current in the other, thus full current control can be achieved. Each 

switch has its complementary freewheel diode. 

Inductors LI and L2 control the rate of increase and decay of the load current 

as the switches S1 to S4 are opened and closed or modulated. Inductors Ll and 
L2 are of equal magnitude and have been split to provide short circuit 

protection at the output terminals of the amplifier, C and D, as will be 

discussed later. Initially, assuming there is negligible voltage dropped 

across the load, then when switches S1 and S4 are closed, the d. c. rail 

voltage, Vr 1 will be impressed accross the inductors LI and 1-2, figure 1.4a. 

The load current iL will increase according to diý Idt = Vr where L, is the 

total inductance of LI and L2. The time constant will be L, /RL where RL is 

the value of load resistance. Under these conditions a positive or +V loop is 

si 0 03 

0 ov lý Ul. ýr22 

-e- 
«, "ý ED-ýý 

-VL -VIL- 

(b) (c) 

Figure 1.4 H-Bridge Loop States 

fon-ned. If switch S4 is opened current will be transferred to the 
freewhe 

" el diode D3 and flow in the loop S1, LI, the load, L2, D3, figure 1.4b. 

The loop does not involve the supply and a zero volt loop is fon-ned. 'Me 

current decays slowly as the only voltage across the inductors is the on-state 

voltage drop of switch SI and diode D3 which is close to zero volts, thus 
diý /dt is small. If switch SI is now opened the load current will flow in the 
loop formed by D2, LI, the load, L2, D3, and the supply, figure 1.4c. 'Me 

current now flows against the supply voltage returning power, and a negative 

or -V loop has been formed. The d. c. rail voltage is impressed across the 
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inductors LI and L2 but in an opposite sense and current will decay according 

to diý /dt =- Vý /LF . The current will decay more rapidly than in a zero volt 
loop because of the increased voltage across LI and L2. 

it is the function of the control module in figure 1.3 to monitor the load 

current and the user input signal and control the switches SI to S4 

accordingly. The linear amplifier did not require a controller, but the 

control module is an inherent part of the D-class amplifier since it must 
determine the switching strategy or pattern for the H-bridge. It is to be 

expected that to achieve a power gain, the voltage levels of the control 

module, typically TTL voltage levels, are incompatible to those of the 

H-bridge. For the control module to operate the switches SI to S4 an 
interface stage or driver is required. The drivers take the TTL signals and 

convert them to a form suitable for driving the power switches. By modulating 
SI and S4 such that overall the load current increases more than decays it can 
be seen that the load current will gradually rise and the load current can be 

controlled. The rate at which the switches are modulated is called the 

switching frequency which has a time period between any two successive 
increases or decreases in current (regardless of voltage loop type). As the 

load current increases so will the voltage drop across the resistive loa d, v,, . 
The load voltage is in such a sense as to reduce the voltage impressed across 
LI and L2 during a +V loop and increase the reverse voltage across LI and L2 

during a zero volt and -V loop. Consequently, as the load current increases 

the rate of rise of current is reduced but the rate of decay of current is 

increased. 

As the switches SI to S4 are modulated, the current they control, which flows 

in LI and L2, changes at a much greater rate than the overall or fundamental 

trend. Thus the current can be said to switch around the fundamental waveform 

and it is the fundamental waveform that is required to drive the load. By 

controlling the current with switches SI to S4 a representation of the 

required fundamental waveform can be produced. The waveform contains both the 

fundamental and switching components. The switching components contain 
harmonics which, if allowed to pass to the shaker will cause radiated 
interference and must be removed from the load waveform. Capacitor CI across 
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the load combines with LI and L2 to form a low pass second order filter and 

removes the switching currents from the load waveform. The capacitor, Cl, 

looks like a "short circuit" to the high frequency switching currents and they 

take this path, while at the lower fundamental frequency the load is of a 
lower impedance and conducts the required fundamental current. At points A 

and B of figure 1.3 the voltage is either at Vr or 0V depending on which 

switch or diode is conducting, thus points A and B swing up and down by the 

rail voltage. The load terminal voltage, C-D, must represent the 
fundamental waveform since the load conducts the fundamental current. The 

inductors LI and L2 have filtered the switching voltages from the load while 
the capacitor CI has filtered the switching currents from the load. 

A feedback signal is derived by measuring the load current at CTI and a 

comparison can be made with the system input reference signal. The error 

signal produced can be used to control the switches SI to S4 and therefore 

control the current to force a representation of the input reference signal. 
The amplifier has produced a current waveform into the load that is a 

representation of the voltage input signal, the transconductance amplifier 

required. A picture is now emerging of the requirements for the proposed 
D-class transconductance amplifier. The first block is the controller which 

will measure the output current, compare this feedback signal with the user 
input signal and modulate the switches of the power stage. The modulation 

must ensure that the output current accurately follows the reference input 

signal with minimum distortion in the output waveform. The second block is 

the H-bridge power conversion stage. The H-bridge requires inputs of four 

modulating signals at logic voltage levels to control the four semiconductor 

power switches and a high voltage d. c. rail. The bridge has two output 
terminals which provide the required ouput current waveforin for connection to 

the shaker load. The power conversion block can be subdivided further. Each 

power switch requires a driver which will interface between the logic of the 

control module and the high alternating voltages of the power module as well 

as providing the power gain requirements to drive the power switch. The power 

switch provides a second subsection; each switch must have identical ratings 

and clearly all four switches of the H-bridge will be similar. The third 

subsection is the output filter, removing the switching harmonics from the 
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output waveform and controlling the rates of rise and decay of the switching 

currents. The final subsection of the power module is the d. c. power supply 
for the high voltage rail. The power supply will not be a subject of 
discussion in this work other than to discuss the voltage level required and 

will be assumed to be nearly ideal with a high degree of regulation. 

1.2.1 The Current Control Module 

The first block of the amplifier is the current control module. To ensure 

that the current can be controlled to follow the fundamental waveform, the 

current control module must operate with a frequency, at which the current is 

modulated, greater than the highest fundamental frequency. In the case of the 

H-bridge, Shannons sampling theory is applicable. In effect the fundamental 

waveform is being reconstructed from square pulses or samples as the 

semiconductor switches turn on and off. The theory states that the waveform 

can be reconstructed if a sampling rate of greater than twice the highest 

fundamental frequency is used, the Nyquist rate. However, when the waveform 
is reconstructed by filtering out the sampled pulses the filter used must be 

nearly ideal. Such a filter is not practical in power engineering. The 

components of the filter must be rated for the amplifier output voltage and 

current and consequently it is often only practical to use a single pole 

second order filter with an attenuation of 40 dB/decade, as shown in figures 

1.3 and 1.5, using inductors Ll and L2 and capacitor Cl. The consequence is 

that the switching frequency at which the current is controlled must be much 
higher than the highest required fundamental frequency. As discussed 

previously the shaker is typically operated up to 2 kHz but 5 kHz operation is 

possible. Setting the modulation or switching frequency at over a decade 

higher at 100 kHz will allow the current control to follow the fundamental and 

ensure the switching currents are sufficiently attenuated by the filter. 

The higher the switching frequency then the problems of current control and 
filtering are reduced so why not increase the modulation frequency to 500 kHz? 

During a switching incident, the switch transfers from the conducting state to 

the blocking state or vice versa. The switch current reduces from the load 

current to the leakage current and the switch voltage increases from the small 
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on-state voltage to the d. c. rail voltage. The switching transient cannot 

take place instantaneously and the transition occurs through the linear region 

with the device supporting volts and cbriducting current. The result is a 

switching loss within the device which occurs with every switching occurence. 
The switching loss is directly proportional to the switching frequency, and 

therefore the switching frequency should be minimised to reduce the heating 

effect in the device. The switching frequency should be the minimum to 

satisfy the current control and filtering requirements. The well known "skin 

effect" phenomenon becomes dominant in conductors at higher frequencies, as 

the current hogs the outer edge of the conductor. 'Me effective resistance of 

the conductor increases and losses can become high. The filter inductors are 

particularly effected being wire wound over several layers and can become very 
hot (1W Q. The skin effect is another reason for minimising the switching 
frequency. 

ne current control module needs to operate with a modulation frequency of at 
least 100 kHz as discussed above, so control loop delays within the module 

must be minimised. When the error signal, derived from the feedback signal 

and the reference input, indicates a change of current is required the effect 

must occur with the minimum of delay to prevent excessive distortion of the 

output waveform. As a consequence high performance analogue and logic 

integrated circuits will be required. The feedback signal is derived from the 

power stage output current waveform. Measurement of the current waveform must 
be instantaneous and be compatible with the control module voltage levels. A 

possible technique is to place a small series resistor in the current path. 
To ensure acceptable losses at 60 A rms the resistor can only be several m! 2 

giving a feedback voltage of only tenths of a volt. This voltage must be 

amplified differentially due to the high bridge voltages that will occur. The 

resistor must also be purely resistive such that the voltage dropped across it 

is directly proportional to and in phase with the current through it. This 

solution becomes impractical in trying to achieve the bandwidth required and 

amplifying a small signal in a very noisy environment. A better solution is 

to use a hall effect current transformer which has negligible insertion 

impedance and can accurately reproduce the high frequency current excursions. 
The current transformer provides a typical step down of 1000: 1 from primary 
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current to secondary current and also gives isolation so its output can be 

directly interfaced to the control module. Modem current transformers have 

bandwidths from d. c. to 300 kHz in the power ranges required and it will 

provide a satisfactory solution although more expensive. As has been 

discussed previously, the amplifier load may have an inductive, capacitive or 

resistive impedance, thus the control module must be able to deal with these 

impedances and random changes between them. This is of particular importance 

when the load is capacitive and makes the control module suited to a wide area 

of applications including synchronous motors with a leading or variable power 
factor. Finally, to achieve high power levels of up to 300 kW the control 

module must be able to deal with the parallel connection of the power modules 

to achieve the power levels required. Since each module produces an output 

current proportional to a common input signal then the module outputs can be 

directly connected to form a parallel unit. One outer voltage control loop 

can be used to control all the units if a voltage amplifier is required. 

1.2.2 The Power Conversion Stag 

The second block of the amplifier is the power stage. The power conversion 

module takes the high voltage d. c. rail and transforms this to the variable 
frequency variable magnitude output demanded by the user. The value of the 

d. c. rail is determined by the required output voltage. Many existing shaker 
loads operate up to 100 V rms. It was decided to make the amplifier output 

voltage compatible to the existing loads. The d. c. rail voltage must be 

sufficient to provide the peak voltage across the load which at 100 V rms will 
be 141 V and also to overcome any other loop voltage drops. Inspection of 
figure 1.4 shows that the loop formed by S 1, Ll, the load, L2 and S4 will 
have, at maximum output voltage, 141 V across the load, plus the on state 

voltage drop of SI and S4, and finally voltage dropped across LI and L2. The 

voltage across LI and L2 is divided between the series resistance and 
inductance. The inductor resistance voltage drop generates heat and has a 

value of 1.3 V across the total filter inductance at maximum rms current. The 

on-state voltage drop of SI and S4 will depend on load current, but will have 

a maximum value of 2.75 V per switch. The loop also includes two series 
diodes (not shown) that will be discussed in Chapter 5. Each diode has an 
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on-state voltage of 0.8 V at 85 A. The voltage dropped across the filter 

inductance is that required to control the load current. 

As discussed previously, when the load voltage increases, the voltage dropped 

across the inductors LI and L2 during an increasing current period reduces. 
In the limit the d. c. rail voltage is dropped entirely across the load 

(neglecting the switch voltage drop) and the amplifier enters clipping whereby 
the output volts are clipped to the d. c. rail volts. Current cannot be 

controlled because zero volts remain across the inductors and the current 

magnitude is fixed by the load. At maximum controllable output voltage some 

volts must remain to control the current, the value will be discussed more 

extensively in Chapter 4 and depends on the switching frequency, control loop 

response time and the value of LI and L2 but will be stated here at 16 V 

across the total inductance. The d. c. rail can therefore be determined by the 

required output voltage and has a value of approximately 165 V. The d. c. rail 
is provided by a step-down mains transformer, normally a 3-phase transformer, 

a bridge rectifier and capacitance for rail decoupling. The transformer 

output voltage is such that when rectified it provides the required d. c. 

voltage. 

It is possible that other conditions dictate the d. c. rail in which case 

either a matching transformer is required to match the amplifier output 

voltage to the load or the load must be designed to directly interface to the 

amplifier. Semiconductor switches are available in voltages in excess of 
2000 V, therefore there is little restriction on the d. c. rail that may be 

used. To eliminate the need for a mains input transfon-ner the d. c. rail may 
be derived from direct rectification of the mains supply. This is most 

advantageous at higher power levels when the input transformer becomes bulky. 

These supplies are normally operated from the 3-phase mains input. Direct 

rectification of the 3-phase mains supply yields a d. c. voltage rail in the 

region of 580 V to 720 V depending on country and regulation. This would 
allow an output voltage of 400 V to 500 V rms. These voltages are well within 
the range of modem semiconductor switches and the elimination of the mains 
transformer maybe of great advantage. 
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Having determined the amplifier output voltage either by compatability to the 

existing loads or by constraints of the d. c. supply then the output current 

magnitude is dependant on the power requirements of the amplifier or the 

current handling capabilities of the semiconductor switch. Each semiconductor 

switch has both a voltage rating and current rating. The voltage rating of 
the switch must be sufficient to withstand the d. c. rail voltage plus any 
tra nsient overshoot voltages while in the blocking state. This has been 

determined by the previous arguments. For a given switch technology (eg 

bipolar, mosfet etc) given voltage rating, and given package type then there 
is usually a range of current ratings depending on the cost of the device. It 

is normally most economical to choose the device with the highest current 
handling capability to achieve maximum module power output and maximise the 

power to volume ratio. The choice is influenced by many factors, economic, 

packaging, availability as well as technical. In this research emphasis has 

been placed on maximising power for a given volume in the system as a whole 
thus the user has the maximum attainable output for the minimum of work space. 

Whereas the amplifier output voltage can be pre-determined by the system 

constraints, the module output current and consequently the output power 

cannot be fixed until a review of switch technology has been undertaken. 
Certain requirements are now emerging for the semiconductor switch. The 

device must have a voltage rating in excess of 165 V for a 100 V rms output or 

a voltage rating in excess of 720 V if direct rectification of the 3-phase 

mains is to be utilised. The device must be capable of a modulation frequency 

of at least 100 kHz and operate so that each switching interval yields a 

minimum of lost energy such that the overall switching losses are small. The 

on-state or conduction voltage drop must be small, firstly to minimise the 

conduction losses within the device and secondly to minimise the d. c. rail 

voltage required for a given output voltage. Alternatively this maximises the 

output voltage for a given d. c. rail voltage. The device should be able to 

conduct a maximum of current for a minimum of package volume. During the 

off-state, leakage current should be small to minimise off-state losses. 

These are normally negligible. The package should be easily mounted on a 
heatsink to remove excess heat generated within the device with ease of access 
to the device terminals. 
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The majority of power semiconductor switches are three terminal devices having 

a controlling terminal to bring the switch in and out of conduction and two 

terminals to transfer the power in and out. The switch is driven from the 

controlling terminal with reference to one of the power terminals which may be 

at both a high and alternating voltage. In figure 1.3, switch SI is 

controlled by terminals gI and sl. Terminal sl may be at the rail voltage if 

switch SI is in the conduction state, or at 0V if freewheel diode D2 is 

conductina. Likewise terminal s3 will be at aii indeterminate voltage. 
Although terminals s2 and A are fixed at 0V this may not be compatible to 

the control module. Certain applications require one of the amplifier output 
terminals, C or D, to be connected to earth, this will also effect the 

voltages of terminals sl and A. An interface is therefore required to drive 

the switch from the control module. The interface must provide the necessary 
isolation between the high voltages of the power switch and the control module 

as well as provide the necessary power to drive the switch. This interface is 

normally termed a driver and often utilises an optical isolator or a 
transformer to provide the isolation. The driver must not introduce any 

significant delay and will accept the control module output, which is normally 

at TTL or CMOS voltage levels, as its own input. The driver will provide any 

voltage or power gain required, having an output stage capable of directly 

driving the power switch. 

The final section of the power module is the filter. The filter arrangement 
for a typical D-class amplifier is shown in figure 1.5. The filter components 

must be rated for the full amplifier output. In a typical 6 kW module the 
inductors, LI and L2, must be rated for 60 A rms current and the capacitor, 
Cl, for 100 V rms with a ripple current rating of up to 5A rms. The 

consequence is that it is often only practical to use a -fwo pole filter 

with an attenuation of 40 dB/decade as shown in figure 1.5. The switching 
frequency must be much higher than the highest fundamental frequency. The 

high switching frequency allows the cut-off point of the low pass filter to be 

set high enough that it will not effect the highest fundamental frequency and 

yet low enough to attenuate the switching currents. Figure 1.5 shows an 

example where the cut-off point of the filter has been set at 10 kHz, which 

allows a fundamental of up to 2 kHz to pass virtually unaffected to the load 
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Figure 1.5 The Power Filter 

and yet the modulation frequency of 100 kHz has been attenuated by 40 dB. It 

can be seen that the lower the modulation frequency the higher will be the 

switching currents that pass through to the load. The modulation frequency of 
100 kHz, as discussed earlier, is a satisfactory compromise for the control 

module. 

By modulating the power switches at 100 kHz some sections of the power module 
have a voltage impressed on them which changes by the d. c. rail voltage 

magnitude at an equivalent frequency. Power switches can operate in times of 

under 100 ns, therefore the filter inductors, heatsinks, connecting wires, 
device casings etc are all subject to this rapidly changing voltage at a 
100 kHz repetition rate. The voltage can be considered a square wave pulse 

with short rise and fall times. It is well known that a square edge has a 
broad frequency spectrum. The output of the power components can be 

considered as bursts of broad band noise at a 100 kHz repetition rate and 

consequently the module as a whole acts as a broad band radiator of RFI and 
EMI. This radiation can cause problems not only with the local control 

module, which will pick up the interference, but also cause problems with 

consumer electronics, computer instal-lations etc. Steps must be taken to 

contain the radiation within the amplifier package using amongst other 

measures steel plate for shielding. Surrounding the module with steel 

shielding can cause problems with cooling. The power switch suffers losses 

both in the conduction state due to the small on-state voltage drop and also 

switching losses. Off-state losses are negligible as the leakage current is 
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usually small. Conduction losses can be made small by ensuring the on-state 

voltage is small while with switching times of under 100 ns the energy loss 

during the switching interval will also be small. The power loss the switch 
incurs is a fraction of that in a linear amplifier and efficiencies of greater 
than 90% are easily achieved. By keeping losses to a minimum the amount of 

cooling required to remove the generated heat is reduced. Allowing a passage 
for air flow to remove the heat from the module in turn allows emission of the 

unvianted interference. A succession of steel baffles and wire mesh may be 

rcquired, directing the airflow around a succession of bends. 

This introduction has provided the background behind the research in 

developing a transconductance D-class amplifier for vibration test equipment. 
The proposed amplifier has been broken down and introduced in several blocks. 

Each block although separate with its individual task to perform must 

necessarily form an integrated approach to the amplifier design. Therefore, 

it is necessary to consider the effect on each block when considering an 
individual part of the circuit. An understanding of the whole system is 

required before proceeding with the first design step. It is hoped that with 
this introduction a basic understanding of the whole amplifier has been 

achieved. 

1.3 ORGANISATION OF THESIS 

The thesis is organised into six further Chapters. Chapter 2 reviews 

available switch technology and attempts to select the optimal switch for the 
6 kW and 24 kW D-class amplifiers. The Chapter briefly reviews device physics 
that will be required in later discussions. Chapter 3 discusses power 

conversion techniques that are applicable to output power stages in general. 
The Chapter proposes an optimal bridge layout and discusses some novel circuit 
ideas that allow maximum device utilisation. Chapter 4 introduces the current 

control module that is applicable to both amplifiers. This is the first stage 
in constructing the power module. The Chapter looks at adaptive switching 

strategies that optimise load power transfer and maximise H-bridge efficiency. 
Chapter 5 discusses two versions of the 6 kW power conversion stage based on a 

mosfet switch. The bridge uses the optimal layout and circuit ideas developed 
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in Chapter 3. Chapter 5 concludes the development of the 6 kW 

transconductance amplifier. Chapter 6 shows the development of two cascode 

switches. Primarily required for the 24 kW amplifier, the switches have wider 

areas of application. The emitter switch is developed to 216 kVA at 100 kHz 

and the cathode switch is developed to 230 kVA at 16 kHz. Neither switch 

shows signs of limitation and power ratings can be increased if required. The 

emitter switch provides the basis of the 24 kW amplifier. Emphasis is placed 

on device physics to develop optimum operating conditions for the cascode 

switches and offer design considerations for the bipolar devices that benefit 

cascode switch operation. The final Chapter provides a general conclusion to 

the research work undertaken and highlights the author's contribution. This 

Chapter also considers areas for further research that would benefit the field 

of current control and high power, high frequency switches. 
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2.0 A REVIEW OF THE POWER DEVICES 

The H-bridge introduced in the previous chapter requires two basic types of 

power device. The first is the power switch which is used to modulate the 
load current. The second is the freewheel diode used to conduct reactive load 

current. This chaper will review the available components for the two 

required device types. The first section will discuss the power switch and 

which of the many available device types is most suitable for the application. 
The second section will review available diodes. The chapter will introduce 

device characteristics and the physics behind them which will be discussed in 

greater depth at a later stage. 

2.1 THE POWER SWITCH 

The requirements for the power switch have been discussed previously. The 

switch must operate on a 165 V or 720 V d. c. rail at a switching frequency of 

at least 100 kHz. To ensure low distortion of the output waveform, the switch 

must operate with the minimum of delay. A delay of only I us between the 

signal arriving and the switch breaking or conducting the load current 

accounts for 10% of the duty cycle at 100 kHz, and could cause waveform 
distortion if the load current is changing rapidly. This implies that the 

switch is easily driven or controlled, requiring a three terminal device. A 

number of device types will now be reviewed to determine their suitability for 

the required power switch. 

2.1.1 The Mosfet 

The mosfet is a three terminal device having gate, source, and drain 

connections, figure 2.1 and available as either n-channel or p-channel. The 

mosfet is controlled by applying a voltage between the gate and source 

connections, current is then conducted from the drain to source for the 

n-channel device and from source to drain for the p-channel device. The 

mosfet is a unipolar device relying on only one type of mobile carrier to 

conduct the principal current. Current is conducted by holes in the p-channel 
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mosfet and by electrons in the n-channel device. Due to the poor mobility of 
holes, the on-state resistance of a p-channel device is higher than that of an 

equivalent n-channel device. To achieve maximum output from a given package 

size, only the n-channel mosfet will be considered for the power switch. The 

n-channel mosfet conducts forward current once the gate voltage exceeds a 

threshold voltage such that the gate is positively biased with respect to the 

source. In the off-state, the gate to source voltage is less than the 

threshold voltage and the device supports volts with the drain positively 
biased with respect to the source. Due to the construction of the mosfet, a 

parasitic diode exists between the source and drain of the device with the 

result that the device cannot support volts in the reverse direction but will 

conduct current. 

The mosfet is characterised by having very fast switching times and being 

easily driven. The gate to source impedance is capacitive and only small 

charging currents are required to control the mosfet. Typical values of 

gate-source capacitance are 5 nF and typical gate-source voltages are + 15 V 

and 0V operating around a threshold voltage of +3 V. The gate capacitance 

can be rapidly charged achieving low operating delay times. Since the device 

involves only one carrier type, electrons, there is no build up or 

concentration of stored charge. The mosfet does not exhibit a storage time 
but operates almost immediately. During the on-state the mosfet looks like a 

resis tor. 'Me value of this resis tor, rd. increases with switch 
2.5 

breakdown voltage, Vb 
r, such that rd.,.. ) cr Vb 

r. The mosfet is almost an 
ideal switch for low voltage applications but at higher voltages the on-state 
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resistance severely limits the maximum switch current [4]. Typical values at 
1000 V are 39 and 5A for the largest chips. The mosfet is suitable for 

parallel connection as the current is equally distributed, keeping the voltage 
drop across each device identical. This allows a mosfet chip to be 

constructed from many thousands of individual cells. Subsequently several 

chips can be parallel connected within a single package and finally the 

packages can be connected in parallel, increasing the current rating of the 

switch as required. Series connection of mosfets is not straight forward 

since it cannot be assumed each device will turn off at the same time, and 

measures must be taken to ensure voltage sharing. 

2.1.2 The Bipolar Junction Transistor 

The transistor, figure 2.2, is probably the most well known and popular power 

switch. Like the mosfet it is a 3-terminal device, but is current rather than 

voltage controlled. Positive base current flows from the base to emitter 

while primary current is conducted between the collector and emitter. Current 
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Figure 2.2 npn Bipolar Junction Transistor 

can be conducted in either direction, although due to the doping profiles one 
direction, collector to emitter, is preferred. Negative base current turns 

the transistor off once the emitter junction blocks. Again, due to the 

asymmetric doping profile, high voltage is supported in one direction only 

with reverse blocking capability limited to typically 8 V. 'Me transistor 

occurs in two types, the npn transistor and the pnp transistor. Due to 

similar problems as for the mosfet and manufacturing tolerances, high power 
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pnp transistors are not available. For the power switch, concentration will 
be focussed on the npn transistor. The transistor is a bipolar device since 
both holes and electrons are involved in conducting the primary current. 
Stored charge is established within the device resulting in prolonged 

operating delay or storage time at turn off while the charge is removed. 
Storage times of up to 8 ps are typical in high voltage transistors. Charge 

storage is required before the device will conduct giving a small delay time 

at turn on as the charge is built up by the base current. Delay times of up 

to I us are to be expected. During forward conduction, the on-state voltage 
is controlled by the level of base current. The transistor operates with a 

common emitter current gain factor, p, such that for a given collector 

current, Ic 9 the required base current, lb , 
is given by, Ib =IC /P. if ý 

exceeds this value then the transistor is saturated and the on-state voltage 
falls to a low level, 0.3 V, independant of collector current. High voltage 

transistors can be made that have a low on-state voltage, the trade-off is in 

the gain, g. As the breakdown voltage of the transistor increases the gain 
decreases such that a 1000 V, 500 A transistor has a gain of only 5. The 

supply to provide the base current must necessarily have a high power rating 

requiring an output of 100 A and a voltage to overcome the base circuit 

voltage drop. In many cases this high power base drive is impractical, 

particulary if supplied by the switch driver. 'Me transistor provides many 

advantages, high voltage and high current devices (1000 V, 500 A) can be 

fabricated which have low conduction losses. The transistor is easily 

controlled using the base ten-ninal to bring the transistor in and out of 

conduction. Since to some extent the on-state voltage of the transistor is 

independant of collector current then parallel connection of the devices is 

not straight forward and current sharing must be forced by external circuity. 
Series connection of the transistor is similar to the mosfet and steps must be 

taken to ensure voltage sharing. 

2.1.3 The Gate Turn-off Thyristo 

The gate turn-off thyrsistor or gto, shown by figure 2.3, is the device which 

most closely resembles the ideal switch. The gto is a 3-terminal device, with 
the controlling terminal, the gate, bringing the device in and out of 
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Figure 2.3 Gate Turn-Off Thyristor 

conduction while primary current is conducted from the anode to the cathode. 
The device is brought into conduction by a positive current pulse and turned 

off by a negative gate current pulse. The schematic diagram of figure 2.3 

shows that the gto acts as a latch formed by the pnp and npn transistors. 
Once the npn transistor TrA is brought into conduction by the gate current 

pulse, it supplies base current for Tr,, which in turn provides base current 
for Tr,, latching the device on. By drawing current from the gate, Tr" is 

starved of base current and turns off. Once TrA has turned off then Tr, will 
tum-off since it too has now lost its base current. The gto therefore 
initially looks like an ideal device requiring only a current pulse to turn it 

on and off. As the device is constructed on the basis of two connected 
transistors the gto exhibits many of the properties of the single bipolar 
junction transistor. The device is available in very high voltage and current 
levels (> 2000 V, 1000 A). Due to the latching action of the gto, the device 
does not suffer gain problems at high voltages and continuous gate current is 

not required. The gto suffers from storage delay times and in particular 

exhibits a current tail at turn off. It is this current tail that is the 
limitation of the gto. When the gto turns off, voltage increases across the 
device to the d. c. rail level and the switch current falls. The current falls 

to a magnitude greater than zero and gradually decays in an exponential 

waveform, with a time constant of several microseconds. During the tail 

current period the gto is supporting the rail voltage while conducting a 

significant current and the device loss can become excessive. The gto is 

normally operated with an R-C-D snubber to prevent this occurence and anode 

current falls to zero as the anode voltage reaches the supply rail. 
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The gto is constructed from "islands" which effectively form many single gto's 
in parallel. At turn-on, a current pulse is applied to the gate which turns 

on each individual island. Efforts must be made to ensure the gate contact of 

each island is equidistant from the device ten-ninal, however this is not 

practical. The result is to form a "plasma" which spreads across the device 

turning the gto islands on as it expands. Each island must be fully turned on 

before the device can be turned off again, otherwise the anode current will be 

squeezed into a small number of islands, owý -rating the island and destroying 

the device. Similarly, at turn-off the tail current must have been reduced to 

zero before turn-on can be initiated, otherwise the islands still conducting 

the tail current will then conduct the anode current and again be destroyed. 

The gto therefore has a minimum on and off time to allow each island to reach 

the equilibrium state. Typical times are 30,4s on and 40 jus off allowing a 

maximum switching frequency of 14 kHz [5]. 

The gto is applicable to very high voltage and current applications which 

require a low switching frequency for example motor control for traction 

equipment. To achieve higher voltage and current levels the gto can be 

parallel or series connected with the same considerations as those for the 
bipolar transistor. 

2.1.4 The Conventional Thyristor 

The conventional thyristor is in many respects similar to the gto thyristor. 

The doping profile of the gto has been designed to give the device a tum-off 

gain. The gains of Tr, and TrB in figure 2.3 have been designed to keep the 

gto just in saturation. By drawing a small negative gate current Tr, will 
turn-off and a much larger anode current can be commutated. The thyristor 
does not have this capability. It can be turned on by the application of a 
forward gate current pulse but cannot be turned off from the gate. The 

advantage is to increase the power handling capability of the device. The 

anode current of the thyristor must remain above the holding current level, 

typically less than 1% of full current rating, to keep the device in forward 

conduction. To turn the thyristor off, the anode current is reduced below the 

holding current level by external circuitry and held there for several 
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microseconds before the application of forward voltage across the device. 

Before the device can block, excess charge must be removed otherwise 

application of a forward voltage will cause current to flow once again. This 

is similar to the tail current removing excess charge in the gto. Often the 

anode current is reversed to remove the excess charge and allow the thyristor 

to block at an earlier instance. The thyristor has very slow switching times 

being particularly difficult to turn-off, but has very high power handling 

capabilities. 

2.1.5 The Insulated Gate Bipolar Transistor 

The igbt promises to provide the closest answer to the ideal high power 

switch. Recently available, it is a 3-terminal device with an n-channel 

mosfet input stage and a bipolar output stage. The igbt combines the 

advantages of the easy to drive mosfet and the high voltage and current 

capabilities of bipolar technology. At present the igbt suffers the drawback 

of a tail current although not as severe as the gto, the tail current limits 

the operating frequency. The igbt cannot be turned on and off as fast as the 

mosfet, but the device is gradually being improved and in the future may 

represent a good choice. 

2.1.6 The Static Induction Transistor and Static Induction Thyristor 

The SIT is available as a normally-on or normally-off device. The 

normally-off device has ratings exceeding 1200 V and 300 A while the 

non-nally-on device has reduced ratings of 300 V and 100 A [6]. The SIT has 

fast switching times but has a high on-state voltage that increases with 
blocking voltage. In these respects the SIT resembles the mosfet. The 

normally-on SIT has a typical saturation voltage of 0.23 V and a gain of 325 

at a collector current of 100 A. The normally-off SIT has been operated at 
500 kHz, while the non-nally-on SIT has achieved 10 MHz. While the device may 
have suitable power ratings and very fast switching speeds, availability is 

questionable with typically only sample devices produced. The normally-on SIT 

is unsuitable for reliable amplifier operation. 
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The SITh is similar to the SIT and again available as a normally on or off 
device. An anode p+ region produces lower on-state voltages in higher voltage 
devices. The SITh has a current tail at tum-off but has an increased dv/dt 

rating over the conventional thyristor. The SITh also has a high di/dt 

(> 1800 A/ps) capability and is available with symmetrical blocking (reverse 

blocking). Typical ratings for the normally-on device are 1600 V, 300 A or 
4000 V, 400 A with a buried gate structure. Storage time is 1.4 us and 

current fall time 150 ns, for a 1200 V, 800 A device. On-state voltage is 3V 

at 50 A and the tail current magnitude less than 2A for the same device. The 

more practical normally-4 device has typical ratings of 1000 V, 50 A or 
1200 V, 200 A with a planar gate structure. Typical switching frequency is 

15 kHz. Again, although the SITh may achieve high power ratings at fast 

switching speeds, availability is rare. 

2.1.7 The Cascode Switch 

At low voltages the mosfet is a very good device. The mosfet has very fast 

switching times which will enable a switching frequency of at least 100 kHz, 

as well as good current handling capability in a small package. At the higher 

voltages the picture becomes less clear. To operate on a d. c. rail of 720 V 

at any significant power level would require extensive parallel connection of 
the mosfet. The bipolar transistor has good and acceptable power ratings at 
this level but poor switching times which would be unacceptable at a switching 
frequency of 100 kHz. The gto does not become viable until much higher power 
levels and the thyristor at higher power levels still. A solution is to 

combine the mosfet and bipolar technologies in discrete form to give the 

cascode switch. The cascode switch, figure 2.4, is the series connection of a 
high voltage bipolar device and a low voltage mosfet. The most common form is 

the emitter switch where a bipolar transistor is connected in series with the 

mosfet [7]-[131. An alternative is the cathode switch using a gto with the 

mosfet [14]. The cascode switch approaches the switching speed of the mosfet 

while obtaining the voltage rating of the bipolar device. The penalty is that 

two power devices are required, both with the maximum load current rating. 
The two series switches give an increased on-state voltage drop, however since 

the mosfet is a low voltage device its current rating can be high and its 
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forward conducting voltage small. The operation of the cascode switch is 

simple. To bring the switch into forward conduction, mosfet Trc is turned on 

and capacitor C,, discharges. In discharging, capacitor C,,, provides either 
forward base or gate current and turns the bipolar device on. The switch is 

now in the conducting state. To turn the switch off, mosfet Trc is opened and 

the emitter or cathode current is diverted to the base or gate respectively. 
The current charges C. to provide the pulse at the next turn-on instant. The 

voltage of C. is clamped by the zener diode ZDA. The reverse current is equal 

to the collector or anode current level and rapidly sweeps out stored charge, 

turning the bipolar device off. The switch is now in the blocking state. The 

switch has the advantage of fast switching times and high power handling 

capabilities. The emitter switch is suitable for operating on a 720 V d. c. 

rail at 100 kHz switching frequency. It is to be expected that the cathode 

switch cannot be improved significantly to achieve the 100 kHz modulation. It 

is worth noting that the cascode switch principle is also applicable to the 

SIT and SITh. 

Other versions of this switch are known, for example, the Fet gated transistor 

(FGT) switch figure 2.5a and the Reverse emitter current (REQ switch figure 

2.5b. The FGT switch is the emitter switch with a second darlington connected 

mosfet, TrE , providing the base current for TrD. The switch is easily driven 

and in many respects resembles the igbt. TrE must be a high voltage mosfet 

which will have a high on-state resistance. The base current is controlled by 

this resistance and at high levels will give significant dissipation in TrE . 
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The switch voltage will increase with the base current and is uncontrolled. 
The REC switch attempts to reduce the emitter current to zero at tum-off by 

using a negative d. c. voltage supply. The d. c. supply must be of considerable 

power rating since it must conduct the full collector current until the 

transistor turns off. This power supply can pose problems, especially if it 

is part of the switch driver. The current into the negative supply must not 

change the supply polarity in charging the rail capacitance as this will lead 

to forward base current during turn-off and destroy the bipolar device. Under 

certain conditions the REC switch has achieved very fast switching speeds at 
low frequency but the negative supply remains a problem [151. 

2.2 THE POWER SWITCH SELECTION 

There are further available devices to consider for example the darlington and 
triple darlington transistor or the easy-to-drive transistor (ETD). These 

usually involve a compromise which when looking for maximum power output as 

well as a high switching frequency is unacceptable. 'Me brief look at devices 

discussed above is in effect looking at the optimal device for the power 

range. Two possibilities can be singled out for the two voltage rails of the 

D-class amplifier. The mosfet for the 165 V d. c. rail and the emitter switch 
for the 720 V d. c. rail. 'Me mosfet is ideal at the lower voltage having a 
high current handling capability. It is easily driven and able to operate at 

a high switching frequency. The emitter switch is the only realistic solution 
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to a high voltage, high frequency power switch. It is now possible to assess 

the current capabilities of the switch from the available range of devices. 

The voltage rating of readily available mosfets increases from 200 V to 400 V 

without an intermediate step. The most suitable device for the 165 V d. c. 

rail is the 200 V mosfet. In the 200 V range of mosfets the T03 metal can 

package has the largest available current rating of the discrete devices. Of 

this series of devices the International Rectifier IRF250 mosfet or similar 

part has the highest current rating for a single chip [4]. 

The device has a continuous rating of 30 A at a case temperature of 250 C and 
19 A at a case temperature of 1W C. The mosfet can be easily parallel 

connected increasing the switch current rating. The question of the overall 

switch current rating now falls on to other constraints. From the 
introduction to the H-bridge it can be seen that each switch requires an 

associated freewheel diode and a driver. The freewheel diode must be of 

similar current rating to the power switch and so this must be taken into 

consideration when rating the switch. Equally the volume occupied by the 

mosfets should not be disproportionate to the volume of the bridge as a whole. 
The problem is one of transient current sharing. At turn-on the switch 

current increases up to the load current level, being shared between the 

parallel mosfets. The mosfets must form a symmetrical layout so that during 

this transient current rise the devices share equally. The alternative is to 

rate each device to carry the full load current but this will under utilise 
the device in steady-state. The parallel mosfets must therefore form a 

symmetrical, compact design with a total current rating similar to that 

available for the freewheel diode. A review of the available diode technology 
is therefore required before the number of parallel connected IRF250's can be 

determined. 

Section 2.4.2 will show that a suitable diode has a current rating of 100 A. 

Using four IRF250 mosfets in parallel will form a symmetrical layout and 

provide a similar current rating to the diode. Each mosfet has a pulsed 

current rating of 120 A. The length of the pulse is limited by heating 

effects of the junction. By taking advantage of the pulse rating of both the 
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mosfet and the diode it is possible to specify a continuous output from the 

switch of 60 A, giving the 300% overload capability within the device pulse 

specifications. 

For the emitter switch the selection is easier. Due to the problems involved 

with parallel connecting transistors, it is prudent to choose a single 

transistor for the switch and then parallel modules or rather switches as 

required. To allow for the 720 V d. c. rail plus any transient overvoltages it 

was necessary to look at transistors with a break over voltage of 900 V or 

more. Of the devices available the most suitable was the DTIOO-900 in the 

hockey-puk package produced by Marconi Electronic Devices Ltd (MEDL). The 

transistor has a voltage rating of 900 V and a current rating of 200 A at a 

case temperature of 25" C. The transistor has a maximum pulsed current rating 

of 300A. A steady state rating of 60 A rms giving a 300% overload of 180 A 

obtains a satisfactory output from the power switch within the ratings of the 

bipolar transistor. The series mosfet must have an equivalent current rating. 
The voltage rating of the mosfet can be low, typically 50 V is the minimum 

available rating for commonly available power mosfets. Of this range of 
devices the IRFP050X has the highest current rating (60 A@ 250 Q in a 
discrete package (T03 plastic), having an Rd. (0. ) of 18 ms2. The on-state 

voltage of the emitter switch can be minimised by parallel connecting the 

mosfets. Using four IRFP050X devices gives a maximum mosfet voltage drop of 
0.8 V for minimal cost in comparison to the total emitter switch cost. 

2.3 THE POWER DIODE 

The diode is a two terminal device formed by a single p-n junction. The diode 

is bipolar involving both carrier types in forward conduction, as a result 

stored charge dominates the diode characteristics. Unlike the previously 
introduced devices, the diode will only be discussed in this section. 

2.3.1 Diode Physics of Operation 

I 
Appendix I gives a brief review of the step pn junction. The equations 
derived for the junction are applicable to power switches in general as well 
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as the diode itself. The following discussion shows some of the more 
important equations that directly effect circuit performance of the power 

conversion stage. 

Equations Al. 21 and A1.22 show that if both sides of the junction have equal 
doping concentrations then the depletion layer will extend equally into each 

side. However, if Na is much larger than Nd as usual, then equation Al. 23 

reduces to: 

/2 1/2 - 1/2 
(2c/e)l . vo .Nd (m) 2.1 

The width, w, is now approximately equal to xn, the depletion layer width of 
the n-type semiconductor. Therefore the depletion layer extends furthest into 

the lightly doped n-type material. If the junction potential VO is altered by 

the application of an external voltage then the depletion layer width will 

alter. Of particular importance is a reverse bias or negative voltage such 
that the junction voltage becomes V. - (-V) and the depletion layer extends 
deeply into the lightly doped semiconductor material. 

Under forward bias, excess charge is stored within the diode, this charge 
increases with forward current, and in steady state is proportional to the 

current. The excess charge, Q, stored in the diode is given by equation 2.2. 

1/2. Ae(L. p. + L2np). (exp[eV/kT]-I) (C) 2.2 

From equation Al. 19, the excess stored charge, Q, is proportional to forward 

current. If the acceptor doping level, N. , is much larger than the donor 

doping level, Nd , then from equation Al. 18 and 2.2 the charge and current are 

related by equation 2.3 which can be written as equation 2.4. 

I=Q. (Mý/L 12) (A) 2.3 

II= 
Q/-rt (A) 2.4 

-rt is the transit time for a minority hole to move across the n-type 
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semiconductor of length Ll. Equation 2.2 shows that stored charge is a 
function of junction voltage which suggests capacitive behaviour. 

Figure 2.6b shows the response to a step increase in the diode current. 
Charge cannot increase instantaneously and the gradient at the depletion layer 

edge increases to boost the diffusion current to that required to satisfy the 

external circuit conditions. As time increases the extra charge is stored and 

equilibrium is achieved. A similar effect occurs when the diode is reverse 
biased. The diode cannot block instantaneously and a reverse recovery current 
flows. The gradient of stored charge has reversed at the depletion layer edge 
to set up the required reverse diffusion current. The reverse current removes 
the stored charge until the diode blocks and the voltage is supported across 
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V, 

- 
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Figure 2.6 Diode Switching Behaviour 
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the depletion layer which will extend into the semiconductor on both sides of 
the junction. During the transition time the amount of charge remaining can 

no longer support the peak reverse current which now falls. The rate of fall 

R 

'Ll-D VA 
Vi/Rf 

10 

43 



of current determines the "snappiness" of the diode. If the current falls 

abruptly the diode is said to have a hard recovery characteristic. The diode 

is difficult to use since a rapid current fall induces large voltages across 

any series inductance. If the diode current fall is tailored, the diode is 

said to have a soft recovery and is easier to control. If impurities such as 

gold are added to the semiconductor, the lifetime of the carriers is reduced. 
A minority carrier is attracted to the impurity which acts as a recombination 

centre. The minority carrier "sticks" to the impurity atom and then 

recombines with a majority carrier, of which there are many. The lifetime of 
the carriers is reduced and the storage time, ts 

at shown by figure 2.6d, is 

shortened and reverse recovery current reduced. The disadvantage is to 
increase the on-state resistance of the diode since less carriers now reach 
the terminals for a given forward voltage. Several methods of lifetime 

"killing" are used of which gold and platinum doping and irradiation are 

examples. 

2.3.2 Diode Type Considerations 

The biggest limitation of power diodes is the reverse recovery current. Until 

the freewheel diode in the H-bridge blocks a short circuit exists across the 
d. c. rail. The Schottky barrier diode is a majority carrier device not 
involving stored charge and does not show a reverse recovery current. The 

Schottky diode is not commonly available above a voltage rating of 100 V. 

Fast recovery diodes achieve short reverse recovery times by lifetime killing 

techniques. At lower current levels, for example up to 30 A, then epitaxial 
diodes are used for fast recovery requirements. The junction is formed by 

deposition of the doped material, in vapour form, on an n-type semiconductor 

wafer. Very precise junction characteristics can be produced giving fast 

recovery devices. Standard rectifier diodes are very sluggish to turn off and 

unsuitable for high frequency applications. They do, however, have very high 

voltage and current ratings. 

Of the diodes with a 200 V rating to operate on the 165 V d. c. rail the 
Thomson-CSF devices are probably the best. The BYW08-200 diode has the 
highest current rating of the fast recovery devices in the D05 package [ 161. 
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The diode has a continuous forward current rating of 100 A with a surge 

current rating of 1500 A. 

A suitable diode for the 720 V d. c. rail is the DSF5712STIO produced by MEDL. 

The diode has a 1000 V rating, an average current of 300 A and a surge rating 

of 4500 A. The quoted reverse recovery time at a forward current of 200 A and 

a reverse current di/dt of 80 A/ps is 800 ns. The diode is available in the 
hockey-puk package similar to the selected transistor which makes mounting 

easier. 

2.4 TECHNOLOGY UPDATE 

A recent introduction is the isotop package which in many respects is 

excellent for the device user. One version, the TSD4M250, contains four 

IRF250 mosfet chips connected internally in parallel. The package replaces 
the four discrete IRF250's in the T03 metal can for a smaller volume. The 

same isolated package is also available containing two diodes each with a 
200 V, 100 A rating, the BYV255-200. The isotop package can be used to 
increase the power to volume ratio of the 6kVA amplifier. 

2.5 CONCLUSION 

The requirements of the semiconductor power switch have been assessed. 
Suitable mosfets, bipolar junction transistors and fast recovery diodes have 

now been selected. These components will form the basis of construction for 

the 6 kW and 24 kW switches, respectively. 
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3.0 THE PONWR CONVERSION STAGE 

The basis of converting the high d. c. voltage to a variable frequency and 

magnitude sinewave is the use of an H-bridge, figure 1.3. The most critical 

component and that which requires the greatest design consideration is the 

semiconductor switch. Traditionally, the power device would be operated with 

a turn-off snubber to limit the switching losses of the device and keep it 

within its safe operating area. The turn-off snubber limits the rate of rise 

of switch voltage while the switch current falls. The snubber itself is often 

very inefficient and its reset time limits the upper operating frequency. To 

achieve a switching frequency of at least 100 kHz with minimum delay in 

controlling the load current requires the switch to break the current rapidly 

and so traditional turn-off snubbers must be avoided. 

3.1 THE TURN-ON SNUBBER 

One of the most significant omissions from the H-bridge of figure 1.3 is a 

turn-on snubber. With the load current freewheeling in one of the diodes DI 

to D4 the complementary switch is turned on. As discussed in Section 2.3.1, 

the diode cannot block immediately and a short circuit exists across the d. c. 

voltage rail, for example through DI and S2. The rail voltage is dropped 

across any series inductance which limits the rate of rise of current. To 
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control the diode reverse recovery current and limit it to a level that is 

within the switch rating requires the addition of series inductance, a 

turn-on snubber. The inductor, shown by L3 and LA in figure 3.1 causes many of 

the problems in operating the H-bridge. W controls diode D2 recovery while 
LA controls diode DI recovery. The typical diode recovery characteristic is 

shown by figure 3.2. The stored charge removed by the reverse current is 

proportional to the diode forward current, equation 2.3. Since the charge 

remains constant for a given forward current the series inductor controls both 

the rate of rise of reverse current and the peak magnitude of reverse current, 
I. The variation of I with series inductor will be discussed in section rr rr 
3.4. 

Current fed inverters have a large inductor in the d. c. link which effectively 

maintains a constant current to the H-bridge. The inductor fixes the reverse 

recovery current. Tliese inverters are reliable since during simultaneous 

conduction, an erroneous condition where two series switches are turned on 
together, the fault current is limited to the d. c. link current. Similarly a 

short circuit of the output terminals can be tolerated. The link inductor 

needs to be fairly large, (the order of millihenries) and as such the link 

current cannot respond to rapid demand for change in the load current 

magnitude. Current fed inverters are often used in high power variable speed 

motor drives where reliability rather than high speed transient response is 

required. 

The series inductor shown by L3 and LA may be either a saturable or linear 

inductor. A saturable inductor shows a high initial inductance while the 

switch voltage falls keeping the switch current to a minimal level. Soon 

after the switch voltage has Men to zero the inductor saturates and the 

value of inductance falls to the air cored level. The switch current now 

rises rapidly under diode recovery conditions. Turn-on switching loss is 

small and can often be approximated to zero. A series linear inductor allows 

switch current to rise while the switch voltage is failing. Turn-on loss is 

increased but the inductor is easier and cheaper to construct. If the switch 

voltage fall time is small, turn-on losses will be low since the current will 

not rise significantly during the fall time. Appendix 11 shows a method for 
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designing the saturable inductor. The saturable inductor must be wound on a 
high frequency ferrite to minimise core loss. A suitable former is the 

toroid, [ 171-[181. The number of turns must be sufficient to provide adequate 
delay and a saturated inductance able to control diode recovery di/dt. 

3.2 THE POWER SWITCH VOLTAGE CLAMP 

At turn-off of the power switch S2, the series inductor IA is carrying load 

current, 1L and has a stored energy of 1/2. L4 IL2 . The inductor current must 

continue to flow and the inductor energy is transferred. One solution is to 

place a zener clamp around the inductor, figure 3.3, formed by ZD B and DB 

Diode D,, prevents the zener diode, ZD 
B' 

from shorting inductor L4 during 

reverse recovery of freewheeling diode Dt. Once the switch voltage exceeds 
the rail voltage plus the zener voltage then ZD 

B and DB will conduct. The 

voltage impressed across IA is VZD13' the zener voltage, and the inductor 

current will fall linearly according to d /dt "L. As the inductor iL4 :: ' 
VZ 

D S/ 4 

current falls the load current transfers to the freewheeling diode, DI. All 

the inductor energy is dissipated in the zener diode.. T'he zener voltage only 

effects the reset time of inductor L4, the time for the current to fall to 

Vr 
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Figure 3.3 Zener Diode Clamp Figure 3.4 Snubber Inductor Reset 

zero, which is Ir.. L4 /VZD15 . To rapidly reset the inductor, the zener voltage 

should be the maximum allowed by the switch breakdown voltage, V1, 
r- 

Clearly 

Vb 
r>Vr+V ZDa" 

The power loss in ZD 
B 

is the energy dissipated at each 

switch turn-off multiplied by the switching frequency. At a load current of 
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60 A, a switching frequency of 100 kHz and a typical value of inductance of 
0.5 /jH, the losses are 90 W. These losses exceed commonly available zener 
diode ratings and this solution is only practical at lower currents or 

switching frequencies. If the current in IA is not reduced to zero before 

switch SI turns on, the turn-on losses will be increased. As soon as the 

switch voltage starts to fall the switch current will rise to the inductor 

current level. Inductor LA will still control diode recovery di/dt as before 

however the peak reverse current will be higher as shown by figure 3.4. 

A commonly used circuit is the soft voltage clamp or spongy clamp shown by 

figure 3.5 and formed by D6, C3 and R2 for inductor LA and by D5, C2 and RI 

for inductor L3. An L-C oscillation is formed between IA and C3. The current 
in LA falls as a quarter cosine wavefonn while the voltage on capacitor C3 

rises as a sine waveform. As the current in IA reduces the load current is 

transferred to the freewheel diode, DI. Capacitor C3 is precharged to the 

rail voltage through resistor R2 and the transfer of current cannot take place 

until the switch voltage exceeds the rail voltage. 'Me inductor current will 

Figure 3.5 Spongy Clamp 

rapidly charge the output capacitance of switch SI then transfer to the spongy 

clamp. 'Me clamp limits the voltage across the switch to the capacitor 

voltage which must be less than the switch breakdown voltage. 'Me oscillation 
between L4 and C3 cannot continue beyond one quarter cycle since D6 prevents 

negative current. Capacitor C3 discharges via R2 into the d. c. rail. The 
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spongy clamp differs from a conventional R-C-D snubber in that R2 is connected 
to the positive rail rather than across diode D6. In the spongy clamp the 

resistor losses are limited to 1/2.1_1 
L2xf while in the R-C-D snubber the 

resistor losses are increased from above by 1/2. CV 
r2xf as the capacitor must 

be charged to the rail voltage before the inductor is reset. R-C-D snubbers 

are used where the switch has a long current fall-time and the switch voltage 
must be held off by gradually charging the snubber capacitor. The spongy 

clamp will be discussed in greater detail in section 3.3 however it is easy to 
draw a comparison with the zener clamp. The L-C oscillation will have a 
frequency of 1/(2n/[L4 C3 ]) and the reset time is nvf(L4 C3 )/2 which is 

independant of load current. The voltage across the switch is controlled by 

the clamp and dependant on the load current, inductor LA and capacitor C3. 

The zener clamp produces a fixed over-voltage on the switch but a variable 

reset time that is proportional to current. The spongy clamp has a fixed 

reset time but an over-voltage proportional to current. The reset of the 
inductor LA determines the switch minimum off-time. Neither clamp has a 
minimum on-time, however the spongy clamp capacitor must discharge and the 

sum of the RC discharge time and the inductor reset time sets an upper limit 

on the operating frequency. The value of inductance is detennined by the 

allowable di/dt during diode recovery, while the value of capacitance is fixed 

by the switch breakdown voltage. The value of resistance in the spongy clamp 
is therefore determined by the required operating frequency. The resistance 

must be high enough to damp any oscillation between the clamp capacitor and 

parasitic inductance in the capacitor discharge path. Oscillation will delay 

the reset of the clamp capacitor. Since the clamp discharge resistor is not 
involved in limiting the switch over-voltage it can be remote from the switch 
and wirewound. The advantage is it can be a very high power rated resistor. 
The resistor can be water cooled if necessary allowing it to dissipate 

significant losses associated with inductor LA operating at high currents and 

switching frequencies. The spongy clamp can dissipate significantly greater 
losses than the zener clamp. 

When switch S2 turns on, the current in inductor LA is increased above the 
load current level by the reverse recovery current of diode D1. Once diode DI 
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has blocked, the excess energy stored in IA must be either transferred or 
dissipated. The current in LA, IL + 'r 

r' must continue after diode recovery. 
The load current IL is constant over a short period of time since the 

inductance of LI is much greater than that of LA. The excess current is drawn 

through diode D2 and the energy is dissipated in diode D2 and the switch S2. 

The voltage impressed across LA is the sum of the on-state voltages of the two 

semiconductor devices in the loop. The voltage is small and the decay is 

slow. The decay is shown in figure 3.4 as a "tail" after diode recovery. The 

energy dissipated in the semiconductor devices reduces their useful available 

output. A variation of the bridge leg is shown in figure 3.6. Inductors 1-31 

and LA' are equal in magnitude and their sum is equal to the saturated 
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inductance of L4 in figure 3.5. Diode reverse recovery current flows in the 

same total inductance but now when diode DI recovers the excess current is 

drawn through the upper spongy clamp of C2 and D5. The capacitor C2 is 

overcharged and the voltage across L31 and LA1 increases. An L-C oscillation 
is formed as discussed for turn-off and the excess energy in the turn-on 

snubber is rapidly transferred to C2. Once again, C2 is discharged through Rl 

where the excess energy is dissipated. The losses are now in the spongy clamp 

resistor and the useful output from the power devices is increased. 

I The circuit of figure 3.6 does not allow L31 and L41 to be saturable, 
therefore switch turn-on losses are increased. If the switch voltage fall 
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time is small then the increase in turn-on loss is outweighed by the transfer 

of inductor associated losses to the spongy clamp. If current is flowing from 

the load to power switch S2, inductor LA' is saturated and inductor L3' 

unsaturated in its high inductance state. When switch S2 is opened, current 

transfers to the freewheeling diode DI. The fall in current in 1-41 is equal 

to the rise in current in 1,31. The inductors act in series with the high 

inductance of L31 dominating. The L-C oscillation is extended until 1-31 

saturates and the clamp capacitor, C3, is greatly overcharged. Inductors L31 

and LA1 must therefore be linear. The discussion on split inductors L31 and 
I. A 1 will be extended in sections 3.3 and 3.4. 

The voltage clamps discussed above dissipate the energy stored in the turri-on 

snubbers of L3. and LA and can be said to be wasteful since all the inductor 

stored energy is lost. Regenerative snubbers allow the energy from the 
inductor to be returned to the d. c. supply or be used in a similar useful 

purpose. To operate at a modulation frequency of at least 100 kHz it is 

difficult to achieve regenerative snubbers without severely extending minimum 

on and off times and even then a frequency of 100 kHz may be difficult to 

attain. Although the zener and spongy clamp are wasteful, both approaches 

allow very short on and off times as well as suiting a high switching 
frequency. Two forms of partial regenerative snubber were assessed for the 
high power 24 kVA D-class amplifier since here the savings would be the 

greatest. The circuits will be discussed here for completeness. 

The split capacitor spongy clamp is shown in figure 3.7. Capacitor C3 
A 

is of 
higher value than OB so that capacitor C3 

B 
dominates the series capacitance 

and controls the clamp voltage. The value of capacitor C3 
B 

is therefore 

similar to that which would be required in the standard clamp discussed above. 
Diodes D,, and DD allow capacitor C3. to discharge via R2 while preventing C3. 

from discharging. At turn-off, C3,, is charged to a low voltage. The energy 

recovered from the turn-on snubber can be used for the switch driver power 

requirements or similar purpose. The voltage on C3A is dependant on load 

, current and this clamp maybe more suitable as a "top up" power supply. The 

energy stored on C3 
A can be significant and maybe more than is required for a 

mosfet driver for example. The circuit could be suitable for the bjt or gto 
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where the driver power requirements are higher, providing the turn-on base or 

gate current pulse. 
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Figure 3.7 Spongy Clamp Energy Figure 3.8 Coupled Spongy Clamps 

Recovery 

'I'lie second recovery clamp circuit tried was the coupled spongy clamps circuit 

shown by figure 3.8. Diodes DE and D,, and capacitor C,, couple together the 

upper and lower spongey clamps. At turn-off of switch S2 capacitors C2 and C. 

act in series and are effectively parallel connected across C3. The result is 

to extend the L-C oscillation period and the voltage on C3 is reduced. 
Capacitor C2 is discharged returning energy either to the d. c. power supply or 

the load. Capacitors C3 and C,, are overcharged, subsequently dissipating the 

excess stored energy in resistors RI and R2. Both capacitors are now charged 
to the rail voltage. At turn-on excess energy is stored in inductors 1-31 and 
L4 1 by the reverse recovery current of diode DI. Current flows from C2 to the 
inductors transferring energy from the inductors to the capacitor as it is 

charged. Once the voltage on capacitor C2 reaches the rail voltage capacitors 
C3 and C. in series act in parallel with capacitor C2. The remaining stored 

energy is now transferred by overcharging capacitors C2 and CB which is 

subsequently dissipated in resistors RI and R2 as C2 and CB discharge back to 

the level of the voltage rail. Capacitor C3 is discharged during this period, 
its loss of energy being dissipated in the semiconductor devices S2, D5, DE' 

and DF and overcharging CB with the subsequent loss in RI and R2. The voltage 

on C3 is now below the rail voltage and at the next turn-off of switch S2 the 

spongy clamp will start to work before the switch voltage reaches the rail 

voltage. Current will not flow to capacitors C2 and C,, until the voltage on 
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C3 exceeds the rail voltage and diode DF becomes forward biased. The energy 

stored on C3 at turn-off is dissipated in two parts, firstly by R2. as the 

capacitor discharges to the rail voltage and subsequently in the semiconductor 
devices and CB as the capacitor discharges at turn-on. The a. c. coupling 

capacitor CB allows the action of C2 to transfer some of the inductor stored 

energy to a useful source rather than dissipate all the energy. The coupled 

clamp also performs a second useful function by reducing the voltage on C2 and 
C3 below the rail voltage. When the clamps are required to operate either at 

turn-on or turn-off then they do so before the switch or diode voltage reaches 

the rail voltage and consequently the maximum voltage across the switch or 
diode is reduced. For this drooping function to be effective, the clamp 

capacitor must be fully discharged to the rail voltage before turn-on occurs. 
This limits the operating frequency and is not suitable for 100 kHz operation. 
The clamp may be more effective at lower frequencies. Equally, the reset 
oscillations are extended, again reducing the usable frequency. For 

CB =I PF, C2 = C3 = 0.44 uF and a turn-off collector current of 200 A, a 30 V 

. 
"droop" could be achieved on C2 at turn-on. This voltage saving may be 

significant in some applications. For the 24 kW amplifier, voltage headroom 

was adequate without the coupled spongy clamps. 

A final method of reclaiming the stored energy in the series inductance is to 

perform the task actively. Using a switched-mode power supply the energy 

stored on the spongy clamp capacitor can be fed directly back into the d. c. 

rail thereby reclaiming all the inductor energy. The capacitor voltage can be 

monitored to control the switching of the s. m. p. s. and achieve any droop on 

the clamp capacitor below the rail voltage that may be required. 

'Ibis section has discussed several voltage clamps but there are many more. 
The voltage clamp can be characterised by the time it takes to reset the 

series inductor and the voltage swing above the rail voltage it allows across 

the power switch. The clamp should attempt to minimise both of these values. 
Another important characteristic is the reset time of the voltage clamp which 

Nyill limit the operating frequency. Finally, if conditions allow, the clamp 

should return some of the stored inductor energy to a useful source. 
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3.3 ANALYSIS OF THE SPONGY CLAMP 

The spongy clamp is the most versatile of the voltage clamps discussed in the 

previous section as it allows a high switching frequency (> 100 kHz), short 

minimum on and off times (< I us) and high power dissipation since remotely 

mounted wirewound resistors can be used. Section 3.4 will show that the value 

of inductance required for the turn-on snubber is determined by the 

characteristics of the power switch and freewheel diode but that it should be 

the minimum to satisfy these requirements. The value of inductance is 

therefore pre-determined. This section will analyse the selection of the 

clamp capacitor and resistor and discuss features of the spongy clamp. The 

clamp plays a crucial role in successful bridge operation, therefore the 

selection of optimum values for the clamp components is important. 

As capacitor C3 is charged the voltage across R2 increases and current will be 

diverted to this path. The circuit is an L-C-R circuit and cannot be treated 

as a pure oscillation between 1A and C3. However, resistor R2 is normally 

wirewound and remotely mounted and as such exhibits high inductance. The 

transfer of current to R2 is delayed by the series inductance in the discharge 

path and to a very good approximation the spongy clamp can be analysed as a 
two stage process of an L-C oscillation and an R-C-L discharge. The reset of 

an inductor is a volt-second product. If the clamp capacitor C3 starts to 
discharge before the reset is complete, the reset time will be increased as 
the inductor volts are reduced. It is desirable to have inductance in the 
discharge path to prevent discharge of C3 while inductor 1A is reset. In the 
higher power D-class amplifier, the clamp capacitor over-voltage was nearly 
four times that of the lower power amplifier. The increased voltage on the 

clamp capacitor caused significant current to divert to R2 and discharge C3, 

greatly extending the reset time. A small saturable inductor was included in 

series with the discharge resistor R2 allowing inductor LA to fully reset. 
After the inductor current had fallen to zero the saturable inductor 

inductance collapsed allowing the clamp capacitor to discharge. It can be 

seen that the clamp naturally allows a two-part analysis and if not the 

situation is undesirable and a circuit addition is required which forces the 

two-stage transfer. 
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Appendix III shows in detail the numerical analysis of the spongy clamp. The 

important equations of Appendix III are quoted in the following sections to 

allow discussion of the clamp circuit. The initial discussion will 

concentrate on the two-stage model of the clamp which allows insight into the 

circuit function and energy transfers. Subsequently the effect of the clamp 

capacitor discharging before the series inductor is reset will be considered. 
Appendix III also shows this analysis. 

3.3.1 Two-Stage Spongy Clamp Analysis 

Inductor IA is reset as the current falls to zero following a 1/4 cosine 

waveform, equation 3.1. The clamp capacitor voltage, Vc 3' 
increases above the 

rail voltage according to equation 3.2. The reset time of IA is nf(L4 C3 )/2 

and the maximum voltage across the switch is V+I 
rL 

Vf(L4 
/C3 

ý=I cos(w t) (A) 3.1 4L0 

v c3 
=Vr+ Ir, vf(L4 'CO' sin(uý t) (V) 3.2 

for i>0 and where w=I /vf(L4 L40 
CO 

The switch over-voltage increases linearly with the turned off load current, 
IL' although the reset time remains constant. If the value of series 
inductance is predetermined then the'value of clamp capacitor must be 

sufficient to prevent the clamp voltage exceeding the switch breakdown 

voltage. The capacitor value can be calculated from equation 3.2, where 
C3 

(min) -: - 1L 2 L4*(Vbr -Vr 
f2 

The discharge of the clamp capacitor C3 is an L-C resonant circuit damped by 

R2. The inductive element is the resistor and wiring parasitic inductance , 
Ls. The discharge current is given by equation 3.3 which is the sum of two 

opposing decaying exponentials. The larger, m2' represents the delaying 

effect of the parasitic inductance. For the two-stage model to be acceptable 
then I /m 2 must be significantly greater than the snubber inductor reset time. 
The smaller exponential term, m, . represents the more typical R-C discharge. 
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c3 
--': I 

L'(L 4 /[R 22c3- 4L 
s 

1)1/2 

. (exp[-mit]-exp[-m 2 
t]) (A) 3.3 

Equation 3.3 is valid once iL4 has fallen to zero. The smaller ten-n, ml, is 

approximately equal to 1/(Fý C3 ) and dominates the capacitor reset time. 

Allowing five time constants, 5F2 C3, lets the clamp capacitor attain the rail 

voltage before being charged at the next turn-off instance. The maximum 

switching frequency is deten-nined by the sum of the snubber inductor and clamp 

capacitor reset times and given by equation 3.4. If the maximum switching 
frequency is exceeded then the clamp capacitor will not fully discharge. The 

clamp will operate above the rail voltage increasing the switch over-voltage. 
If the switch breakdown voltage is not exceeded this can be tolerated. 

ilf = n/(L4C3)/2 + 5R2C3 
max 3.4 

To prevent oscillation during the discharge of C3 then R22> 4L 
S 

'C3 
* 

Substitution of this value into equation 3.4 gives the maximum attainable 

switching frequency if the clamp is to remain effective, which is typically 

greater than 100 kHz. If R2 is too small, then the discharge current becomes 

oscillatory and damped by the envelope exp[-R2/2L. ]. The reset time of C3 is 

increased. The energy loss in R2 can be found by integrating the square of 
the discharge current during the discharge time. The loss calculated in this 

2 

way is 1/2. L4 IL , the stored snubber energy. The spongy clamp is therefore 
dissipative and does not reclaim any inductor stored energy. The above 
discussions allow both the power rating and value of clamp resistor R2 to be 

determined. 

Figure 3.9 shows the equivalent circuit at turn-off of switch S2 under a0V 
loop and -V loop conditions. In either case the voltage impressed across LA 

is independant of loop type since point A is clamped to the rail voltage by DI 

and point E clamped to the capacitor voltage by D6. In figure 3.9a energy is 

transferred from the d. c. supply to capacitor C3, the load voltage being 0 V. 

In figure 3.9b energy is transferred from the load to C3 as the load voltage 
is now negative and equal to the supply voltage. 'Me voltage across inductor 

IA is independant of load conditions. The excess energy stored on C3 comes 

either from the load or supply. The excess energy is equal to Vr IL"(L4 C3 ) and 
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R2 

C3 

(cl) (b) 
Figure 3.9 Tum-Off Energy Transfers 

is returned to either the load or supply, again depending on loop type, during 

the discharge of the clamp capacitor. For the larger D-class amplifier 

operating with a 100 kHz modulation frequency this transferred energy 

translates to over 6M This is one of the disadvantages of the spongy clamp 

compared to a zener clamp for example. Losses must inevitably occur as this 

power is transferred around the circuit decreasing the system efficiency. 

R2 

C3 

It is interesting to compare the energy transfers of the two layouts shown in 

figures 3.5 and 3.6. As long as the sum of inductance of L31 and LA' is equal 
to the magnitude of L3 or 1A (L31 + 1-41 = Lr = 1-4) regardless of distribution, 

then the energy stored on the clamp capacitor, E 
c3 ' at turn-off is identical 

in both cases. The energy is the sum of two parts, one from the stored 
inductor energy and secondly from the load or supply. Equation 3.5 gives this 

total. 

= 1/2.1, r 
IL 

2+vIr 
&EC 3off)rL 'ý (I-qr C3 (J) 3.5 

During a0V loop turn-off the energy transferred from the supply to the 

capacitor is the same in the two cases and equal to Vr 'L/(Lt C3 )' In figure 

3.5 the energy lost from the load during a0V loop turn-off is zero and 
during a -V loop turn-off is 1/2'Vr 'L nvf(L4r C3 ). This energy is transferred to 

the capacitor, Vr IL if(1'4r C3 ), and the supply. In figure 3.6 the energy lost 

from the load is increased by L. 
31 

IL 2 in both loop cases. This occurs because 
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only 1/2. L41 IL 
2 

is stored before tum-off', while after turn-off 1/2 * L3 
11L2 

is 

stored on the upper inductor. The increased energy loss from the load is 

split equally between the clamp capacitor and the upper inductor. The total 

energy stored on the clamp capacitor C3 is now equivalent to figure 3.5 and 
the energy on the upper inductor L31 is reclaimed at turn-on. 

During turn-on similar conditions occur. For figure 3.6, the energy stored on 

clamp capacitor C2, EC2' is given by equation 3.6 of which 1/2.1, 
r, r r2 is 

subsequently dissipated. The oscillation frequency and reset times are 
identical to the turn-off condition if C2 = C3. 

6E C2(on)= 1/2. Lr 1,, r2+VrIrr 
"(LT C2 ) (J) 3.6 

The second energy term of Vr Ir 
r 'f(LT C2) is stored on the capacitor from the 

supply and returned during the discharge of C2. The load energy is increased 

by IL 'r 
r 'l-4f . In figure 3.5, the inductor IA is reset by the power switch S2 

and diode D2. The on-state voltages of the switch VS 
2 and diode VD 

2 now 
become significant and must be considered. The load voltage is increased by 

VD 
2 

during the reset of LA and the load energy, EL, increased according to 

equation 3.7. 

6E Won) '- 'LllcrL4VD2'(v 
D2 

+v 
SO (J) 3.7 

This increase is less than for figure 3.6 and since 1/2. L41,2 is also 
dissipated the losses are increased. This decrease in efficiency is a reason 
to avoid the circuit of figure 3.5. 

The above discussion has given an insight into the operating times, 

over-voltages and energy transfers that can be expected from the spongy clamp. 
One final point to consider is the reset of the saturable inductor, LA. As 

the current in LA reduces it will reach a point where the inductor core will 

come out of saturation. The inductance of LA will increase to the unsaturated 
level. The oscillation between LA and C3 will be extended and determined by 

the new value of IA. The reset consists of two L-C oscillations, the second 

with a much longer time constant. It could be that to fully reset LA provides 

59 



a minimum off-time that is too long and the saturable inductor must be 

discounted. The spongy clamp must be a true two-stage circuit to adequately 

reset a saturable inductor. 

3.3.2 Unified Spongy Clamp Analysi 

Figure 3.10 shows the equivalent circuit of the reset of inductor LA. The 

series parasitic inductance, L. , is included in the discharge path. It is 

possible to reduce L. to a negligible level by using a low inductance resistor 

II 

Vr 

Figure 3.10 Spongy Clamp Equivalent Circuit 

for R2 and minimise the wiring lengths. Under these conditions the rigorous 

analysis of the clamp is reduced to a manageable level. Appendix III shows 
this analysis. The circuit can be solved using Laplace transforms [191. The 

inductor reset current is given by equation 3.8 and the clamp capacitor 

voltage by equation 3.9. Both of these equations are valid until the inductor 

current has fallen to zero. 

= ILvf(wd/w ). exp[-ottl. cos((A)dt - ý4 
0 (A) 3.8 

vC3=Vr+IL '(W 
d 

C3 ). exp[-cctl. sin(wd t) (V) 3.9 

for ý4 ýý' 0 

where cc = 1/(2P, 2 
W2= 1/(L4 - 1/(2R2 

2 
tan-1 (cL/wd) C3 

d 
C3 C3 ) 
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Comparing equations 3.8 and 3.9 with 3.1 and 3.2 it can be seen that the 

maximum clamp over-voltage is reduced in this analysis by the exponential 

term. The inductor current will show a "tail" and the reset time is increased 

due to the cos(wdt - t) term by t/wd. If a prolonged inductor reset time can 
be tolerated then the d. c. rail can be increased closer to the switch 
breakdown voltage since the maximum switch over-voltage is reduced. The 

maximum operating frequency is not unduly affected. A typical plot of the 

inductor current iL 
4 and clamp capacitor voltage vc3 is shown by figure 

3.11 [201. This work can be extended with optimisation of component values 
for a given set of parameters using a computer program. This analysis does 

not take into account any saturable effects of the inductor which would 

greatly extend the current tail and reset time. When the inductor is reset 
(inductor current has fallen to zero) the analysis reverts to the R-C-L 

discharge already discussed. The initial conditions for this discharge can be 

found when the inductor current reaches zero, t= (02 + t)/wd. 
-. I 

V 
( 

Figure 3.11 Clamp Predicted Voltage and Current Waveforms 

If the circuit is considered as a whole, figure 3.10, the equation becomes a 
fourth order differential. This cannot easily be solved without turning to 

computer analysis. It is possible however to get close to the true solution. 
in the frequency domain a translation can be made from a series resistor and 
inductor to an equivalent parallel circuit, figure 3.12. The transformations 

are given by equations 3.10 and 3.11 and are valid at one frequency only. 
Since the L-C oscillation between LA and C3 is almost sinusoidal this 

transformation is acceptable. 
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Rp = R2 (I + I/Q2) 

Lp = Ls(1+Q 
2) 

where Q= R2 /(wL 
s) 

F- -1 
cI LR Pi L4 pp L 

D6 --T 
C3 

Vr 

(S? ) 3.10 

(H) 3.11 

Figure 3.12 Clamp Equivalent Circuit, Tuned Frequency Domain Transformation 

If the capacitor CP is added across the new parallel circuit then resonance is 

achieved if wL -= i/(wc ). The effect of Cý is to cancel L at resonance and PPP 
reduce the parallel combination to just RP alone. Resonance without loss 

between LA and C3 occurs at w where w I/(L4 C3 )* Inclusion of R changes 00P 
to co, where w. 

2-a2 
V( L 1/[2R 

2 
). w. depends on R 

00- 
(1/1 

4 
C3 I-p C3 IP 

but Rý is frequency dependant. An iterative solution is possible. If the 

assumption is made that RP = R2 then I /Q2 tends to zero from equation 3.1o. 

The flow chart below shows the iterative process to detennine the equivalent 

parallel circuit values. 

The analysis now reduces to that of the previous discussion where the 
inductance was considered negligible. After the transfer of energy from the 
inductor LA, an R-C-L discharge of the clamp capacitor occurs as has been 

discussed previously. The analysis is simplified if the parallel 

resistor-inductor reverts to the series resistor-inductor. The initial 

conditions for the discharge occur when the inductor current falls to zero. 
The treatment of this analysis can be continued if required using a computer 

program. The results achieved will be the same as those shown in figure 3.11. 
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f(A)d vr((Aý 
2_ 2), 

L4 C3 and Rp Wd cc 

Q [Q RW (A)d 
21( dL4)1 

-I- 

Q4 new Rp tRp = R2 (I + IIQ2), 

41 
t new R old R 

pp 
4- 

wd and Q are fixed Lp [L 
p= 

LS (I + Q2)] 

-41 
cp=1/ (&3d 2Lp) 

A final mathematical approach to the spongy clamp is possible using the 
frequency domain transformation discussed above. Before CP is added, the 

clamp can be redrawn as an a. c. equivalent circuit, figure 3.13. This circuit 

L -p 

Figure 3.13 Clamp a. c. Equivalent Circuit, Frequency Domain Transformation 

can be directly analysed as the equation reduces to a second order 
differential. The inductor reset current, iL4 ' is given by equation 3.12 and 
the clamp capacitor voltage, VC3 ' by equation 3.13. 

ý4 = 'L w0 /wd. v/*(l + L4 /L 
p ). exp[-cctl. cos(wdt - ý) 

vC3-: - IL L4 /(Wd "ý& C3 ). exp[-ati. sin(wdt) 

2222 

where w01 
l(L4 C3 Wd W0M 

I/L = I/L4 + I/L tan W = 47J d 

(A) 3.12 

(V) 3.13 

a= 1/(2R 
pC 
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The above equations are of identical form to 3.8 and 3.9. The waveform shape 
of iL4 and VC 3 is again shown by figure 3.11. 

Conclusions can be drawn from the above analysis. By taking the inductance in 

the discharge path into account the inductor reset time is increased and can 
be determined when the cosine term of equations 3.8 and 3.12 goes to zero. 
I'lie reset time is (n/2 + ý)/wd . The total switch over-voltage is reduced. 
The clamp capacitor voltage returns to its initial value after the R-C 

discharge given by equation 3.3. The capacitor voltage at the start of this 

discharge is given by equation 3.13 when t= (n/2 + ý)/wd. The clamp 

operating time is increased reducing the maximum switching frequency. The 

an alysis discussed above is a close approximation to the true waveforms but 

necessarily involves a compromise. A complete solution can be obtained by 

simulating the circuit using a dedicated circuit simulation package for 

example PSPICE. 

3,. 3.3 PSPICE Simulation of the Spongy Clam 

Using the PSPICE simulation package the circuit is simply entered into the 

computer by specifying nodes and the component model that exists between them 

(211. Once entered, component values can be changed easily to determine their 

effect upon the circuit. Appendix IV shows the simulation program. The 

component model for the inductor, capacitor and resistor is obvious and just 

requires the component value to be specified. Several models are available 
for the diodes and switches etc increasing in complexity. The more complex 
the model used for any particular component then the more computing time 

required to determine the circuit waveforms. In the limit the circuit becomes 

insoluble. As well as component values, initial voltage and current 

parameters can be specified including switching waveforms to control the power 

switch. 

The waveforms obtained from the PSPICE simulation using typical component 

values for the 6 kW amplifier are shown in the following diagrams. The 

waveforms are similar to those predicted by the analysis in section 3.3.2 and 

to those obtained practically. Figure 3.14a shows the computer predicted 
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Figure 3.14 PSPICE Predicted Waveforms for the Spongy Clamp 

inductor reset current for the 6 kW amplifier. The total turn-on snubber 
inductance is 300 nH, the clamp capacitor is I uF and the discharge resistor 
is 50 W, wirewound, 1.8 ! 2. The d. c. rail voltage is 170 V. The current 
follows the predicted cosine waveform but straightens and exhibits a tail as 

the current approaches zero. 'Me current waveform has the same general shape 

as figure 3.11. Figure 3.14b shows the clamp capacitor voltage over a longer 

time period than that of figure 3.14a. The R-C discharge is almost complete 

at the turn-off instant. The 100 kHz switching frequency is at the maximum 

useable frequency of the clamp. Figure 3.14c shows the discharge current over 

the same time period as figure 3.14b. The current is delayed by the series 
inductance and peaks 200 ns after the capacitor voltage peak. The discharge 
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current reaches zero before turn-off. The maximum over-voltage predicted by 

equation 3.2 is 209 V. The early discharge reduces this to 202 V, figure 

3.14b. Note that operation on a 165 V d. c. rail as required reduces the 

maximum device voltage to 197 V, below the switch breakdown voltage. 

3.4 ANALYSIS OF THE TURN-ON SNUBBER 

The turn-on snubber is necessary to control the freewheel diode reverse 

recovery current. A beneficial secondary effect is to reduce the switch 
tum-on loss. It was clear from section 3.3 that the tum-off loss is 

1/2. L, 
r 
IL 2 and the turn-on loss 1/2. Ir Irr2. These two results are a clear 

indication that L,, should be minimised to reduce the total losses. However, 

Ir 
r 

increases as L. is reduced. Chapter 2 showed that the charge stored in 

the diode during forward conduction is proportional to the forward current, 

equation 2.3. Under reverse recovery the charge is removed both by the 

reverse current and charge recombination within the diode. The charge removed 
by the current is the time integral of the reverse current or the area under 

the current-time waveform. This area must remain approximately constant and 

so the magnitude of lrr must increase with increasing di/dt which occurs with 

reducing the snubber inductance. With increasing di/dt, the recovery time is 

reduced and less charge recombination will occur. Consequently, more charge 
is removed by the reverse current and 'r r will increase above that calculated 
for e qual area conditions. Appendix V shows that turn-on loss is minimised if 

the time taken from switch turn-on until diode recovery is reduced. From 

diode data sheets this time is reduced as the reverse current di/dt is 

increased, ie the snubber inductance is reduced. Therefore, both turn-on and 
tum-off losses are reduced as the snubber inductance is reduced. The minimum 

snubber inductance can be determined from other circuit considerations. The 

construction of the H-bridge places a physical constraint on the minimum value 

of the inductor due to the wiring inductance. If a gto is used there is a 

maximum allowable di/dt specified by the datasheet. This allows for the 

turn-on "plasma" to spread as discussed in Section 2.1.3. When the freewheel 

diode recovers the break in the reverse current can cause large transient 

over-voltages and induce severe noise problems in control circuitry. These 

problems increase with the magnitude of 'r r and it may be necessary to 
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increase the snubber inductance. Mosfets do not exhibit a problem with a high 

turn-on di/dt. Problems occur with transistors if the collector current rises 
faster than the base current can respond. If a transistor is driven with a 

proportional base drive then the base terminal current will be the given 
fraction of the collector current. The base current is delayed from reaching 

the collector junction by the base transit time. Under high di/dt conditions 

this will result in insufficient base current and the transistor will come out 

of saturation. This phenomenon will be considered in section 6.1. At maximum 
load current, the switch current is increased by the reverse diode current. 
The total current must remain within the switch SOA rating. Transistor gain 

reduces with collector current and allowance must be made when specifying the 

required base current. 

Appendix III shows that L3" and IA 1 of figure 3.6 can be split in any 

proportion as long as the total inductance is that required for controlling 
diode recovery. If the situation requires, one inductor can be reduced to 

zero however parasitic wiring effects usually require a minimum inductance 

value. The same results can be achieved if the two inductors are wound on a 

single former to give a centre-tapped inductor. The advantage is to reduce 

the number of turns required for a given inductance. This will allow space 

saving in a compact circuit and reduce the inductor heat loss. This section 
has shown that circuit losses are reduced as the turn-on di/dt is increased. 

The turn-on snubber should have the minimum inductance allowed by the 

component and wiring constraints. There are benefits of winding the inductor 

on a single core in reducing the required turns and heat loss. 

3.5 PRACTICAL H-BRIDGE LAYOUTS 

In deciding on a suitable H-bridge circuit one primary consideration is the 

continuation of current in any circuit inductance. Of particular importance 

is stray inductance involved in constructing the bridge. When current is 

broken in one path, for example the power switch or freewheel diode, it must 
be transferred to another. The stray inductance involved in the transfer must 
be minimised. To minimise switching losses in the power devices the current 
fall time is low such that di/dt is very high and typically greater than 
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2,000 A/gs for the 24 kW amplifier. With this di/dt every 10 nH of stray 
inductance will induce 20 V. Typically every 10 mm of wire has an associated 
inductance of 10 nH. The transient over-voltage will occur across the switch 

or diode. Steps must be taken the minimise the stray inductance by careful 

circuit layout and clamp the transient voltage to a level less than the switch 
breakdown voltage. The transfer of the turn-on snubber associated energy to 

the clamp capacitor is delayed by the forward recovery or turn on-time of the 

spongy clamp diode. During this delay the current must be transferred to a 

parallel path. This normally involves a small R-C snubber directly across the 

switch, figure 3.15, which performs two functions. The snubber provides a 

current path until the spongy clamp conducts but more importantly will absorb 
the stray inductance associated energy that is not controlled by the spongy 

clamp. 

3.5.1 The R-C Snubber 

The main function of the R-C snubber is to absorb the energy associated with 
the stray inductance, L,, 

.t. 
and so must be physically close to the device. The 

unclamped stray inductance in the power switch path can be lumped together as 

one series inductance L. t, 
At turn-off the output capacitance of the power 

switch must be charged to the rail voltage. Current must necessarily flow in 

L, t to C., figure 3.15. The snubber capacitor C5 must also be charged and 

-r 

3 

I 

Figure 3.15 Switch R-C Snubber 
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will divert current from the switch reducing turn-off losses. The current in 

L, t will not reduce until the voltage is reversed across the stray inductance. 

"is occurs when the switch voltage exceeds the rail voltage, at which time 

the energy in Ls t must be reduced to zero. The value of snubber capacitor C5 
2 

must be sufficient to absorb the energy, 1/2. L. t IL , while maintaining the 

switch voltage at acceptable limits. The circuit is similar to the spongy 

clamp and similar conditions apply. The R-C-L circuit formed should be 

critically damped by the snubber resistor to minimise the voltage overshoot, 
R4 = 21(L. ý, t 

'C5 )' Care must also be taken that the snubber capacitor does not 

oscillate severely with the device output capacitance. This must occur to 

some extent due to the small delay in the snubber but can be controlled. 
Since the value of the stray inductance cannot be directly determined, either 

an estimate must be made for the value of C5 or it must be determined 

experimentally. The value of C5 to control the switch over-voltage is 

independant of rail voltage, only on the maximum load current. The typical 

values for the R-C snubber are I S? and 10 nF respectively. The nominal power 

rating of the resistor is C5 Vr 2xf, which on a d. c. rail of 600 V and 

switching at 100 kHz suggests a rating of 360 W. The resistor would be 

wirewound, bulky and render the snubber ineffective by introducing 

considerable parasitic inductance. Advantage can be taken of the 

comparitively small snubber time constant, -rRc, of 10 ns. The switch voltage 

rise and fall time, trv and tf v, are typically 200 ns on the 600 V d. c. rail. 
The resistor loss, PR 41 can be approximated by equation 3.14 and is 17 W for 

the above conditions [22]. 

P' 1/2.2 1T I/ Tt (W) 3.14 R4": 
C5Vr fýRC*( /E 

RC 
+ trvl +I 

RC 
+ 

fvl) 

Such a resistor can be made from several parallel connected carbon resistors 

which form a low inductance compact design. The above power loss is caused as 
the capacitor charges and discharges from the rail voltage. The capacitor 

experiences an overshoot voltage caused by the stray inductance energy which 
is subsequently dissipated in the R-C snubber resistor. This resistor power 
loss is 1/2. L. 

tIL2xf which at a typical stray inductance of 10 nH and a 

maximum load current of 60 A gives an increased resistor loss of 1.8 W. A 

rating of 20 W or 10 x2W parallel connected carbon resistors is required 
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which is acceptable for a 24 M 100 kHz power switch. At turn-on the stored 

capacitor energy of C5 is dissipated almost entirely in the power switch S2. 

By using a turn-on snubber, switch loss at turn-on due to the load current are 

negligible. At turn-off current is diverted to the R-C snubber reducing the 

switch losses typically by more than the turn-on losses thus the R-C snubber 

reduces the overall switch loss. The snubber capacitor experiences a high 

dv/dt, typically greater than 3,000 V/, us. Metallised polypropylene capacitors 

with a 2,000 V a. c. rating were used on the 24 kW amplifier and a 1000 V a. c. 

rating on the 6 kW amplifier. These capacitors provide an acceptable dv/dt 

rating. The resistor need only be of a low voltage rating, typically 50 V as 
discussed later. 

Similar conditions apply to the freewheel diode. When the diode blocks and 
breaks the conducted current, the spongy clamp provides the required parallel 

path. An R-C snubber is required to compensate for the operating delay of the 

clamp and to absorb the stray inductance associated energy outside of the 

clamp loop. Since the diode is a switch the same design considerations apply 
to this snubber. 

If the R-C snubber resistor losses remain too high then a more conventional 
R-C-D snubber can be used to half the resistor loss. At turn-off the resistor 
losses are limited to 1/2. Ls tIL2xf. To operate with the quoted switching 
times requires an ultrafast diode which on a 165 V or 600 V d. c. rail would 

require epitaxial technology. The epi-diode is too slow and will took like a 

short circuit as the snubber capacitor rings with the stray inductance. The 

reverse diode current will never be of sufficient duration to allow the diode 

to recover. Again, taking advantage of the small snubber time constant a 50 V 

diode can be used on a 600 V d. c. rail which allows use of Schottky 

technology. Reverse volts occur across the snubber diode at turn-on. Due to 

the small snubber time constant the capacitor voltage closely follows the 

switch voltage and the diode voltage never exceeds the breakdown rating. The 

Schottky diode has no reverse recovery effects and will form an ideal R-C-D 

snubber. Another advantage of this snubber is the switch voltage is clamped 
to the capacitor voltage and does not involve the resistor voltage drop of the 

R-C snubber. The maximum switch over-voltage is reduced. This technique was 
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successfully used on a 720 V d. c. rail. 

The R-C snubber is required to control transient switch over-voltage caused by 

the energy stored in circuit stray inductance. The snubber also provides a 

parallel path to the spongy clamp compensating for the forward recovery of the 

clamp diode. Careful consideration of this snubber is essential for 

successful operation of the power switch at a turn-off di/dt, exceeding 
2000 A/gs. Equal consideration must be given to the freewheel diode. When 

the diode recovers it too acts like a switch and rapidly breaks the conducted 

current requiring an R-C snubber. 

3.5.2 The SDonizv ClaMD Lavout 

The R-C snubber discussed above provides a transient parallel current path 

when the switch breaks the conducted current. To reduce the stress on the 

snubber the spongy clamp should equally form a compact design around the power 

switch with minimal circuit inductance. To this effect lead lengths should be 

short, the clamp capacitor must have low internal inductance and the clamp 
diode must have a low forward recovery time. The clamp resistor is not 

critical in controlling the over-voltage and can be wirewound and remotely 

mounted. The clamp capacitor ratings can be determined from equations 3.1 and 
3.2 of section 3.3.1. Metallized polypropylene capacitors are required with a 
1000 V a. c. rating for both amplifiers. 

The clamp diode has a low duty cycle and its pulse rating must be sufficient 

to conduct the load current but does not require a high average current 

rating. It was found that a diode with a higher current rating reduced 

significantly the transient voltage overshoot. This apparent reduction in 

forward recovery can be attributed to two effects. The higher current device 

has a larger chip area and parasitic inductance is reduced. The increased 

chip area will also have a larger junction capacitance which is indicated by 

equation 2.2. The diode capacitance directly couples the switch to the clamp 

capacitor and compensates for the foward recovery time. Current must be 

diverted from the switch to charge the diode junction capacitance and acts to 

increase the effective R. -C snubber capacitance. Addition of a small discrete 
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capacitor across the clamp diode increases this beneficial effect. The 

capacitor can typically be a 1000 V, 500 pF ceramic disc capacitor which has a 

small volume and can be directly mounted across the diode. The capacitor a. c. 

couples the switch overshoot voltage to the clamp capacitor and by-passes the 
forward recovery effect of the clamp diode. The clamp diode needs to be rated 

at the maximum clamp capacitor voltage given by equation 3.2 and must also be 

fast recovery indicating epitaxial technology. A suitable package is the T03 

plastic which combines high pulsed current rating with low lead inductance. 

Figure 3.16 shows an alternative version of the spongy clamp. 'Me circuit 

shows similar characteristics to the convential clamp already discussed but 

has some significant advantages. The capacitor voltage and currents are 
identical to those given in section 3.3 but with the d. c. rail voltage terrn 

removed. Capacitor C3 is not precharged in this configuration and requires a 

voltage rating only equal to the overshoot voltage. The volume of C3 is 

L Vr A IL 
R2 

T Li 

I 
;E 3) 

: is QI 

nE 
Lsf 

<S2 R5 

-C5 

Figure 3.16 Alternative Spongy Clamp 

reduced. The energy transferred to C3 is only the stored inductor energy and 
does not involve energy transferred back and forth between the supply. 'Me 

major disadvantage of the circuit is to break the current at point "F" unlike 
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the conventional clamp circuit which provides the required parallel path for 

the current flowing in the 0V supply line inductance, L. t(0 v) * The R-C 

snubber is over-rated and although the switch voltage at point "E" is 

controlled by the clamp, the voltage at "F" will fall to a large negative 

value and be uncontrolled. One solution is to combine the two clamp layouts 

to take advantage of each, such that the total capacitance is that required to 

control the switch over-voltage. This will involve increased cost and 

complicate the circuit layout but may be useful in some situations. 

3.5.3 The Tum-on Snubber Layou 

The position of the turn-on snubber must first be decided. The form of figure 

3.5 can be neglected since this unnecessarily increases the losses at turn-on 

and has a long reset time for the reverse recovery current associated energy. 
'I'he turn-on snubber may be placed in the d. c. link, figure 3.17, but in 

practical circuits the unclamped inductance would be prohibitive. 

Figure 3.17 Turn-Ort Snubber In The d. c. Link 

'Me layout that offers the most benefits is that shown in figure 3.6 [201. 

Each clamp can form a compact design controlling the over-voltage on both the 

power switch and freewheel diode. The top and bottom modules can be connected 
together using the inductors L31 and LA1 so that the parasitic wiring 
inductance is included in the turn-on snubber. As discussed in section 3.4, 

the total inductance required to control the diode recovery current may be 

split between the two inductors in any proportion. For economies of scale it 

73 



is normally prudent to make the two inductors equal in magnitude. The snubber 

can be wound as a centre-tapped inductor on the one former to take advantage 

of mutual inductance effects and reduce the size and cost. The value of 
inductance required can be determined by consideration of the effects 
discussed in section 3.4 but is largely an experimental choice. The value is 

300 nH for the 6 kW amplifier and 3 uH for the 24 kW amplifier. The 10 times 

increase in inductance is caused by the relatively poor reverse recovery 

performance of the 1000 V diode used in the high power amplifier. 

3.5.4 Zener Diode Clamp 

In some situations the use of zener diode voltage clamps are convenient. 
Figure 3.16 shows the stray inductance in the 0V power lead which can be 

considerable. For this reason the zener clamp directly around the turn on 

snubber shown by figure 3.3 is unsuitable. A better solution is to place the 

zener directly across the power switch, figure 3.18a. This gives the required 

parallel path but necessitates a high voltage zener with a breakdown exceeding 

D4 

(a) 

Figure 3.18 Zener Clippers 

(b) 

the maximum rail voltage. Zener diodes are typically available in voltages up 

to 280 V. For a voltage rail exceeding this value then series connection is 

required. High voltage zeners have a high conduction resis'tance and the 
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clamping voltage increases rapidly with current. Although suitably rated 

zener diodes may be available, the high clamping voltage at the maximum load 

current renders this solution impractical as a replacement for the spongy 

clamp. The circuit of figure 3.18a may be used as a transient clipper in a 

similar way to the R-C snubber discussed earlier. The zener voltage must 

exceed the maximum clamp voltage and the circuit is voltage rail intolerant. 

A modification to the circuit, figure 3.18b, allows for voltage rail variation 

and clamp over-voltage since the d. c. stand-off voltage is increased by ZD4. 

Under transient conditions the circuit will start to conduct at the breakdown 

voltage of ZD3 as required. The capacitor, C9, is sized such that at maximum 
load current and zener conduction time the capacitor voltage just reaches the 
breakdown voltage of ZD4. Capacitor C9 discharges into the switch at tum-on, 
but the power loss is small (2.9 W@ 100 kHz). This circuit was successfully 

used on the 6 kW amplifier as a transient clipper with the benefit of voltage 

rail variation tolerance. Capacitor C9 was ceramic disc, 100 nF, 50 V. ZD3 

was 170 V, 5W and ZD4 24 V, I W. The circuit is unsuitable for the 24 kW 

amplifier due to the high stand-off voltage required. 

Figure 3.19 shows a circuit that is useful if the power switch voltage is of a 

premium. Under normal operation the spongy clamp provides the usual reset for 

snubber inductor IA' giving the required parallel path. During overload 

conditions the load current is three times greater. By equation 3.2 the 

switch over-voltage will also be three times greater and the switch breakdown 

voltage needs to be rated for this condition even if the occurence is 

Z06 
I Vr 

L4 I IR2 

D6 

C3 
ýk S2 T 0V 

Figure 3.19 Overload Zener Clamp 
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infrequent. The addition of zener diode ZD6 clamps the switch overshoot 

voltage to a fixed level above the rail voltage. ZD6 is a back to back zener 

to prevent oscillation between the clamp capacitor and rail decoupling 

capacitors. The solution has many advantages; the zener is not rail voltage 
dependant and can be of low breakdown voltage; the required parallel path is 

provided by initial conduction of the spongy clamp; finally as ZD6 is a low 

voltage zener it can conduct significant current while maintaining a close 

clamping voltage. This circuit was also used successfully on the 6 kW module 

since at maximum pulsed current the clamp voltage would exceed the switch 
breakdown voltage of 200 V. The value of ZD6 was 27 V allowing this voltage 

on the clamp capacitor before clamping the switch voltage to 192 V. This 

technique was not required on the higher power amplifier as the switch voltage 

rating could be suitably increased without cost or conduction loss penalty. 

3.6 POWER FILTER DESIGN 

The power output filter removes switching harmonics from the load waveform and 
has been show in figure 1.7. The output from the amplifier is connected to 

the load by lengths of cable which carry both the fundamental current and the 

remaining attenuated switching currents. The connecting cables act as an 

aerial, transmitting the 100 kHz switching frequency and its harmonics. For 

this reason it is necessary to attenuate the switching harmonics to a level 

that will meet radiated interference standards for the equipment. 

The filter inductance is split into two equal inductors to prevent a short 

circuit of the output terminals from destroying the amplifier. For example, 
if an output terminal is accidentally shorted to either supply rail then the 

, 
current can only rise at a rate controlled by the filter inductor which can be 

satisfactorily controlled. 

3.6.1 The Filter Inductor Desig 

The maximum value of filter inductance can be determined from the maximum 
di/dt required from the load current. This will occur at maximum output 

current, 60 A rms, and maximum frequency, 5 kHz. The fundamental load 
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current is given by equation 3.15 and the maximum di/dt by equation 3.16. 

sin(2nft) 'L(pk) (A) 3.15 

dý/dt(m&x) 60v(2.2nf( 
max ) : -,,: 60vf2.2n5kHz (A/s) 3.16 

The maximum di/dt will occur at zero current cross-over and at this point the 
load voltage will be zero, assuming a resistive load. The rail voltage of 
165 V will be impressed across the filter inductance, I.,,. The required 
inductance can now be determined from V=L di/dt and is given by equation 
3.17. 

Lý- = Vr/(dý/dt(m&x)) (H) 3.17 

The value of inductance determined from equation 3.17 is about 60 'UH which is 

the maximum inductance that will allow the required fundamental to be 

produced. The bridge current excursions around the fundamental will increase 

as the filter inductance reduces. To keep good control of the switched 

current, the filter inductance should be the maximum value obtained from 

equation 3.17. The 24 kW amplifier must operate on a minimum d. c. rail of 
580 V, giving an rms voltage of 390 V and therefore requiring an rms output 

current of 62 A. I'he maximum filter inductance is 210 #H for these 

conditions. 

The load current magnitude and filter inductor requirements mean that an 
inductance dominated by an air gap is required. Ferrite E-cores with an air 

gap on the centre limb are used, where the ferrite is required to confine the 
field. The usuable flux density of modem high frequency ferrites is limited 

to 0.4 Tesla. Higher flux densities increase the core losses and renders the 

core ineffectual. Assuming the air gap dominates the inductance and using 
V=L di/dt =N dý/dt the inductor can be designed, where N is the number of 
turns on the inductor and ý the inductor flux. Equation 3.18 shows the 
inductance at maximum flux and current. Following through the derivation of 

equation 3.19 shows the inductance in terms of the physical parameters [231. 
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It = NO/IL 

where B. Ag 

li. H. Ag 

li. NIý, Ag /Ig 

Lý = p. N2 Ag Ag 

(H) 3.18 

(H) 3.19 

As stated above the usuable flux density, B, is 0.4 T which must also be the 

air gap flux density and using B. A(, equation 3.18 can be rewritten to give 

equation 3.20. 

Lý. = OAN Ag /IL (H) 3.20 

Both the inductance, L,, and load current, 1,,, are known. A, can be 

determined by the available range of E-cores which must be suitable to fit 

within the amplifier construction and consequently the number of inductor 

turns, N, can be fixed. The length of the air gap, I., is that required to 
limit the flux density to 0.4 T at maximum current which in turn gives the 

required inductance, equation 3.19. The inductor must be wound with Litz wire 

which contains many parallel conductors. The fundamental i2 R losses will be 

small compared to the 100 kHz switching frequency skin effect losses. By 

using many conductors per turn the skin effect is reduced. 

3.6.2 The Filter Capacitor Selection 

Having specified the filter inductor, the filter capacitor can be considered. 
As stated above the attenuation of the switching frequency must be sufficient 
to prevent radiated interference. A cut-off frequency of 10 kHz will allow a 
typical 2 kHz operating frequency to pass virtually unattenuated to the load 

and attenuate the 100 kHz switching frequency by 40 dB. The cut-off 
frequency, f, is given by equation 3.21 from which the required value for the C 
filter capacitor can be determined. For the previously determined values this 

gives a capacitor of about 5 IR for the 6 kW amplifier and 1.2 uF for the 
24 kW amplifier. 

A =cross-sectional area of 9 
the air gap. 

19 =length of the air gap. 
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11(2nVtl., k, 
CE, 1) (Hz) 3.21 

Although the typical operating frequency is 2 kHz which is unaffected by the 
filter, 5 kHz operation is also possible which was used in determining the 

maximum filter inductance. At 5 kHz the filter will start to attenuate the 
fundamental output current. The system contains an outer control loop which 

will boost the input signal to compensate for the attenuation. The filter 

components will run hotter and the system efficiency is decreased but this can 
be tolerated if the occurence is irregular. 

At a switching frequency of 100 kHz, the capacitor short circuits the load and 
the ripple current is determined by Vr Assuming an average output voltage 

and switch duty cycle of 71 % (1/vf2) of the maximum possible then the average 

capacitor ripple current, dic 9 is given by equation 3.22. The value 
determined by equation 3.22 for the 6 kW amplifier is 2.8 A and the capacitor 

will see on average a 2.8 A pk-pk triangular current (0.81 A rms). The ripple 

current is 6.7 A pk-pk (2 A rms) for the 24 kW amplifier. 

di,: = (Vý - VL /Lý- (A) 3.22 

= (165 V- 141 V). 7ps/60, uH - 
(A) 

The capacitor n-ns voltage rating is 100 V and 400 V rms respectively. The 

levels of ripple current are not high and a polypropylene capacitor is 

suitable offering a low ESR and ESL. 

3.6.3 Filter Q Considerations 

Figure 3.20 shows the equivalent load and filter circuit which has the 

transfer function given by equation 3.23. 

V2/Vl = /([, 
_W2 L. ý, Cr ]+ jwL. ý, /RL) 3.23 

The transfer is dependant on the load conditions and as R,, increases towards 
infinity then equation 3.23 tends to infinity when w= hf(l. ý. CF), figure 3.20. 

The Q ofthe filter is given by equation 3.24 where R. is the effective series 
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resisitance in the inductor-capacitor path. 

wL., /Re = 1/(wCRe) 

where W2= (A) 
2- 

(X 
2 

c 

LF 
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: wC =: a= Re/2L, 

V2 NB co(R O/d IV1 kr 
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V2 0 

-40-- ---- 
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Figure 3.20 Power Filter Transfer Function 

3.24 

The higher the filter Q then the more non-linear is the transfer function of 
the amplifier below the cut-off frequency, f. The optimal filter has aQ C 
which gives a flat frequency response up to f. Addition of resistance in 

C 
series with the filter capacitor and inductor would reduce Q but is an 
inefficient solution. The resistor cannot be mounted in the load current path 
because of excessive losses and therefore must be connected in series with the 

capacitor and across the load. The resisitor must be non-inductive if the 
filter performance is not to be compromised. R. calculated for the 6 kW 

amplifier at ý= 10 kHz and Q=I has a value of 3.6 s2. Capacitor ripple 

current has an rms value of 0.81 A, giving 2.4 W loss in the resistor. 
Parallel connected carbon resistors would be suitable. Generauy, 1% is 

limited by the wiring resistance of the inductor and ESR of the capacitor. 
Equation 3.24 indicates decreasing L., and increasing C1, which is contradictory 
to current control and ripple current requirements. Alternatively, if the 

cut-off frequency is much larger than the maximum fundamental frequency the 

amplifier is unaffected by the filter Q. A compromise must be made between 

operating frequency, filter cut-off, amplifier frequency response and 

switching current attenuation. 

80 



4.0 THE CURRENT CONTROL MODULE 

The output force or torque of many electromechanical loads is dependant on the 
input current, for example motors, actuators and in this particular case, 

shakers. When the load is driven by the common variable frequency voltage fed 
inverter, the output torque depends on the complex relationship between 

terminal voltage and resultant current. By driving the load with a 
transconductance amplifier direct control of the output torque is achieved. 
This chapter will discuss the current feeding technique and the current 
controller required to implement this. A brief introduction was given to the 

controller or modulator in Chapter 1. The modulator is required to monitor 
the load current and compare this feedback signal with the amplifier reference 
input signal to generate a switching pattern for the power switches. The 

switching pattern ensures the load current is a low distortion representation 
of the user reference signal. 

4.1 THE CURRENT CONTROL PHILOSOPHY 

Current control is achieved by measuring the prefiltered load current using a 
hall effect current transformer, CTI shown in figure 1.3. The feedback signal 
is compared with the reference input signal to control the four bridge 

switches of SI to S4. The switches are operated to maintain the load current 
within an allowable error band or hysteresis band of the fundamental. This 
type of modulator is called a two-point controller or termed instantaneous 
feedback. When the load current exceeds the hysteresis band the switches are 
operated to reduce the current and when the current falls below the band the 

switches are operated to increase the current. The current switches on two 

points, one above and one below the fundamental waveform hence the name of 
t two-point controller. The controller has a variable switching frequency which 

depends on the rate of change of the load current and the width of the 
hysteresis band. The controller operates the switches only when a change in 

the current is required which will vary in time period over the fundamental 

cycle. 
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Figure 4.1 shows the four bridge states that can exist with positive load 

current in the circuit of figure 1.3. Figure 4. la shows a +V loop, switches 
S2 and S3 are closed and the supply voltage is impressed across the load and 
filter inductors. The load current will increase and power is transferred 
from the d. c. supply to the load. When both switches S2 and S3 are opened the 

load current freewheels in diodes DI and D4 against the supply voltage, figure 

4. lb. The load current will decay rapidly and power is returned to the d. c. 

(a) 

Dl 
Yr 

S3 

04 

D4 

(0) 

(di 

Figure 4.1 H-Bridge Loop States 
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D4 

S3 

D4 

supply. If switch S2 is closed and S3 open, figure 4.1 c or switch S2 open and 
S3 closed, figure 4. ld, a0V loop exists. 'Mere are two forms of the 0V 

loop, in each the current freewheels in the path that does not involve the 

supply and decays slowly. In the 0V loop the load energy remains almost 

constant, the only loss being in the conducting semiconductor devices and-load resistance, 

As the load voltage increases it effects the rate of rise and decay of the 

switching current. The load voltage represents the fundamental waveform and 

will not change at the switching frequency. During a +V loop the load voltage 

subtracts from the rail voltage reducing the voltage across the filter 

inductors. Since the filter inductors control the rate of change of current 

then according to V, = L, diý /dt the rate of rise of current will be reduced. 
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In the limit only 16 V will remain to control the increasing current as will 
be discussed in section 4.2. During a -V loop the load voltage adds to the 

rail voltage increasing the voltage across the filter inductors but in the 

opposite sense. The rate of decay of current will increase. At maximum 

output voltage the rate of decay is nearly 13 times greater than the rate of 

rise. This presents problems in controlling the output current since delays 

in the modulator will be significant during a -V loop allowing the current to 
decay too far outside of the hysteresis band. During a0V loop the load 

voltage is impressed across the filter inductors and determines the rate of 

current decay. At the maximum output voltage the filter inductor voltage will 
be almost equal'to the rail voltage and the current will decay quickly. At 

zero output voltage the current will decay slowly as the filter inductor 

voltage will equal the on-state voltage of the two series power devices. To 

achieve maximum control of the output current a -V loop should be avoided at 

maximum output voltage since the current would decay too rapidly. At zero 

output voltage a -V loop is required to reduce the output current since it 

will not decay in a0V loop. 

It is a fundamental property of any load that when both the load voltage and 

current are of the same sign (by the convention adopted in figure 1.3) power 
is transferred from the d. c. supply to the load. When the sign of the load 

voltage and current oppose, power is regenerated by the load and returned to 

the d. c. supply. The loop state employed by the controller determines the 

power transfer between the load and supply. In a +V loop power is transferred 

to the load, in a -V loop power is returned to the supply and in a0V loop a 

null condition exists. Transfer of power between the d. c. supply and the load 

occurs at twice the fundamental frequency. There is no requirement for an 

alternating +V, -V loop switching strategy which would transfer power back and 
forth between the load and supply at the modulation frequency. Optimal power 
transfer is achieved when an alternating +V, 0V loop strategy is employed for 

transfering power to the load. Power is optimally returned to the supply by 

adopting an alternating 0 V, -V loop strategy [241. 

The optimal transfer of power requires that the sign of both the load current 

and voltage is known. Since the output current is a direct representation of 
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the amplifier reference signal the sign of the load current can be directly 

determined within the control module. Measuring the load voltage is an 
increased complexity. Direct measurement should be avoided for similar 

reasons to those discussed for the current measurement. Voltage transformers 
for measurement purposes are less well advanced than comparable current 
transformers particularly in the audio frequency range required. However, a 

more fundamental reason causes a problem in determining the switching strategy 
by measuring the load voltage. To change from the +V, 0V loop strategy to 

the 0 V, -V loop strategy requires a change of sign in the fundamental voltage 

waveform. ' While in the +V, 0V loop strategy both load current and voltage 

are of the same sign, the sign cannot change until the strategy changes. The 

technique requires that the modulator must predict the change of sign from the 

voltage feedback signal as the load voltage approaches zero. This would cause 
high, distortion levels at zero voltage cross-over particularly at low 

magnitude or random signal operation. 

The adoption of the above switching strategy has many advantages. By 

introducing a continuous 0V loop condition the switching frequency is 

reduced. The 0V loop reduces the required switching frequency by reducing 

switching upper bound 
current 

lower bound 

reference 

(a) 
t of current control--o4 

(b) 

Figure 4.2 Current Control Strategies 

the rate of decay of current and allowing the switched current to follow the 
fundamental more closely. When a continuous +V, 

--V 
loop strategy is used the 

current decays rapidly during the -V loop increasing the switching frequency, 

figure 4.2a. When the strategy is alternating +V, 0V loops a limit of 

current control is reached because of the slow decay in the 0V loop, figure 

f 

4.2b, and a -V loop must be introduced. The power switch modulation frequency 
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can be halved by using alternating 0V loops (251-[261. During a +V, 0V loop 

strategy the switching pattern becomes S2 and S3 on (+V loop), S2 on and S3 

off (0 V loop), S2 and S3 on (+V loop), S2 off and S3 on (0 V loop). Only one 

power switch is operated at a time reducing the chance of simultaneous 

conduction. The switching frequency of the load current is twice that of the 

power switches, figure 4.3a. The switching losses are halved while the 

conduction and switching losses are evenly distributed between the power 
devices. During the 0 V, -V loop strategy, figure 4.3b, the same improvements 

apply. 

I 
+v 

f 

I 

-on ---L S2[ of -off. on 
S3 of off. (b) 

Figure 4.3 Continuous 0V Loop Strategy 

The optimum control strategy is therefore +V, 0V loops followed by 0 V, -V 
loops where the 0V loop is alternated between the top and bottom switches. 
The problem remains in detecting the change between the two strategies. It 

can be shown that the current feedback variable contains sufficient 
information to extract the change in sign of the load voltage. At the limit 

of current control shown in figure 4.2b an excess of power has been 

transferred to the load. This must be the case since the average load current 
has now increased above the fundamental required. The introduction of a -V 
loop to bring the current back into the hysteresis band returns energy to the 

supply and indicates that a change of sign in load voltage has occurred. By 

detecting the condition when the load current can no longer be controlled by 

the present strategy indicates that the direction of power flow must be 

reversed and that a change in sign of the voltage wavefon-n has occurred. 
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The current control of an inductive load is shown in figure 4.4. While 

current can be maintained within the error band a +V, 0V loop strategy is 

employed transferring power from the supply to the load. The limit of current 

control is reached when a0V loop can no longer maintain the current within 
the error band. By adding a second proportional upper limit outside the 
first, the change in voltage sign can be detected. When the load current 

crosses this outermost limit the 0 V, -V loop strategy is initiated and power 
is regenerated from the load to the supply. The current is brought back 

within the allowable error band and continues to follow the fundamental 

waveform. 

LV oUterinost 
bound 

power to load NOV, -VI +V, Ov 'power tol Isupply 'I 

Figure 4.4 Inductive Load Current Control 

Current control with a capacitive or leading power factor load is shown by 
figure 4.5. When the current changes sign it starts to discharge the 

capacitive load returning power to the supply. A0V, -V loop strategy is in 

operation. The limit is reached when the load voltage reaches zero and the 

capacitor energy is exhasted. The load current starts to decay below the 

allowable error band and is uncontrolled. The addition of a second 

proportional lower limit below the first can detect this condition and 
indicate that a change of sign in the load voltage waveform has occurred. A 

+V, 0V loop strategy is adopted and transfers power to the load by charging 
the load capacitor. It should be noted that the capacitive load must appear 
inductive at the modulation frequency so that the filter capacitor provides 
the low impedance path for the switching currents. 
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Figure 4.5 Capacitive Load Current Control 

Loop delays in the current control circuit prevent immediate response when a 

change in direction of load current is required. The loop delay incorporates 

delays in current measurement, analogue and logic circuitry decision making, 

switch driver delays and power switch operating times. As a result the 

current crosses outside the error band before it can be controlled and brought 

back in. By setting the outennost bounds away from the error band. allows this 
delay in controlling the current to be taken into account and prevent false 

tripping of the change in voltage sign. At zero current cross-over the load 

voltage-current product will change sign and the loop strategy must be 

changed. A0V, -V loop strategy changes to a +V, 0V loop strategy and vice 

versa. This is a general rule except for the special case of a purely 

resistive load when a continuous +V, 0V loop strategy is required. 

The principles now exist for an optimal and adaptive controller. The 

controller requires one feedback state variable, a measurement of the 

prefiltered load current, and the change in sign of the fundamental voltage is 

extracted from the current information. The strategy will be +V, 0V loops 

while the voltage-current product is positive and power will be transferred to 

the load. The +V, 0V loop strategy is always followed by a0V, N loop 

strategy at a change of sign in the voltage-cuffent product and power is 

regenerated. At the next change of sign, when the product is again positive, 
the strategy reverts to +V, 0V loops. The controller requires four bounds. 

The inner two bounds represent the hysteresis band under normal current 
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control. The outermost upper bound selects a0V, -V loop strategy while the 

outermost lower bound selects a +V, 0V loop strategy. The controller is 

suited to random waveforms and variable impedance loads as the correct 

strategy will always be selected to optimise load power transfer. Only one 

switch is operated at a time as the 0V loop is alternated between the top and 
bottom devices. Switching losses are minimised and evenly distributed as are 

conduction losses. The frequency seen by the load is twice the modulating 
frequency of the power switches, which aids the power filter design. 

The modulator discussed above has a variable switching frequency, a switching 
incident occurs only when required. At the waveform peaks the frequency will 
be a low value allowing maximum output from the given voltage rail. As the 

waveform approaches zero cross-over, the switching frequency will increase as 
the band tightens. In the limit the band goes to zero and the switching 
frequency is limited by the loop response time of the modulator. The 

frequency spectrum of the prefiltered output will show that the switching 
frequency increases as the output magnitude reduces with switching harmonics 

crowding around the zero current cross-over point. With the exception of zero 

current cross-over, the modulator does not demand very short on and off times. 

Because the current is allowed to switch within the hysteresis band the 

minimum on and off times are controlled by the band width and the current 
di/dt. At zero current cross-over the band becomes tight, requiring a high 

switching frequency. However, the current must be low and switching losses 

are small. Equally, there is no requirement for the power switch to be 

limited to a minimum on and off time since the effect of not fully resetting 
the snubbers and voltage clamps are negligible. By contrast a fixed switching 
frequency modulator used in the more common PWM techniques has limitations 

on its maximum output as a turn-off instance must be initiated at the 100 kHz 

rate. At each turn-off instance the switch must have a minimum off time to 

allow the snubbers to reset if switching losses are not to be unnecessarily 
increased. Equally, by introducing this off-time the output cannot attain the 

maximum value of the variable frequency modulator as the duty cycle is 

limited. The introduction of the off-time when not required to satisfy the 
frequency requirements has the effect of rounding off the peaks of a sinewave 

output and increasing distortion [271. For a shaker load, distortion on the 
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sinewave peak is not as bad as distortion at zero cross-over, however system 

purity is sacrificed. Allowing the switching frequency to increase to the 

control loop limit at zero cross-over has the effect of producing very low 

cross-over distortion although the modulation frequency is increased to over 
200 kHz. The average switching frequency will be similar to a fixed frequency 

modulator but overall switching losses are reduced since the low frequencies 

occur at the high instantenous output power. 

Two disadvantages are inherent with a variable switching frequency. As 

discussed in Chapter I the amplifier acts as a broad band generator of noise 

causing both RFI and EMI. At a fixed modulation frequency this can often be 

shielded by selective placement of steel sheets and wire mesh screens. The 

shielding can be "tuned" to knock out certain frequencies which is 

particularly effective for single frequency modulation. The problem of 

preventing radiated interference is dramatically increased for a variable 

switching frequency and almost impossible to effectively and economically 

remove all the unwanted emissions. The second problem is filtering the 

switching harmonics from the load waveform. The filter cut-off must be set to 

sufficiently attenuate the lowest of the switching components which will occur 

at maximum instantaneous output. The problem is effectively reversed, the 

cut-off point is determined by the maximum fundamental output frequency. The 

minimum switching frequency of the modulator (which can be adjusted by the 

width of the hysteresis band) is set by the required attenuation of the 

switching currents. This frequency is likely to be the same as a fixed 

frequency modulator and the average switching frequency is increased with the 

result that the switching losses are higher. Typically, for the required 

shaker application the minimum switching frequency is 100 kHz at the current 

waveform peak which allows the filter cut-off to be set at 10 kHz and as 
discussed above requires a modulation frequency of 50 kHz from the power 

switch. The power switch operating frequency will increase up to 150 kHz at 

zero cross-over. It should be noted that the optimal current control 
techniques discussed earlier are applicable to a fixed switching frequency 

modulator but distortion levels are likely to be higher as unwanted on and off 

pulses are introduced. 
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4.2 LOAD IMPEDANCE AND D. C. VOLTAGE RAIL 

The load current has a maximum bandwidth from 5 Hz to 5 kHz and may vary 

randomly in magnitude and frequency with time. The load impedance will also 

vary between inductance, resistance and capacitance over the operating 
frequency range. To prevent the switching currents passing through to the 

load, the filter capacitor must present a significantly lower impedance at the 

switching frequency. The load should be inductive at this point and will 

therefore conduct only the fundamental waveform. At the modulation frequency 

the impedance seen by the bridge is that of the filter inductors as the load 

is shorted by the filter capacitor. 

The voltage rail for the 24 kW amplifier is determined by the mains input. 

The d. c. rail for the 6 kW amplifier can be determined by current control 

consideration. The filter inductors control the rate of rise and decay of the 

bridge output current which must be sufficiently small to allow successful 

control by the modulator. The minimum voltage across the filter inductors 

will occur at maximum output voltage, at this point current control must be 

maintained. For the 6 kW amplifier the maximum output voltage is 100 V rins 

which has a peak of 141 V. 'Me value of filter inductance has already been 

determined to allow for the maximum di/dt experienced by the load current 

which occurs at zero current cross-over. The voltage rail must be sufficient 

to ensure current control is maintained at maximum output voltage. The bridge 

current switches within an error band that is a fixed percentage of the 
fundamental waveform. The width of the error band can be determined from the 

control loop response time, filter inductance and load voltage. Section 4.3.2 

shows that the control loop response time is dominated by the delay in the 

current measurement device with a value of I Ats. Maximum output current for 

the 6 kW. amplifier is 60 A rrns or 85 A peak. For current control, worst case 

conditions will occur at maximum simultaneous output voltage and current. The 

error band will be at its widest and the filter inductor voltage at a minimum. 
Figure 4. Ic shows a0V loop condition, and current will decay according to 

Vv. = -L. ý diý /dt. The instantaneous voltage across the filter inductance, 

VF (0 v) 
is given by equation 4.1. 
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\I (V) 4.1 F (0 V) 
YL 

(P K) 
+ VS 

C+ 
VF 

(R) 

Vr. 
(P K) 

is the maximum load voltage of 141 V. Vc is the semiconductor voltage 
drop which consists of one switch on-state voltage of 2.75 V and two diode 

voltage drops of 0.8 V each. VF 
(R) 

is the filter wiring resistance voltage 

drop of 1.3 V. The total voltage drop is 147 V across the filter inductance. 

With a minimum off-time of I /is (control loop response time) and filter 

inductance of 60 
juH the current will decay 2.4 A at the waveform peak. The 

hysteresis band is 3% of the fundamental current or ± 1.5 %. The filter 

inductance voltage in a +V loop must be sufficient to give a corresponding 
2.4 A rise in the output current. If the off-time is I us the on-time will be 
9 us (at a switching frequency of 100 kHz at the wavefonn peak). According to 

Vr = L, diý /dt, the voltage across the filter inductance must be 16 V. Figure 

4.1 a shows a +V loop. The rail voltage, Vr I can be determined by the loop 

voltage drops and given by equation 4.2. 

Vr ý- YL 
(P K) 

+vF 
(+V) 

+v 
SC 

+vF 
(R) (V) 4.2 

Vr 
t,, 

is the +V loop filter inductor voltage drop of 16 V. Vs 
c 

is the 

semiconductor voltage drop and consists of two series switches of 2.75 V each 

and two series diodes of 0.8 V each. VL 
(PK) and VF(R) have the same value as 

before. The required rail voltage determined by 4.2 is 165 V. 

If a -V loop had been introduced at the waveforin peak the current would have 

decayed by 5.5 A increasing the hysteresis band to 6.5 % and requiring a 

voltage rail of 186 V to maintain current control. There is a clear advantage 
to avoid the -V loop at the waveform peak. 

4.3 CONTROL CIRCUIT IMPLEMENTATION 

The accurate reproduction of four reference bounds each differing by only I or 
2% is difficult to achieve reliably. The two outermost bounds can be 

simulated with a time delay therefore requiring only two reference bounds. 

When the current crosses outside the normal hysteresis band a time delay is 

initiated and the correct switch is operated to bring the current back into 
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the error band. If at the end of the time delay the current is still outside 
the error band it can be assumed the current would have crossed the outermost 
bound and a change in strategy is initiated. For the time delay to accurately 

simulate the two outermost bounds it must vary in duration with the reference 
band magnitude and load current di/dt. A fixed time delay is a compromise 
that still maintains low distortion of the output waveform. 

As discussed in the previous section, at each zero current cross-over the loop 

strategy is changed except in the unique case of a purely resistive load. The 

control circuit incorporates an elementary two-state memory that is updated at 

each current zero cross-over point. The memory ensures the correct loop 

strategy is selected at the cross-over and in particular for the purely 

resistive load case. The memory is installed with the required strategy as 

selected by the outermost bounds and then in turn sets up the correct loop 

strategy as required at zero current cross-over. The memory takes one half 

cycle to learn the starting conditions and ensures that distortion is 

negligible at zero cross-over. The memory is more applicable to sine or 

swept-sine testing where the load conditions remain constant for long periods 

of time and distortion levels are paramount. 

As the reference approaches zero the error band reduces and the switching 
frequency increases to the maximum allowed by the control loop response time. 
The limit imposed on the switching frequency together with loop delays which 

prevent immediate current control allows the current to traverse outside the 

error band even when the correct loop strategy has been selected. Under 

normal operation this can be taken into account by the time delay discussed 

above. The time delay initiated when the current crosses outside the normal 

error band performs two functions. The first is to compensate for loop delays 

in the control circuit and prevent any action being taken before the power 

switch is operated and current control initiated. The second is to look for 

the limit of current control when the current can no longer be maintained in 

the error band. At zero current cross-over the problem is extenuated. Figure 

4.6a shows the switching current as the error band approaches zero. The 

strategy is 0 V, -V loops and during the -V loop the current falls to zero. 
The current cannot increase in the opposite direction unless the opposite pair 
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Figure 4.6 Current Distortion at Zero Cross-Over 

of switches are enabled. The average current becomes greater than the 
fundamental. The filtered current has the form shown in figure 4.6b and high 

distortion occurs. To maintain low distortion through zero current cross-over 
it is necessary to use all four power switches, operating the two series power 

switches with complementary signals. The -V loop as the current decays to 

zero becomes a +V loop as the current can now increase in the opposite 
direction and the switched current waveform is balanced. It is only necessary 
to operate the complementary switches when this condition occurs. Only two 

switches are operated outside of this region. If a switch is operated 

unnecessarily it causes loss in the parallel snubber circuits increasing 

component power ratings and decreasing system efficiency. Consideration must 

also be paid to the switch characteristics discussed in Chapter 2. The power 

switch will normally turn on faster than it turns off due to charge storage 

effects. A delay must be incorporated when controlling series switches to 

ensure one switch is fully off before the complementary switch is turned on, 

under-lap. 'Mis delay introduces a minimum off-time when both switches must 
be off and as discussed previously reduces the maximum output from the 

amplifier by rounding off the top of the current waveform. All four switches 

should only be operated when the switched current is likely to fall to zero. 
Figure 4.6 also shows that during this region the current falls below the 

outermost bound introducing +V loop and then rises above the uppermost bound 

introducing a -V loop. The strategy adopted within this region is +V, -V 
loops to compensate for and reduce loop delays. The point at which four 

switch operation is introduced together With a +V, -V loop strategy depends on 

voltage rail, filter inductance and control loop delays. A typical point 
determined experimentally for low distortion and low loss operation was for an 
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input signal magnitude below 5% of the normal maximum rms output. This region 
can easily be detected from the reference input signal using two comparators. 

4.3.1 The Constructed Control Circuit 

Figure 4.7 shows a block diagram of the current controller while figure 4.8 

shows the circuit layout. Circuit description will be based on the block 

diagram and related to the circuit layout by the component annotation. The 

reference input signal is buffered by an op amp (ICI) with a gain of 10. The 

user input signal is IV pk-pk under rrns conditions which has a maximum value 

of 2.2 V pk-pk under pulse conditions. A gain of 10 allows the analogue 

circuitry to use the available ± 15 V d. c. rails more effectively reducing 

noise related problems. The signal is again amplified (IC2) and compared with 
0V to provide SQ and SQ1. The further amplification provides a rapid 
transition through zero at lower frequencies and magnitudes reducing 

comparator (IC3) jitter. The slow transition at a few Hz and low magnitudes 

causes the comparator to oscillate at zero cross-over despite the gain of IC2. 

The a. c. feedback around IC3 reduces this oscillation and the digital filter 

(ml, m2, al - a3, jkl) reduces the oscillation further in extreme cases. 

Figure 4.7 Current Control Circuit Block Diagram 

PARTS: jkl-jk7 = 74HCI 12; n I-n9 = 74ACOO; xorl - xor4 = 74AC86-, 

ml-ml2 = 74HC221; al-a18 = 74AC08; orl, or16 = 74AC32-, IC3, IC6, 
IC8 = LM361 in 1, in2, b 1, b2 = 74LS3 1; IC 1, IC2, IC4, IC5, IC7 

LM5534; IC9, ICIO = LM311 
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Figure 4.8 Current Control Circuit Diagram 
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The filter holds the ouput signal SQ low for 100 ps on a negative transition 

of IC3 and holds SQ high for 100 ps on a positive transition. The time period 

of mI and m2 is sufficiently short to allow a5 kHz signal to pass unaffected. 
The signals SQ and SQ1 select the correct pair of power switches depending on 
the direction of load current required and disable those not required. The 

monostable m3 provides short pulses at zero current cross-over used for set up 

procedures of the "strategy" and "turn on/off" circuits. The reference signal 
is detected when it is below 5% of its maximum value (IC9, ICIO) and the 

signal, 5p, is used to enable all four power switches and select a +V, -V loop 

strategy. 

The current feedback signal is buffered by a unity gain op amp stage (IC4) to 

prevent loading of the current measurement device. The current is summed with 
the reference signal to give the upper bound (IC5) and lower bound (IC7). The 

bounds are achieved by virtue of using precision resistor pairs (10 kQ and 
IOK15) on the inputs to IC5 and IC7. The error band achieved is 3% of the 

reference signal and was determined in section 4.2. The error signal from IC5 

and IC7 depends on the relative current and reference magnitudes and is 

compared with 0V by IC6 and IC8. The output of IC6 and IC8 changes state 

when the current crosses the respective bound. When the current crosses the 

upper bound it is more positive in one direction of load current and more 

negative in the other (opposite conditions occur for the lower bound). Gates 

xort and xor2 correct this anomaly using the SQ and SQ1 signals. The digital 

signals produced by IC6, xorl and IC8, xor2 from the two error signals is 

passed through a digital filter (m4 - m7, nI - n6, orl, or2). The circuit 
filters out two unwanted signals, the first occurs when the power switch is 

operated. Noise is produced during a switching instance and in particular at 
tum-on when the freewheel diode recovers. The load current is monitored by 

the hall effect device which is mounted close to the power stage. The 
feedback signal may have some distance to travel to the control module and is 

particularly prone to picking up noise during the switching interval. The 

second unwanted signal comes from the hall effect device itself. To allow the 
device to work at d. c. without core saturation the current transformer has a 
flux nutting circuit. When the load current is controlled a reversal of the 
di/dt occurs and large spikes appear on the outp ut of the current transformer 
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as a result of the flux nulling circuit. The digital filter removes the 

unwanted signals generated by both the noise pick-up and di/dt spikes. When 

either xorl or xor2 changes state, the state is latched for a time period of 
300 ns that covers both the delay in operating the power switch and the time 

for the output of the hall effect device to achieve a steady value. At the 

same time the opposite bound detector is disabled to prevent spurious signals. 

The simple two state memory (m 11, rn 12, jk5, or6) is enabled at each zero 

current cross-over and looks to detect a +V, 0V loop strategy otherwise it 

defaults to a0V, -V loop strategy. m 11 (200 ns) allows the correct strategy 

to be installed by jk5 before the memory is updated. The memory looks for 

20 /is to "learn" the correct strategy, 20 /is being two switching cycles at 
100 kHz. The latch jk6 is enabled at each zero current cross-over with the 

loop state held by the two-state memory (or7, or8, a7, a8). The latch jk6 

determines the correct strategy before the next zero current cross-over using 

the information from latches jk2 and jk3 and the information from the 5p 

signal (a5, a6, n8, or3, or4). 

The signals LB and UB are activated when the current crosses either the lower 

bound or upper bound respectively. When the current crosses the lower bound a 

time delay is activated by m8 (500 ns) and when it crosses the upper bound the 

time delay is activated by m9 (I ps). If the signal LB or UB has not reversed 

(indicating the current is back within the error band) at the end of the time 

delay, latches jk2 or jk3 respectively are activated. Gate in I in2, bI and b2 

are dedicated delay chains and compensate for the operating delay of m8 and 

M9. 

Turn on/off is decided by the UB and LB signals OW, xor3). The signal is 

deliberately held at off at zero current cross-over (a4) to prevent spurious 

switching. Due to the action of the digital filter, UB and LB will always be 

complementary signals when the current crosses outside the error band. When 

the current is inside the error band both UB and LB will be at logic 1. The 

maximum switching frequency is set at 300 kHz by blocking the UB signal for 

3 lis after the previous UB negative transition (mIO, or5) 
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The output of Turn on/off (xor3) and strategy Ok6/Q) are combined to select 
the correct power switch to be operated (a9, or9, orIO), orIO provides a delay 

to compensate for the operating time of jk7. Alternating zero volt loops are 

used under both strategies to half the switching frequency of the power - 
devices and distribute the switching and conduction losses 00, a 10, a 11, 

orl 1, orl2) . The above circuitry is combined with the SQ, SQ1 and 5p signals 
to select the one power switch to be operated by applying the rules already 
discussed (xor4, a12 - a18, orl3 - orl6). 

The circuit is constructed entirely from high speed components. High speed op 

amps (LM5534) and comparators (LM36 I, LM31 1) are used for the analogue input 

stage while 74 AC series and 74 HC series logic chips are used for the logic 

control stage. The logic chips provide both high speed (delay times of 
typically 5.0 ns) low power consumption (typically 2.5 uW/gate) and high noise 
immunity (V 

IH(min) = 3.85 V; VIL(max) == 1.65 V). The circuit has a response 

time of less than 150 ns allowing accurate current control and achieving the 

low distortion levels required. The circuit provides a high input impedance, 

10 ks?, and takes a maximum input signal of almost 3V pk-pk. The control 

circuit provides four TTL level output signals one to control each power 

switch of the H-bridge. The circuit requires one feedback state variable, 
being an unfiltered load current measurement. 

4.3.2 Current Feedback Measurement 

The unfiltered current is measured by a hall effect current transformer. The 

module used was an LEM unit no. LT 150-TP. The module has a maximum 

primary current rating of 200 A and is suitable for the 300% overload 

condition of 180 A. The output current is a 1000: 1 step-down of the primary 

current and has a bandwidth of d. c. to 200 kHz. The output reliably follows a 

primary current di/dt of 50 A/, us which exceeds that allowed by the voltage 

rail and filter inductor values. ne module has a response time of under I Ps 
but this dominates the control loop delay time. Further improvements in 

current transformer technology would significantly improve this type of 

control circuit. The module provides electrical isolation up to 6 kV by 

virtue of the magnetic coupling and its output can be directly interfaced to 
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the control board. The output current is changed to a suitable voltage 
feedback signal by a burden resistor R,,,, figure 4.9. The module requires 

supplies of ± 15 V which must be accurately balanced to prevent output offset 

and drift. At maximum load current the feedback signal should approach but 

not exceed the rail voltage. For a maximum load current of 180 A, a d. c. 

supply of ± 15 V, a step-down of 1000: 1 and a module internal resistance, R, 

of 30R. a suitable burden resistor is 50R. At a continuous bridge output of 
60 A rms the resistor power rating should be 0.2 W. 

I r' 
ii i 

____________ 
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Vf b 

Figure 4.9 Current Transformer Module Equivalent Circuit 

Since the measurement relies on the flux magnitude produced by the primary 

current, the primary conductor should be connected straight through the 

primary window filfing the available space, with return paths well away from 

the current transformer. Equally stray magnetic fields (produced by the 
filter inductors for example) should be shielded from the module to prevent 
false current measurement. It is prudent to mount the current transfon-ner in 

a steel box or surrounding to reduce stray magnetic fields. The feedback 

signal is connected to the control module with shielded cable to reduce 
induced noise. 

4.4 PARALLEL MODULE OPERATION 

The output current of the amplifier is an exact representation of the 

reference input signal by virtue of the current feedback. Parallel operation 

of two or more modules is inherent since each amplifier will produce its 

required output current into the load, figure 4. tO. It is necessary to 
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incorporate the filter capacitor Cla and Clb in each module to prevent the 
inter-connecting wiring radiating the switching harmonics. The current in Lia 

and LIb is controlled by Ma and CTIb respectively while the current in L2a 

C2b 

Llcl CTIciF CT2ci L2a Llb Mb[--ýIiMb L2b 

LOAD 

Figure 4.10 Parallel Module Connection 

and 1-2b relies on balanced operation. To achieve reliable parallel operation 

with standard toleranced components the current must be measured in 1-2a and 
1-2b as well, requiring an additional current measurment transformer, CT2a and 
CT2b, on each bridge. 'Me cost is small in comparison to an audio power 
balancing transformer in the output ten-ninals which is used on conventional 

voltage fed D-class amplifiers. Equally, the balancing transformer can only 

match amplifier pairs with the result that the pairs may be unbalanced. The 

two current transformers control their adjacent switches such that Ma 

controls Sla and S2a and CT2a controls S3a and S4a. Each amplifier requires 
its own current controller which must accept the two feedback signals. The 

majority of the control circuit shown in figure 4.8 must be duplicated, each 
half working on one of the feedback signals. The alternating 0V loops are 

now essential to balance the current and consequently the duplicated circuit 

must be brought together at this point as the feedback signals alternate in 

selecting the 0V loop. 

4.5 RESULTS FOR THE CURRENT CONTROL CIRCUIT 

The circuit discussed above was used to modulate the four switches of the 6 kW 

amplifier operating on a 165 V d. C. Tail. The total filter inductance was 
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60 #H and the filter capacitor value was 5 pF. The optimal control strategy 

used, achieved typical efficiencies of 94 % at rated output power. The 

modulator was successfully applied to the shaker load in both swept sine and 

random applications. Distortion figures achieved can be summarised as less 

than 0.4% over the frequency range of 5 Hz to 5 kHz at rated output power. At 

10% of rated output, distortion was less than 0.6% over the same frequency 

range. The following waveforms were recorded with a Hewlett-Packard 54501A 

digitising'oscilloscope using a Tektronix AM503 current probe and Tektronix 

10: 1 voltage probes. Load voltage was measured with a 2: 1 step down audio 

voltage isolation transformer. Figure 4.11 shows the filtered load current 
into a resistive load (R. = 1.9! 2) at 500 Hz. The purity of the waveforin is 

degraded by the oscilloscope digitising levels, but it can be seen that zero 

current cross-over distortion is negligible. 

r 

T 
r 

-1.00000 ms 0.00000 s 1.00000 ms 
200 us/div 

1 10.0 mV/div 
offset* 0.000 v 

1.000 :I dc 

20A/div 

Figure 4.11 Amplifier Output Current Waveform 

Figure 4.12 attempts to show a switch modulating signal. Connection of the 

voltage probe to any part of the circuit introduces noise related problems as 

can be seen on the load current waveform. Figure 4.12 does show that the 

switch is only operated during its relevant half cycle and during the 5% 

cross-over period. 

Figure 4.13a and 4.13b show current control of inductive and capacitive loads 

respectively. Probe connection causes severe noise problems particularly on 
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the voltage waveform, but the stated control can be seen. The 10: 1 probes and 
2: 1 step down transformer reduce the actual load voltage of 50 V peak to 2.5 V 

measured. The load of figure 4.13a is L= 100 uH, R=0. IQ and the load of 
figure 4.13b is. C= 240 uF, R=0. IQ. 
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Figure 4.12 Switch Modulating Signal 
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Figure 4.13 Current Control of Capactive and Inductive Loads 

Limited research has occurred in the field of this form of modulator but 

results shown here indicate that low distortion current waveforms can be 

reproduced into complex and unknown loads. The optimal control techniques 

have been successfully applied to random waveforin operation achieving 

efficiencies in the power conversion stage of up to 94%. Improving 

technology in current measurement and analogue circuitry can only benefit this 

type of controller. 
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5.0 THE 6 kW MOSFET SWITCH BASED H-BRIDGE 

The nominal output ratings of the 6 kW H-bridge are 100 V rms and 60 A rms 

operating with a nominal d. c. rail of 165 V. To allow the transient pulse 

conditions, the bridge must be rated at 180 A for 100 ms. Each switch must be 

capable of at least a 50 kHz modulation frequency at full output current and a 

m aximum modulation frequency of up to 150 kHz as the output current 

approaches zero. Chapter 2 showed that a suitable device for the power switch 

was the mosfet and in particular the IRF250 device. 

5.1 THE POWER SWITCH DEVICE PHYSICS 

The device chosen for the switch is an n-channel enhancement mosfet with a 
200 V breakdown voltage either in discrete form as the IRF250 or in module 
form as the isotop, package TSD4M250. The mosfet structure is shown by figure 

5.1. 'Me gate is a metal electrode separated from the semiconductor body by a 

silicon oxide layer. The silicon oxide (SiO 2) 
layer is extremely thin 

d 

Figure 5.1 The Mosfet Structure Figure 5.2 Mosfet Primary Current 

Flow 

(1000 A) and can be damaged by excessive voltage [28]. The gate-source 

voltage, Vg 
3, 

is normally limited to ± 20 V to prevent punch-through -of the 
dielectric. Increasing V 

gs close to its maximum operating value reduces 
device lifetime far more severely than temperature effects. Typically, for a 
junction temperature of 150ý C, I% failure occurs after I millenium for a V. 

of 15 V and after 1000 hours for a Vg, of 20 V. The heavily doped n+ regions 
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form low ohmic contacts to the surface metalisation allowing contact to the 

device leads. The n- region is an epitaxial growth on the heavily doped n' 

drain and gives the -device its voltage breakdown characteristic. The n- epi 

region gives the device a high breakdown voltage between drain to source and 
drain to gate. When the-drain is biased positively with respect to the source 

the n, p regions act as a diode under reverse voltage bias. As discussed in 

Chaper 2 the weakly doped region determines the breakdown voltage as the 
depletion layer extends deeply into the n layer. The breakdown of the mosfet 
is similar to the diode as the junction avalanches. The mosfet has a high 

avalanche power handling capability allowing continuous repetitive operation 
in avalanche. The addition of impurity atoms such as gold allows the safe 

avalanche capability but at the expense of increased leakage current. The 

impurity atoms provide recombination centres for the carriers swept across the 
depletion layer during avalanche. Recombination is increased in the normal 
blocking state increasing the leakage current to maintain charge neutrality. 

If the source is biased positively with respect to the drain the p, n regions 

act as a forward biased diode preventing any reverse blocking capability. 
This diode is commonly used in the power circuit to replace the discrete 

freewheel diode at the expense of increasing the switch power loss. The diode 

is characterised in the manufacturer's data sheet for forward voltage drop and 

reverse recovery time. If reverse blocking capability is required of the 

power switch this internal parasitic diode must be blocked. 

Application of a positive gate voltage with respect to the source attracts 
electrons to the surface of the p-type semiconductor below the gate oxide 
layer, figure 5.2. The p-type semiconductor is changed to n-type in this 

region with an abundance of mobile electrons. This region is termed the 

n-channel. This occurs when the gate voltage exceeds the threshold voltage 
required to break the electrons from their binding energy. The number of 
mobile electrons increases in direct proportion to the gate voltage. 
Application of a positive voltage from drain to source attracts electrons from 

the source contact through the n-channel and n-epi region to the drain. A 

positive current flow is the result involving only one majority carrier type, 
the electron, through n-type semiconductor regions. There is no charge 
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storage, preventing any saturation delay effects. The length of the n- region 
deten-nines the mosfet breakdown voltage and places a minimum value on the 

on-state resistance. 'Me channel resistance is modulated by the gate voltage. 
If the gate voltage provides more carriers than required for the drain current 
the on-state resistance will be dominated by the n-epi region. The channel 

will appear as a small series resistance that decreases with increased gate 

voltage as more carriers are generated. When the drain current increases 

above the available channel carrier density the channel resistance increases 

rapidly and dominates the on-state resistance as the mosfet 64'vý the linear 

region. The drain current causes a voltage drop along the length of the 

channel. The voltage drop has the effect of reducing the effective gate 

voltage and therefore reducing the mobile carrier concentration. As the drain 

current increases the carrier concentration is reduced, increasing the 

on-state resistance. In the limit pinch-off occurs as the channel is reduced 
to zero and the resistance increases sharply. 

As the temperature of the mosfet bulk increases the mobile electrons collide 

with the increasingly vibrant lattice. The on-state resistance increases 

which can lead to thermal run away. The increased resistance increases the 
device losses which in turn increases the bulk temperature. This effect aids 
the parallel connection of mosfets by ensuring current sharing. Equally, the 
increase of on-state resistance with drain current discussed above aids 

parallel operation. Typical characteristics of the IRF250 mosfet are shown in 

figures 5.3 and 5.4 which illustrate the characteristics discussed above. The 

mosfet is fabricated in a vertical structure forming a hexagonal cell. Many 

cells are combined in a honeycomb structure to achieve the mosfet chip. 

The mosfet terminal characteristics are dominated by non-linear capactive 
behaviour. 'Me SiO 2 gate oxide layer causes the gate-source, CgS, and 

gate-drain Cgd, capacitive behaviour, while the drain-ýsource capacitance, Cds 

is typical of diode behaviour. The mosfet is turned on and off by the 

gate-source voltage moving above and below the threshold voltage and the 

operation is typical of charging and discharging a capacitor. Of particular 
importance is the gate-drain or miller capacitance. When the mosfet turns on 

the falling drain voltage discharges the miller capacitance an d draws current 
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Figure 5.3 Variation of rd, (.. ) 

With Drain Current 
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normal sed 

1O_-i Tj(°C) 
ý5 150 

Figure 5.4 Variation of rd.,.. ) 
With 

Junction Temperature 

from the gate circuit. The effect is to delay charging Cgs or even reduce the 

gate voltage. This can often be seen on the gate voltage waveform as a 

plateau during the drain voltage fall. Typical values for the IRF250 input 

capacitance (the parallel combination of C., and C,,,, ) is 2 nF. and output 

capacitance (Cd. in parallel with the series combination of Cdg and C. is 

800 pF. 

5.2 THE POWER SWITCH DRIVER 

The driyer receiYes the TTL modulating signal and proyides a Yoltage and power 

gain to driye the mosfet as well as electrical isolation. The driyer preyents 

erroneous simultaneous conduction by using cross-coupled Nand gates (n I, n2), 
figure 5.5. The resistor, diode and capacitor (rl, cl, di and r2. c2, d2) 

100pFT 

Figure 5.5 Under-lap Time Circuit 
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ensure a dead time between simultaneous turn-off and turn-on to allow the 

power switch to block. The diode ensures the switch is turned off without 
delay. The length of required dead time is dependant on the power switch. 
The mosfet storage delay at turn-off has a maximum value of 160 ns and a 

maximum current fall time of 100 ns 141. A dead time of 300 ns between series 

switch conduction is adequate. This time may often be reduced to 200 ns as 

current fa 11 time is typically less than 50 ns. 

The gate voltage level is selected for noise immunity, lifetime and acceptable 

rds ( on ). 
As discussed in the previous section, increased gate-source voltage 

causes a severe reduction in lifetime. A positive gate voltage of + 15 V 

ensures an adequate lifetime (I millenium) and rd, (on) 
is minimised for 180 A 

drain current. + 15 V allows 12 V above the typical gate threshold voltage of 

+3 V. A negative gate voltage of -8 V provides IIV of noise immunity but is 

an arbitary value if the gate voltage is satisfactorily controlled. 

Translation is not a problem as will be seen later, therefore -8 V provides 

plenty of safety margin. The gate-drain breakdown voltage rating is the same 

as that for drain-source and it may be that -8 V on the gate reduces the 

working drain voltage too much. ne negative gate voltage ban be increased if 

this is the case and noise is not a problem. 

5.2.1 Electrical Isolation 

The need to isolate the power switch has been discussed in Chapter 1. One 

technique is by magnetic coupling similar to the current transformer. A pulse 

transformer is a high frequency voltage transformer typically of 1: 1 turns 

ratio. The transformer is wound on a high frequency ferrite with low 

interwinding capacitance and suitable for modulation frequencies down to 

20 kHz. After each on-pulse the core flux must be reset so that the 

volt-second product is equal for on and off periods. This causes problems 

with very short off-times that can occur with the chosen switching strategy. 

The technique used was optical isolation. 'Me signal is transmitted from the 

control level to the power switch by an optical emitter operating in the 

near-red frequency range. The signal is detected by a suitable receiver or 
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photo diode of over-lapping spectral response. Dedicated optocouplers are 

available with the translation occuring inside a typical 8-pin d. i. l. package. 
The optocouplers have a typical dv/dt rating of 10,000 V/, Us but are only 

guaranteed at 2,000 V1, us. The device has parasitic capacitance between input 

and output which charges and discharges as the power switch source switches up 

and down between the voltage rails, figure 5.6. The charging current of C. is 

HCPL 2200 
ltý, 

4 
F)0,111 

j----l 

! 41 

Figure 5.6 Optocoupler Parasitic Capacitance 

drawn through the external circuit and can cause false emission of the 

optocoupler diode when the dv/dt rating is exceeded. By driving the 

optocoupler in a bridge arrangement, figure 5.7, the diode is placed under 

reverse bias when off, preventing stray forward current. The effective dv/dt 

rating is increased. This circuit was successfully tested on 165 V d. c. rail 

at a dv/dt of 12,000 V/gs. The optocoupler used was the HCPL 2200 which 

combines a TTL voltage level input with a CMOS output stage providing both 

isolation and voltage gain to drive the mosfet gate. The input to output 

capacitance is typically 0.6 pF which at a dv/dt of 10,000 V/'Us has a charging 

current of 6 mA, the typical optocoupler diode forward current. The operating 
delay time of the optocoupler has a maximum value of 400 ns, relatively slow 
for the required current control. 

-1-5V 

ov- 

Figure 5.7 Optocoupler Diode Driver 
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Although the circuit above performed satisfactorily with the required dv/dt 

rating, reliability is unknown above 10,000 V/, us and the operating delay time 
is too long. 'Me circuit used for the translation is shown by figure 5.8. A 

high radiance visible emitter (0, HFE400J -003) used typically for a fibre 

optic link is driven in a bridge configuration. The bridge provides high 

+1 

4-5V 

Figure 5.8 Opto -Transmitter and Receiver 

PARTS: r3, r4 = 68OR; r5 = IOR; C3, C4 4n7; trl, tr3 = ZTX651, 

C5 = lOnF-, tr2. tr4 = ZTX751; xor 1, xor2 1/4 of 74AC86, 

ml, m2 = 1/2 of 74HC221, n3-n7 = 1/4 of 74ACOO; r6 = IK; rvi = IOK, 

10 tum; d3 = HFE4001-003; d4 = HFD3022-002. 

speed producing rapid current rise and fall into the emitter and high current 

gain, achieving high optical output power. The emitter is reverse biased when 

off, preventing forward leakage current. 'Me emitter is held face to face 

with a suitable PIN photodiode (d4, HFD3022. -002) again from a fibre optic 
link. Current in the photodiode is proportional to incident light and 
translated to a suitable voltage by r6. Detection utilizes the high threshold 

voltage level of 74AC technology, which is virtually temperature independant. 
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A 1.2 V pk-pk voltage swing is adjusted to swing about the gate, n3, threshold 

voltage by rvl. The voltage swing is determined by r6 and is a compromise 
between increased noise immunity and reduced rise and fall times resulting 
from the photodiode, parasitic capacitance. The optical unit is housed in a 

small polypropylene moulding achieving an input to output capacitance of less 

than 0.2 pF. Propagation delays are less than 40 ns at turn-off and 60 ns at 
turn-on. Concern about the 1.2 V pk-pk signal in a noisy environment led to 

the addition of the latch shown by m I, m2, n4 - n7. At each transition of the 

signal the output at "d" and "e" is latched for 200 ns by mI or m2 to overlap 
the operating times of the power switch. 

5.2.2 Gate Drive Output Stag 

The signal received from the opto link, d and e, swings between 0 and +6 V, 

the 74AC voltage rail. Translation is required to + 15 V, -8 V to drive the 

mosfet gate. Figure 5.9a shows a totem pole output stage with charging 

currents controlled by r9 and rlO. At tum-off, tr8 is turned on discharging 

-FL 

(a) 

g 

Figure 5.9 Driver Output Stages 

'fP6 

r9 
09 

rlO 

Lr8 
b) 

the gate to -8 V. If, as the mosfet turns off the source falls negative as is 

likely due to stray inductance, the gate will follow due to the CV,. Once the 

gate falls below -8 V the emitter junction of tr6 is forward biased while tr8 
is cut-off. Forward gate current flows starting to turn on the mosfet. In 

the limit a false turn-on vill occur just after tum-off leading to 
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oscillation and possible mosfet failure. The output stage of figure 5.9b is 

desirable as this situation is prevented as long as the breakdown voltage of 

tr6 and d8 is not exceeded by the transient voltage excursions of the source. 
Transistors tr6 and tr8 must be driven independantly unlike figure 5.9a and is 

the one disadvantage. The high current capability of the 74AC technology 

c6 

r8 d6 

zdl 
d7 
d9 

rll 
e 

zdl dl 
nn ý -A UO 

r7 d5 +15V 

r--L* fr6 

tP5 
r9 

f)-og 

MO 9 

tr8 
r12 dll 1 

-8v 

Figure 5.10 Mosfet Gate Driver 

PARTS: r7, r8. r. 11, rl2 = 330R; r9, HO = 2R2; c6,0 = 2n7; zdl = 9VI; 

zd2 = 8V2, tr5, tr6 = ZTX751; tr7, tr8 = ZTX651; Diodes =I N4148. 

(±24 mA) is used to drive the darlington output stage, figure 5.10, of the 

gate driver. 'Me output stage delivers ±6 A at a di/dt of 60 A/Ps into a 

typical combination of four parallel mosfet gates of 30 nF. Delay times 

through this power translation stage are under 10 ns. One disadvantage of 

using pnp transistors is the high output capacitance which delays the voltage 

rise at turn-off. Using the output stage of figure 5.10 this is overcome by 

charging the output capacitance of the turning off transistor through the 

transistor turning on. Mosfet technology has been avoided in the translation 

stage as device capacitance increases delay times. 

Translation from 0, +6V to + 15 V, -8 V is achieved by zd I and zd2. r8 and rII 
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determine the base current for the respective darlingtons with d6, V and d9, 

dIO preventing darlington input stage saturation. Diodes d5 and dl I allow 

emitter junction recovery of tr6 and tr8 respectively after emitter junction 

recovery of tr5 and tr7. c6 and 0 are typical peaking capacitors speeding up 
turn-on'and turn-off. The darlington output stage provides the high current 

required to drive the mosfet gates. The charging times of Cgs is determined 

by r9 and r1O. As discussed in section 5.1 the miller capacitance has a large 

effect on the gate voltage as the drain voltage switches. It is possible to 

charge C9, slowly and reduce the effect of the miller capacitance but this is 

detrimental to the requirements of current control. The gate is driven hard 

from a low impedance source with r9 being 2R2 and rIO, IR. The gate is 

charged or discharged to the rail before the drain voltage switches. Current 

can be supplied directly to the miller capacitance from the driver without 

starving the gate. The common plateau observed in the gate voltage waveform 
does not occur with this driver. Typical gate voltage rise and fall times are 

under 200 ns, with a total driver delay from control circuit, through the 

optical stage to the mosfet gate of 42 ns for tum-off and 65 ns for- turn-on 

5.2.3 Power Switch Protection 

Linear detection is the prime protection afforded the mosfet switch. Similar 

to bipolar transistor protection, the circuit looks for an unacceptably high 

voltage across the switch. The on-state voltage is the product of drain 

current and rd,, (.. ) . Under normal operating conditions both of these 

quantities have a maximum value giving a threshold on-state voltage. The trip 

voltage will be exceeded if an overcurrent occurs causing both an increase in 

rd. (.. ) and a direct increase in the switch-on state voltage. The trip 

voltage is also exceeded by overtemperature conditions causing rd. 
(.. ) 

to 

increase. The increased voltage is detected by the circuit of figure 5.11. 

The temperature independant high voltage threshold of 74AC technology is again 

used as a fast, inexpensive level detector. Resistors H4 - H6 set the trip 
level taking into account the diode drops of d14 and M. rl7 and c9 provide 

a filter for the reverse recovery current of high voltage diode d14, 

by-passing the logic circuitry. Diode d13 rapidly discharges c9 preventing 
false detection. At turn-on, the enable of the detector, nlO, is delayed by 
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Figure 5.11 Fault Detection Circuit 

-03 

PARTS: n8-nl3 = 1/4 of 74ACOO; d14 = BA157; r13, H4, r17 = lk; 

rIS = 4k7; r16 = 3k9; c8, c9 = 470pF. 

n8 and n9 to allow voltage fall to occur. The detector is rapidly disabled at 
turn-off by the action of diode d12 before the switch voltage rises. A 

detected fault operates the latch, n1 I and 02, and the drive is disabled via 

n 13. 

The heatsink temperature is directly monitored by a thermal switch. 
Overtemperature due to ambient rise or excessive amplifier drive is detected 

and the amplifier disabled until acceptable conditions return. 

5.3 THE POWER STAGE 

The power stage was constructed from the discrete IRF250 and subsequently 

updated with the introduction of the isotop package. The output ratings of 
the two bridge types were identical and both achieved similar efficiencies of 

over 90%. Using the isotop package the power to volume ratio was doubled to 

the extent that the gate drivers took up a significant part of the amplifier 

space. 

5.3.1 The Discrete IRF250 Amplifie 

The power stage is based on the optimised bridge techniques discussed in 

Chapter 3 and shown in figure 5.12. The four parallel gate connections Of 
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each power switch are interfaced to the gate driver of section 5.2.2 through 

gate sharing resistors (R7 and R8). Inter-gate oscillations can occur between 

R5 

C6 

R6 

7 

Figure 5.12 IRF250 H-Bridge Leg Circuit Layout 

PARTS; SI, S2 =4x IRF250; Cl = 5, uF, 100 V rms; RI, R2 IR8,50 W; 

C2, C3 = ljjF, 250 V; R3, R4 =4x (2 x IOR, 2 W)-, C4, C5 5n6,1000 V; 

R5, R6 =2x 18R, 2 W; C6. C7 = InF, 1000 V; R7, R8 =4x 4R7; 

C8, C9 = IOOnF, 50 V; Ll = 30 pli; CIO, Cl I= 500pF. 1000 V; 

L3 1+ LA' = 300nH*, D I, D2, D7, D8 = BYWO8-200; D5, D6 = BYT30PI400, 

ZD I, ZD3 = 170 V, 5 W; ZD2, ZD4 = 24 V, I W; ZD5, ZD6 = 27 V, 10 W. 

the gate capacitances due to stray wiring inductance causing uncontrolled 

switch operation if the gate sharing resistors are not included. The mosfets 
form a symmetrical layout with each equi-distant from the common drain and 

source connections. Transient current sharing is achieved by this layout. 

The spongy clamp circuit cannot form a compact layout around the distributed 

mosfets and unclamped stray inductance is relatively large. Each mosfet is 

protected by an R-C snubber (C4, R3 and C5, R4) and transient over-voltage 

zener clipper circuit (ZD I, ZD2, C8 and ZD3, ZD4, C9). The mosfet is 
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protected by three clamp circuits that work on different parts of the tum-off 

waveform. The R-C snubber controls the rate of rise of switch voltage from 

zero and absorbs the majority of the unclamped inductive energy. The snubber 

capacitor is sized for acceptable losses in the snubber resistor. Ile 

component physical sizes must remain small to prevent increased stray 
inductance. The stray inductance associated energy at high current levels, 

particularly in pulsed current operation, causes the voltage of the R-C 

snubber to exceed the switch breakdown voltage. Under these conditions the 

zener clipper operates controlling the switch over-voltage and absorbing the 

remainder of the stray inductive energy. These two circuits are for transient 

effects due to the unclamped stray inductance. In practice it is not possible 
to completely control the switch transient over-voltage and advantage can be 

made of the avalanche capability of the mosfet, as long as power ratings for 

the device are not exceeded. 

The energy stored in L3' and IA1 is absorbed in the usual spongy clamps. The 

clamp capacitor voltage is limited by ZD5 and ZD6 under pulsed current 

operation when the over-voltage would otherwise exceed the switch breakdown 

voltage. This allows the d. c. rail to be increased closer to the breakdown 

voltage level. Capacitors have been added across the clamp diodes, 0 and 

c 10, to compensate for the diode forward- recovery effects as discussed in 

section 3.5.2. An R-C snubber has been added across freewheel diodes DI and 
D2 (R5, C6 and R6, C7) to compensate for the delay time in spongy clamp 

operation and the unclamped stray inductance. The R-C snubber forrns the 

required transient parallel path for the broken diode current until the clamp 

operates. L31 and IA1, the turn-on snubbers, are two pieces of wire each 
15 cm. long and used to connect the two power switches together in 

construction. Each wire has an inductance of 150 nH giving a total snubber 
inductance of 300 nH to control freewheel diode recovery current. The 
freewheel diodes are ultra-fast recovery BYW08-200 devices and have a peak 

reverse current of 15 A for a forward current of 85 A under the given bridge 

conditions. The turn-on di/dt is 550 A/ps. 

Section 5.1 showed that the mosfet has a parasitic internal diode which 

prevents reverse blocking capability. The parasitic diode can be used as a 
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freewheel diode but the package losses are increased reducing the available 

output from the mosfet. In this application the package could not tolerate 

the increased losses without derating the amplifier. A series blocking diode, 

D7 and D8, is included to prevent mosfet reverse conduction. The mosfet 

parasitic diode has a higher on-state voltage than the freewheel diode and 

will naturally take a reduced proportion of the load current under parallel 

opera tion. This was considered unreliable over the spread of device 

characteristics and the mosfet diode was blocked. Equally, the parasitic 
diode has a poor reverse recovery characteristic increasing turn-on losses 

associated with the series snubber. The blocking diode must be a fast 

recovery device to prevent dv/dt induced avalanche. Under normal operation, 
the switch not involved in conducting the load current is not operated, to 

reduce R-C snubber losses. While this switch is off the blocking diode 

experiences a high dv1dt at each transition of the complementary switch. The 

charge movement involved in forming the diode depletion layer is sufficient to 

cause diode avalanche and turn the diode on. Lifetime killing techniques used 
in fast recovery diodes prevent this charge movement becoming an avalanche 

current. 

The power diode is normally available in cathode stud, the stud being used to 

mount the device onto a heatsink. The drain of the mosfet chip is connected 
to the case of the T03 metal can package. The layout shown by figure 5.12 

allows the heatsink to be used as the common connection for the four parallel 

mosfets and the blocking diode. This allows a low inductance path reducing 

stray wiring effects. 

The filter, Ll, L2 and C I, was discuss ed in section 3.6. The filter 

inductance is split into two 30 uH inductors each wound from 40 conductor Litz 

wire to reduce the skin effect. The filter capacitor, Cl, is a5 /IF, 
200 V a. c. polypropylene capacitor giving high ripple current rating and high 

frequency performance. The filter cut-off point is at 9.2 kHz allowing a 
2 kHz fundamental to pass virtually unaffected and attenuate the minimum 
100 kHz switching currents by over 40 dB. 
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5.3.2 The Modular TSD4M250 Amplifier 

The isotop package, TSD4M250, contains four parallel connected IRF250 mosfets 

within the module package. Two 100 A, 200 V ultra-fast recovery diodes are 

also availablpin the same package, BYV255-200. One diode package can provide 
both the blocking diode and freewheel diode associated with the power switch. 
Now that all the power devices are available in the same package, an 
integrated approach between switch driver and power components is possible. A 

single pcb contains all the driver components discussed in section 5.2, the 

power voltage clamps and all the required inter-connecting tracks for both 

power and logic. Using double side 2 oz copper board with tinned tracks, it 

is possible to maintain the 6 kW rating of the amplifier. All power tracks 

are widened as far as possible to achieve the 60 A rms current rating. 

Mounting the voltage clamp components on the pcb allows a compact design 

around the single package switch. Figure 5.13 shows the power switch based on 

the isotop packages. The compact design ensures the spongy clamp closely 

controls the switch voltage at turn-off and allows the omission of the zener 

clipper. The R-C snubber capacitance can also be halved with the consequent 

reduction in resistor losses. The components for both of these clamps are 

mounted on the pcb. The spongy clamp discharge resistors are mounted onto the 

heatsink. 

The circuit remains similar to that for the discrete mosfet bridge. The 

spongy clamp components, filter components etc are the same. The isotop 

package contains internal gate sharing resistors with a single external gate 

connection which interfaces directly to the mosfet driver. The input to 

output characteristics of the two amplifiers are almost identical although the 

isotop based amplifier has a slight increase in efficiency. The isotop 

amplifier offers clear advantages on assembly with all connections on one pcb 
for each bridge leg. A 50% reduction in the amplifier volume for the same 

output power has enabled the parallel -connected output power from a single 19 

cabinet to. be increased from 24 kW to 60 M 
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Figure 5.13 TSD4M250 H-Bridge Leg Circuit Layout 

PARTS: SI, S2 = TSD4M250, (DI, D7), (D2, D8) = BYT261PIV400; 

R3, R4 =2x 10R, 2 W; C4, C5 = lGnF, 1000 V. Other components as 

Figure 5.12., 

5.3.3 Results 

The amplifiers were driven with the modulator of Chapter 4. Typical output 

current waveforms have been shown and are identical for the two H-bridge 

designs. 'Me H-bridge waveforms are similar in both cases and each achieve 

similar efficiencies. At rated output into a matched resistive load the 

isotop based amplifier achieved an efficiency of 94% over the frequency range 

of 20 Flz to 2 kHz and for the same conditions the discrete mosfet based 

amplifier achieved an efficiency of. 93%. The amplifier efficiency increases 

as the output current (hence i2 R losses) is reduced. Below 20 Hz it is 

difficult to maintain full voltage output because of the unregulated d. c. 

supply. Above 2 kHz the filter starts to attenuate the fundamental and 

reduces the system efficiency. The d. c. voltage rail used was 165 V with an 

output current of 60 A rms and a voltage of 100 V rms. 

The following results were taken with the same equipment detailed in Section 

4.5 using the isotop based amplifier. Current fall could not be measured 
because of the introduction of stray inductance necessary for probe insertion. 

Figure 5.14 shows the current in snubber inductor 1-41 and mosfet voltage at 
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tum-off. The predictions of Section 3.3 are bome out by the current 

wývefbn-n. The current fatis as a cosine wavefonn with a straightening and 

slight tail as the current approaches zero as predicted. The reset time of 
0.9 lis is also accurately predicted by the analysis. The switch voltage 

overshoot is well controlled but shows some oscillation as the R-C snubber 

oscillates with the device output capacitance. The rapid voltage rise, 
trv = 80 ns, indicates a current fall of tf i< 60 ns. 

fAl 

Yd s 

Jr T 
-2.60000 us -100.000 ns 2.40000 us 

500 ns/div 

Figure 5.14 Switch Tum-off Waveforms 
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Figure 5.15 Switch Tum-on Waveforms 
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Figure 5.15 shows the turn-on performance. Again the current in inductor LA' 
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and switch voltage are shown. The current shows the behaviour of the linear 

turn-on snubber. Current rises as switch voltage falls, increasing turn-on 
losses. The rapid di/dt during reverse recovery is shown with the subsequent 

reset after diode recovery by the spongy clamp. 

5.4 THERMAL DESIGN 

Although consideration must be paid to thermal aspects early in the design 

stage, an accurate thermal design is difficult to achieve before the power 

switch has been constructed and its performance characteristics measured. The 

mosfet junction temperature must be maintained within the allowable limit and 

this determines the maximum theoretical output of the amplifier. The mosfet 
junction temperature is the major consideration as the power diodes will 

typically have considerably lower losses. To determine the mosfet junction 

temperature the device losses must first be known. Appendix II shows the 

formula for tum-on losses with a series inductance. Using this fon-nula the 

tum-on loss can be calculated at a negligible 2W per device for the discrete 

based amplifier. The majority of the device losses are i2 Rd 
1, (. n) conduction 

losses and turn-off switching losses. Rd 
. (on ) 

depends on the junction 

temperature which is unknown and conduction losses are difficult to calculate. 

Tum-off losses are dependant on current fall time which is impractical to 

measure. The switching frequency is variable over the cycle and turri-off 

losses are equally difficult to deten-nine. 

An accurate way to determine device losses is from system efficiency. Losses 

in other components are easy to determine allowing mosfet losses to be 

calculated. Under worst case conditions of a mismatched load, maximum ambient 

of 400 C, and an output frequency of 2 kHz the system losses are I kW for a 
6 kW output. The mismatched load increases the average switching frequency 

with a consequent increase in device switching loss. Regardless of loop type 

there are always two conducting diodes, either freewheeling or blocking. The 

diode (BYW08-200) on-state voltage is given by the data sheet as 
(0.66 + 0.0021. IE) Y, where If is the diode forward current [161. Diode 

losses, PD, at 60 A rms are given by equation 5.1. 
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(0.66 + 0.0021.60). 60 x2 

= 94 

5.1 

(W) 

At each switch turn-off instance the spongy clamp dissipates 1/2. LIL2 . For 

the mismatched load the average switching frequency is increased to 200 kHz. 

Alternating 0V loops occur over the waveform cycle such that only one switch 
is being turned off at the 200 kHz modulation frequency. The spongy clamp 
losses, Pc, are given by equation 5.2 for 60 A rms and a snubber inductance of 
300 nH. 

P, 
r = 1/2.300 x IV. 60' x 200 x 103 

= 108 

(W) 5.2 

(W) 

Other losses occur in the filter and transient clamp circuits. The transient 

clamps dissipate the energy stored in the stray inductance which is 1/30 of 

the snubber inductance giving a loss of 3.6 W. The transient clamp also 
dissipates energy according to equation 3.14 giving a total loss, PT, of IIW. 

The filter inductor resistance is dominated by skin effect having a resistance 

of IIm at 200 kHz. The i2R losses of the two inductors, P. . 
is given by 

equation 5.3. 

PI, = 602 
. 

11 X ICF 3x2 
(W) 5.3 

= 79 

The filter capacitor losses are negigible as ripple current is low 

(2.5 A pk-pk) and ESR small. The mosfet losses, P., are given by equation 5.4 

where Ps is the system loss of IM 

PM =- PS - PD - PC 
- 

PT 
-pF 

- 708 

(W) 5.4 

121 



The discrete amplifier has 16 mosfets, therefore each device must dissipate 

44 W. The heatsink chosen (modified 90 DN) was fan cooled giving a thermal 

resistance of 0.260 C/W. The amplifier was constructed with one heatsink per 

switch. Mounted on each heatsink were the mosfets, diodes and spongy clamp 
dissipating resistors, contributing a total loss of 228 W per heatsink. 

Figure 5.16 shows the thermal equivalent circuit including the relevant 

0.8 3 Tc 0.1 Thsk 0.26 Tcl 1 
40T- 44ý4 228W 

198W 

Figure 5.16 Thermal Equivalent Circuit 

thermal resistance figures from the data sheets. The mosfet calculated 

virtual junction temperature is 14Cý C (under the 1500 C maximum working 
temperature) and the case temperature is 103" C. At this case temperature the 
device can dissipate 50 W, (greater than the 44 W required). Device power 
derating is necessary to maintain an acceptable junction temperature. The 

mosfet is being worked close to its limits but not exceeding them, leaving a 

satisfactory safety margin. The 6 kW rating of the amplifier is suitable for 

reliable operation. 

At a virtual junction temperature of 1W C and a drain current of 60 A rms, 
R 

ds (on) will be 130 mS2. With four mosfets in parallel and two series 

switches, the i2 Rd. 
(on ) 

loss per device is 29 W, contributing 468 W to the 

bridge losses and leaving 240 W as switching losses. The switching losses 

occur almost entirely at turn-off and are particularly high because of the 

mismatched load increasing the average switching frequency. 'Me switch 

on-state voltage will be 2.75 V at 85 A. 

For 100 ms pulsed current operation, estimates must be made of switching and 

conduction losses. The heatsink and device case temperature will remain at 

ambient temperature due to their high thermal impedance. For snubberless 
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action the switch voltage will rise to the rail, followed by the current fall. 

The turn-off loses, P.,, can be estimated by equation 5.5. 

PO 
FF --= (1/2. Vý IL 

(rms) trv + 1/2. V,, IL 
(rMS) tf 

dXf (W) 5.5 

The conduction losses depend on Rd. (.. ) which in turn depends on the junction 

temperature. An iterative solution is the only possibility to calculate the 

switch conduction losses. For the 180 A pulse, conduction losses will 
dominate as IL 2 has increased by 9 times. Once the total switch losses have 

been determined junction temperature can be calculated. The junction to case 
thermal resistance is replaced by a thermal impedance which can be determined 
from the data sheets for a single 100 ms pulse as 1/3 of the thermal 

resistance value or 0.280 C/W. This reduces the heating effect of the 
junction. Observing a tr v of 25 ns, estimating tf , at 20 ns, and having a 

switching frequency of 100 kHz (200 kHz average load switching frequency) the 

switching losses are estimated at 61 W and the conduction losses at 269 W. 

Using the thermal impedance concept the junction temperature is 1320 C in an 

ambient temperature of 4Cý C. The pulsed current condition is within the 
device maximum operating temperature. The maximum switch voltage under 

pulsed conditions is 6.0 V which can be used to set the trip level of the 
linear detection protection circuit. 

For pulsed and nns operating conditions satisfactory junction temperature has 

been observed. 6 kW is the maximum amplifier output for reliable operation in 

an ambient temperature of W C. Thermal considerations ultimately limit the 

maximum available output power. The IRF250 device has been fully utilised. 
An increase in rd. (0. ) could not be tolerated therefore eliminating a higher 

voltage rating or lower current rating device. The d. c. rail could not 

realistically be increased above 165 V if switch voltage breakdown is to be 

avoided. The ratings of 100 V rms and 60 A rms are at the device limits with 

no suitable replacement. Current rating could be increased by further 

parallel mosfet connection but volume, stray effects and cost are increased. 

This thermal analysis has concentrated on the discrete IRF250 mosfet 

amplifier. Similar results are achieved when the isotop-based amplifier is 
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considered. As package size and volume have been reduced, optimum heatsink 

design and fan cooling are necessary to ensure satisfactory device case 
temperatures. 

5.5 6 kW AMPLIFIER CONCLUSION 

Two amplifiers were constructed, each based on the optimal bridge 

configuration discussed in Chapter 3. The discrete mosfet-based amplifier 

requires three levels of voltage clamp to control the switch over-voltage at 
turn-off. Stray, unclamped inductance is much higher in this bridge because 

of the physical inter-connection required. Symmetrical layout ensures 
transient current sharing. The amplifier produces a6 kW output at 60 A rms 

and 100 V rms over the frequency range of 5 Hz to 5 kHz with a typical 

operating efficiency of 93%. 200 V power devices have been used with a d. c. 

rail of 165 V. Optimised over-voltage control prevents the switch breakdown 

voltage being exceeded during pulsed current operation allowing maximum device 

utilisation. 

The isotop-based amplifier allows unification of the switch driver, power 

components and inter-connections on a single pcb. A compact design is 

achieved reducing the required voltage clamps to two. The power to volume 

ratio has been halved while maintaining identical ratings with an increase in 

efficiency to 94%. 

The power module was driven from the modulator adopting optimised and 

adaptive current control techniques. The modulator requires a single feedback 

variable of unfiltered load current and generates a switching pattern that 

maximises bridge efficiency. Power is optimally transferred from the d. c. 

supply to the load and vice versa. The modulator produces a minimum switching 
frequency of 50 kHz per power switch increasing to 150 kHz. This frequency is 

doubled at the load giving a load switching current of 100 kHz to 300 kHz. The 

switched load current is filtered leaving a low distortion representation of 
the amplifier input signal. Distortion levels are below 0.4% at rated output 

power over the frequency operating range. At 10% of rated output, distortion 

figures are below 0.6% over the same frequency of range of 5 Hz to 5 kHz. 
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The discrete mosfet based amplifier has been parallel connected to produce a 
24 kW output from a 6' x 2'6" x 19" cabinet, with cabinets parallel connected 
as required. The updated isotop-based amplifier has been parallel connected 
producing 60 kW from the same cabinet. 
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6.0 THE 24 kW EMITTER SWITCH BASED H-BRIDGE 

The 6 kW amplifier discussed in the previous chapter can be parallel connected 
to increase the system output power as required. The development of a 24 kW 

amplifier provided an incremental jump in technology by drastically increasing 

the power to volume ratio by a factor of 4. Direct rectification of the 
3-phase mains supply eliminates the input mains transformer reducing the 

system volume by 1/3. The d. c. voltage derived varies from 580 V to 720 V 

allowing an rms output voltage of 390 V to 490 V. Making use of available 
high voltage bipolar technology, the amplifier rating can be increased to 
24 kW for a similar volume to the 6 kW amplifier. The theoretical output from 

the cabinet discussed in section 5.5 is over 500 kW as opposed to 60 kW. With 

predicted efficiencies of 97% there would be 15 kW of losses. Water cooling 
is necessary to remove the heat from the cabinet and can form an integral part 
of the cooling system with the shaker load. Water cooling is extremely 
efficient and allows a compact switch design, achieving the volume reduction 
discussed above. The amplifier power rating is determined by the maximum 
continuous output current which is limited by thermal effects. For a 
satisfactory semiconductor device junction temperature under rms and pulsed 
current conditions, the output power is limited to 24 kW. Nominal ratings are 
400 V rms, 60 A rms and a pulsed current rating of 180 A. Consideration of 
the effects discussed in Chapter 4 requires a nominal modulation frequency of 
50 kHz at maximum output current increasing to 150 kHz at zero current 
cross-over. This allows a minimum load current switching frequency of 100 kHz 

which can be adequately filtered. RFI effects are likely to be increased in 

this amplifier due to the higher voltage rail and state of the art shielding 
techniques must be considered. 

ne amplifier requires four power switches with a minimum rating of 720 V, 
62 A and 50 kHz. Storage delay times must be less than I /is to prevent 
current waveform distortion and switching times of under 200 ns to minimise 
losses. Mosfet technology is eliminated since parallel connection of 1000 V 

mosfets would provide little improvement over the parallel connection of 6 kW 

modules. Most bipolar technologies are eliminated as storage times and 
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switching times are too long. 'Me review of device technologies in Chapter 2 
indicates the only viable solution is the cascode switch, the series 

connection of a high voltage bipolar device and low voltage mosfet. The 

requirement for a, high frequency, high current switch to operate from a 

nominal d. c. rail of 600 V has led to the development of a true 100 kHz, 

600 V, 200 A emitter switch [291. In parallel with this work an ultrasonic 
720 V, 320 A cathode switch was constructed [301-[3 11. Both switches have 

been fully tested and applications are widespread including ultrasonic motor 

control and switched-mode power supplies. Although full H-bridge construction 

was not undertaken the power switch was designed with consideration to 

operation in a bridge leg configuration. 

6.1 THE EMITTER SWITCH DEVICE PHYSICS 

Figure 6.1 shows the emitter switch in its basic form. If Tr,, is assumed to 

be a high voltage transistor with a Vc 
or rating of at least 900 V then the 

usable transistor gain will typically be less than 8 at the current rating 

required. A practical, efficient method of providing base current is 
from a current transformer, CT.. The turns ratio must be calculated to 

provide sufficient base current at minimum transistor gain. At high currents, 

transistor gain reduces with increasing collector current. The turns ratio 

set for 180 A pulsed current operation is likely to provide excess base 

current under 60 A rms conditions. A Bakers clamp, DH and DI, is necessary to 

prevent excess stored charge in the base region keeping transistor Tr, 
) 

in 

quasi-saturation. 

T A 
TrD 

CT A TrC 

Figure 6.1 The Emitter Switch 
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A brief discussion of the common-emitter connected transistor will follow. 

This will enable some of the important advantages offered by the emitter 

switch to be highlighted. The transistor is used as a high power switch and 
there is no interest of operation in the linear region. Figure 6.2a shows the 

minority carrier distribution of transistor Tr,, in quasi-saturation. 
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Figure 6.2 Transistor Charge Distribution 

Metalisation. for terminal lead connection causes disturbance of the crystal 
lattice. 'Me abnormal lattice structure provides many recombination centres 

and the minority carrier distribution falls to its equilibrium value of np or 

p,. Ile current across the interface is a majority carrier flow. When a 

minority carrier arrives at the interface it must recombine with a majority 

carrier to preserve the equilibrium distribution. A majority carrier flows 

from the external connection to maintain charge neutrality providing the 

stated flow. The emitter junction represents a forward biased diode and the 

minority carrier concentrations at the junction are given by equations Al. 13 

and Al. 14. The collector junction voltage depends on the level of saturation 

of the transistor. As the collector junction voltage increases, the effective 

reverse bias is increased across the base-collector junction. Both the base 

and collector stored charge are reduced as the depletion layer is established. 
This condition represents the linear region, figure 6.2b. In heavy saturation 

the collector junction is slightly forward biased (0.3 V) and an excess of 

stored charge is established. Figure 6.2c shows this saturated state. While 

stored charge remains, diffusion currents will continue. To turn off the 

transistor, stored charge must be removed reducing the diffusion currents to 

zero. This action is faster if the starting condition is that of figure 6.2b 

rather than figure 6.2c and the turn-off time or storage time, tS at , 
is 

reduced. The transistor on-state voltage increases as the collector junction 
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depletion layer extends and the penalty is to increase the transistor loss in 

forward conduction. A compromise is the quasi-saturation state of figure 

6.2a. Equations Al. 13 and Al. 14 are equally applicable to the collector 
junction under either forward or reverse bias. 

The junction currents are given by equation A1.19. Inquasi-saturation the 

collector junction voltage is small (Vcb =0 V) and the junction current will 
be low. The emitter junction is forward biased (Vb. = 0.6 V) and junction 

current is high. The emitter voltage reduces the junction barrier potential 

and emitter majority electrons are injected into the base. In the base, holes 

are the majority carriers and recombination will occur. Electrons crossing 

the base reach the collector junction, diffuse across and are "collected". If 

the transistor is in the linear region the electrons are swept across the 

collector depletion layer. Once the electron has reached the collector it is 

again a majority carrier and recombination is unlikely. The current flow 

through the transistor is dominated by electrons. In the pnp transistor, 

current flow is through the less mobile hole, increasing the effective 

resistance and reducing transistor gain as carrier recombination is increased. 

The pnp transistor is less suitable as a high current switch. 

Emitter current is formed of electrons from emitter to base and holes from 

base to emitter. Electrons crossing the base are collected and form the 

useful collector current. The hole current is wasted. The emitter is heavily 

doped, n+, making p,, and hence p. 1 small. The base doping level is typically 

0.01 to 0.001 of the emitter doping level and the emitter junction diffusion 

current is dominated by electrons, equation At. 16. The emitter efficiency is 

better than 99%. The injected electrons in the base are in a region where 

holes are the majority carriers. Recombination is likely to occur reducing 

the number reaching the collector. To compensate, the base width is made very 

short and the base material free of lattice disruptions and impurities. The 

pure lattice prevents recombination centres and increases the minority carrier 
lifetime. The number of electrons reaching the collector junction determines 

the device "transport efficiency". When the transistor turns off, the voltage 

across the device is supported by the reverse biased collector junction. The 

depletion layer formed extends deeply into the lightly doped n collector 
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region. For high voltage transistors (V 
Ce> 

900 V), the collector n- region 

must be wide and can be determined by equation 2.1, which indicates both a 

wide and lightly doped region. The breakdown voltage increases with the 

square of the collector region width. Electrons crossing the collector region 

are likely to recombine over this length. Equally, the depletion layer 

extends into the base which must be wide enough to prevent punch-through to 

the emitter. Recombination increases with the base width, reducing injected 

electrons reaching the collector. These are the primary reasons the transistor 

gain is smaU for high voltage transistors (5 @ 1000 V, 200 A). 

The base current contains three components. The first is hole current 
injected into the emitter which is kept relatively small by the heavily doped 

emitter. The second component occurs due to recombination in the base. As a 

majority hole recombines it must be replaced to preserve charge neutrality. 
Reducing recombination minimises this component. Finally, holes injected into 

the collector are equally a wasted current. This current depends on the 

collector junction voltage but is normally small due to the low or reverse 
bias voltage. 

Figure 6.2 shows that transistor operation is dominated by stored charge. 
Equation 2.3 indicates that stored charge is proportional to forward current 

and increasing the collector current for example, first requires an increase 

in the stored base charge. The operation is similar to that shown by figure 

2.6. It should be noted that current in the transistor power switch is 

largely determined by the external circuit unlike linear transistor operation. 
Transistor stored charge is a reflection of the external conditions. 
Increasing Vb. above that required for external collector current causes an 

excess of injected electrons to enter the base region. nP 1 is increased, 

reducing the collector junction voltage and excess charge is stored in the 
base. This condition is equivalent to driving the transistor into saturation 

with excess base current. Equally, if Vb. is too small, nP' is reduced 
leaving the collector junction depleted of carriers. The transistor is in the 
linear region coincident with insufficient base current. 

To turn the common-emitter connected transistor off, current is drawn from the 
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base by an external circuit. The emitter junction acts as a diode under 

reverse recovery and has been shown by figure 2.6. Collector current is 

determined by the external circuit. The gradient of stored minority charge at 
the junction edge determines the diff-usion current flow which in turn must 

______ LL (ci) (b) (C) (d) 
PC 

Vce 
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d 

Figure 6.3 Snubberless Transistor Turn-off Minority 

Charge Distribution 

correspond to the external circuit conditions. Reverse base-emitter current 

removes stored charge from these regions until forward current can no longer 

be maintained. figure 6.3b. At this point the emitter junction depletion 

layer is formed and injection falls to zero. The collector current rapidly 

sweeps out the remaining stored charge and forms the collector junction 

depletion layer, figure 6.3c. Current fall occurs after the collector 
junction depletion layer is established as the remaining collector and base 

stored charge is removed, figure 6.3d. 

As current is drawn from the base it flows in the lateral sheet resistance, 

r, underneath the emitter. The voltage drop across this parasitic resistance b 

causes increased r' everse bias at the edge of the emitter junction establishing 

a depletion layer, figure 6.4. This voltage drop causes the emitter to 

turn-off from the edge and emitter current is forced into the centre of the 

emitter region. This is known as "emitter pinching" and causes increased 

heating as the current is confined to a small emitter region [321. To 

compensate for this effect the high power transistor is constructed with an 
interdigitised emitter. Ile base and emitter are produced with fine 

interleaving fingers which reduces the effective length between the base and 
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emitter. 'nis reduces the base resistance under the emitter finger and the 
junction tends to turn off uniformly along its length. 
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Figure 6.4 Emitter Pinching at Turn-off 

Collector leakage current increases with applied collector-emitter voltage. 
With sufficient collector voltage, the leakage current crossing the collector 
junction reaching the emitter causes injection. Avalanche mulitplication of 
this leakage current occurs. Transistor failure is likely to occur and is 

termed second breakdown [331. The second transistor failure mode is 

punch-through [281. The collector junction depletion layer extends into the 
base, increasing with applied voltage. As the base is narrow the depletion 

layer can extend through to the emitter before avalanche. Emitter current 
increases rapidly leading to device failure. This failure mechanism may occur 

at very low operating temperatures. 

The above discussion has concentrated on conventional transistor operation 
highlighting some of the important limitations. The emitter switch principal 

will now be considered. In the on-state the emitter switch acts as a 

conventional transistor in forward conduction. At turn-off the emitter is 

open-circuited by the series mosfet and emitter current is reduced to zero. 
The collector current (determined by the external circuit) is diverted to the 
base and reverse base current is equal to the forward collector current. The 

turn-off gain is unity. The emitter junction is isolated and charge is 

removed by recombination. The emitter diffusion current has ceased and the 

reverse base current is satisfied by holes leaving the collector region and 

reducing the stored charge. Collector current is formed by electrons leaving 

the p-base region. Equally at this time the corresponding majority carrier 
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stored charge is removed from the base and collector regions through the 

external contacts. The turn-off process is shown by figure 6.5. The 

collector junction stored charge is small and rapidly removed by the collector 

current, figure 6.5b. The process is now similar to figure 6.3 as the 
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Figure 6.5 Emitter Switch Turn-off Minority Charge Distribution 

depletion layer is formed followed by the current fall. With the removal of 
the emitter injection current, the action is of the collector-base diode under 

reverse recovery condition. Ile diode is "snappy" and rapidly breaks the 

conducted current giving current fall times of under 200 ns at 200 A. Storage 

time with the cascode switch is reduced by an order of magnitude over 

conventionally driven bipolar transistors. Collector and base stored charge 
is rapidly removed by the collector current even for a transistor in heavy 

saturation. Emitter pinching is eliminated by reducing the emitter current to 

zero. Second breakdown is also eliminated by the emitter switch as avalanche 

multiplication is prevented by the open circuit emitter. The transistor 

voltage rating is increased to the breakdown rating, V. 
bo' gaining typically 

100 V on a 900 V transistor. 'Me transistor V 
cbo rating is important and must 

not be exceeded by positive collector or negative base voltage excursions. 

The collector junction depletion layer is rapidly foffned as stored charge is 

swept out by the collector current, giving a rapid voltage rise. The 

remaining collector stored charge, figure 6.5c, is removed by the collector 

current constituting the current fall. Collector current can no longer be 

maintained by the depleted stored charge. As switch voltage rises before the 

current falls, the switch operates parallel to the SOA boundary. With voltage 
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rise and current fall times of less than 200 ns this is acceptable without 
load line tailoring, eliminating the need for a conventional R-C-D turn-off 

snubber. When switch voltage rises the base is still conducting current, 

clamping the base voltage to VZ 
DA * 

The emitter potential will be close to 

that of the base as the emitter junction has not recovered and is an effective 

short circuit. The cascode mosfet voltage is therefore limited to VZDA' This 

condition continues until the collector current reduces. At current fall, 

base current flowing in stray base inductance must continue. With a collector 

current di/dt of up to 2000 A/, us, 20 V are induced in every 10 nH of stray 
inductance. The base current finds a path through the cascode mosfet 

parasitic diode and backwards through the emitter junction. The mosfet drain 

is clamped to 0V by the diode during collector current fall and ensures the 

transistor supports the rail volts. The maximum voltage across the mosfet is 

VZ 
DA and the device can be a low voltage, high current type. 

The reverse emitter current removes emitter stored charge and ensures there is 

no forward emitter current. Forward emitter current during this period due to 

stray circuit effects would be hazardous. Local emitter areas would turn-on 

and conduct collector current causing hot-spots and probable device failure. 

Forward emitter current must be avoided as the switch turns off. Removing the 

emitter stored charge before collector current fall would be beneficial 

allowing the emitter junction to recover. Introduction of parasitic forward 

emitter current would now have a reduced effect as a delay in turn-on of local 

emitter regions must occur requiring charging of the depletion capacitance. 
Emitter junction recovery should be performed externally with the emitter 

current transferred to the base as quickly as possible. During collector 

current fall, the base current flowing in the stray inductance will now find a 

path by avalanching the emitter junction ensuring reverse bias. The stored 

energy in the base circuit stray inductance, 1/2. Lb (. S t) 
IC2, is dissipated in 

the avalanched emitter junction and clamping zener diode ZD.,. Providing base 

power limitations are not exceeded, this condition is desirable, ensuring a 

cut-off emitter junction. 

Basic operating rules have been derived for the emitter switch at turn-off. 

The emitter current should be transferred to the base as rapidly as possible 
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to reduce storage time and minimise the delay to load current control. Once 

the emitter current has fallen to zero, emitter injection ceases and the 

removal of base-collector stored charge is initiated. Forward emitter current 

must be prevented to eliminate local heating. A reverse biased or cut-off 

emitter junction prior to current fall is desirable in achieving this. The 

cascode mosfet experiences a maximum voltage equal to the base clamping 

voltage and can be a low voltage, high current device. 

At tum-on, and during the on-state, the emitter switch is indistinguishable 

from a conventionally operated transistor. To tu rn the transistor on, cascode 

mosfet Trc is closed and current is applied to the base of transistor Tr. from 

CA. To achieve collector voltage fall, the charge storage conditions 

approaching figure 6.2b and 6.2c must be established. The minimum base 

current pulse required is that to provide the stored charge. The emitter and 

collector junction depletion layers have been reduced indicating charging of 
depletion capacitance. Equally excess charge has been stored, indicated by 

P. I and nP 1 in igure 6.2. This charge is required to establish the current 

rise and has been shown by equation 2.2. Further- capacitive behaviour is 

suggested. Initial tum-on conditions are representative of the base current 

charging device capacitance to achieve voltage fall and initiate cuffent rise. 

To achieve the high base current levels required, the transistor base is 

driven from a current transformer, CTA. The turns ratio of CT, must be set to 

satisfy transistor gain requirement under worst case conditions. During diode 

recovery the collector current increases at 200 A/gs. Neglecting any current 
transformer magnetising current, the instantaneous base current is 

proportional to the collector terminal current. As will be shown later 

base-collector current and recombination current can be neglected. Base 

current is predominantly the emitter junction diffusion current and related to 

the junction voltage by equation A1.16. The junction voltage also determines 

the emitter diffusion current. The junction voltage changes in sympathy with 
the externally applied base current providing apparent emitter current control 
by the base current. The effect is for the instantaneous base current to 

cause electrons to be emitted from the n+ emitter into the p-base region. The 

electrons take a finite time, T,,, to cross the effective base width, wb , and 
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reach the collector junction. The base transit time can be derived from 

equation 2.3 and is given by equation 6.1. 
I 

Tb "::::: wb2 /2D n (s) 6.1 

The electron diffusion constant, Dn, is concentration dependant and has a 
2 

typical value of 35 cm /s. The effective base width is typically 18 yrn giving 

a transit time of 50 ns. At 200 A/ps, the collector current has risen 10 A in 

50 ns above the proportional emitter current associated electrons arriving at. 

the collector. Insufficient electrons arrive at the collector to satisfy the 

externally driven collector current. The collector voltage rises as the 
depletion layer extends into the collector and base regions. The effective 

base width between collector and emitter depletion layers is reduced and 

therefore the base transit time is reduced. The current gain is proportional 

to I /Wb 2 and increases. Equilibrium is reached when the base width is 

sufficiently reduced to compensate for the increasing collector current. By 

increasing the collector voltage and reducing the base width both base 

recombination current and base-collector current are reduced to negligible 
levels. The base current is almost entirely emitter junction diffusion 

current which maximises the injected emitter current. 

Two external circuit effects are used to reduce the transistor entering the 

linear region. The proportional base drive is increased above that required 
for d. c. gain consideration in an attempt to swamp the base transit time. 

Secondly, the collector current di/dt is limited by the turn-on snubber. As 

discussed in section 3.4, the value of turn-on snubber is determined by the 

transistor switch and not the freewheel diode. At turn-on, the FBSOA only 

allows a low voltage, typically 50 V, across the transistor if it is to 

conduct a maximum of current. To fully utilise the device, maximum current 

operation must not be limited by the transient turn-on condition. An optimal 
base drive circuit will maintain the transistor as close to saturation as 

possible. The snubber inductor must be the minimum that keeps the transistor 

within the SOA at turn-on. 
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During the steady state on-period, the transistor should be operated in 

q. uasi-saturation. This satisfies the compromise between conduction loss and 

stored charge. Quasi-saturation is achieved by the usual bakers clamp which 
diverts, base current to the collector, preventing the collector junction 

becoming forward biased. Minimising stored collector-base charge reduces the 

turn-off saturation delay time. 

In summary, the emitter switch at turn-on has the same properties as a 

conventionally driven transistor. A base current pulse is required to charge 
depletion capacitance, achieving voltage fall. This turn-on pulse must also 

provide excess stored charge to initiate transistor current conduction. A 

rapidly increasing collector current can cause the transistor to enter the 
linear region due to the relatively long base transit time. This is 

particularly true if a proportional base drive is used. Turn-on di/dt is 

limited to maintain the transistor within the FBSOA and fixes a minimum value 
for the tum-on snubber. Operating the transistor in quasi -saturation during 

the on-period reduces storage time at turn-off. 

6.2 THE CATHODE SWITCH DEVICE PHYSICS 

The gto has been discussed in Chapter 2 and is most readily understood as a 
two transistor model. If the emitter switch is applicable to the discrete 

transistor then consideration of the gto model infers that a cathode switch 

principle would also be effective. The basic cathode switch is shown in 

figure 6.6. Again, during the on-state of the cathode switch, the series 

cascode mosfet has no effect except for a small series on-state voltage. The 

gto provides almost the ideal switch while conducting. It does not require 

toA 
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Tr A 
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Figure 6.6 The Cathode Switch 
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gate current and consequently does not suffer the gain problems of the 

transistor. To turn the cathode switch on, the series mosfet, Trr, is closed 

and forA; ard gate current flows from capacitor CA. Transistor TrA of the gto 

model turns on which in turn provides base current for TrB . TrB provides base 

current for TrA and the gto is latched on. The gate pulse is no longer 

required and can be removed if necessary. The latching action of the two 

transistors, TrA and TrB , ensures that the three gto junctions are forward 

biased. 

The cathode switch now appears as a conventional gto. Initial discussion will 

concentrate on more conventional operation of the gto to highlight the device 

characterisitics and design consideration. Figure 6.7 shows in more detail 

lo TrB P+ Tnc ) ap 
b T9 
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Figure 6.7 gto Thyristor Model 

the two transistor model of the gto. cc is the common base current gain of h 

the npn transistor Tr., and a, the common base current gain of the pnp P 
transistor TrB. It is simple to show by considering the model currents that 

the gto will latch on with zero gate current for (% + otp) > 1. Application 

of a forward gate current pulse to turn the gto on will flow in the lateral 

p-base sheet resistance, r.. The voltage drop across the resistance will 

cause the edge of the p-base n+ cathode junction to become more forward biased 

and turn on first. This can be seen by considering figure 6.4. The gto 

achieves full conduction by a process of current spreading. Fine 

interdigitation producing narrow cathode "fingers" or "islands" will reduce 
local heating effects, producing even tum-on and turn-off. The width of the 
finger is limited by device fabrication and assembly. 
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With the gto on, the anode current will increase, controlled by the turn-on 

snubber inductance. As with the conventional high voltage transistor the 
inherent regenerative action of the two transistors is too slow to respond to 

a high di/dt. The snubber inductor must again be sized to limit the turn-on 
di/dt and prevent the gto exceeding its FBSOA. If a turn-on snubber is not 

used, voltage fall time is extended to control diode recovery. In the steady 

on-state, the base current for Tr ,) which is equal to A 
In 

b' 
is (1p 

c+ 
19 

(oc I+I). The minimum base current required to keep TrA in saturation, pa9 

I is (I I- ot which is equal to 
n). 

The gto will turn off nb(min)' k nd 
lk(l 

h 

I and since by Kirchoff's current law I this can 
'f1bn < 

bn(min) Ia+ 
Ig lk 

be written as equation 6.2 

-I (cc + cc - 1)/Ce npn (A) 6.2 

The turn-off gain is maximised when the negative gate current is minimised. 
This condition is met for a large cc and small cc . When negative gate current hp 

is drawn to turn the device off, it again flows in the p-base lateral 

resistance, rb . The effect is the same as emitter pinching or current 
crowding. The voltage dropped across rbwill cause the cathode junction to 
turn off at the edge first, squeezing the conducting region to the centre of 
the cathode finger. The load current remains unchanged and is crowded into 
the small central conducting region. The reverse gate current flowing in rb 

causes maximum reverse bias at the junction edge. This voltage must not 

exceed the junction breakdown voltage and places a maximum value on 19 given 
by equation 6.3 [34]. Substitution of 6.3 into 6.2 gives the maximum 

controllable anode current, equation 6.4 [351. 

g(0ff)< 4V gk 
'rb (A) 6.3 

where V gk 
-= junction breakdown voltage rb = p-base lateral resistance. 

Ia< -4V gk/rb*Ccn'(oý 
+ ap - 1) (A) 6.4 

To maximise the controllable anode current the conditions for maximum tum-off 

gain apply as well as maximum breakdown voltage, Vgk, and minimum p-base rb * 
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The conditions for optimal gto operation discussed above place a restricted 
design on the device. To reduce rb and increase % is coincident with npn 
transistor design discussed in the previous section. The n+ cathode is 

heavily doped compared to the p-base which should be narrow and free of 
lattice disruptions and impurities. rb is reduced by fine interdigitation 

producing narrow cathode fingers or islands surrounded by the low resistivity 

gate region. a is made small by the wide n base which allows for high 
P 

voltage blocking capability. To minimise the gate current during the 

conduction state a compromise is necessary between small cc and (cx + cc PPh 
Addition of the heavily doped p+ anode allows control of the gto latching 

action without compromising the blocking capability of the device. The P+ 

region is coincident with a high emitter injection efficiency for a pnp 

transistor. 

Turn-off of the snubberless gto is achieved by drawing a negative gate 

current. This action turns off the npn transistor, Tr,., of the gto model 
[36]. The mechanism is identical to common-emitter turn-off of the transistor 
discussed in section 6.1. Once TrA has been turned off, the base of Tr,, is 

open circuit. Tr,, will now turn-off as a pnp transistor in the V 
Ceo mode. As 

the base is open circuit, the n base region charge is removed by 

recombination and forward anode current. The charge will gradually be 

depleted and the anode current will fall. The n base is a wide low 

concentration region and minority carrier lifetimes exceed 100 ps. The stored 

charge will be large with little recombination. The current removing the 

n-base stored charge will be seen as an anode current "tail" -that continues 

after npn transistor turn-off. The tum-off of the gto is a two stage 

process. Initially the turn-off is that of a conventional npn transistor, 
followed by a pnp transistor turning off in the Vc 

a0 mode. 

The gto is characterised by having long minimum on and off times that restrict 
the operating frequency. At turn-on, time must be allowed for the current 

spreading to achieve full conduction of all the gto islands. Initiating 

turn-off before this time will lead to excessive current crowding in a reduced 

number of islands. Local hot-spots will be generated followed by device 

failure. At turn-off, time must be allowed for removal of the n-base stored 
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charge, ensuring all areas of the gto are fully off. This is coincident with 
the, tail current failing to zero. Failure to observe the minimum off-time 

will lead to small conducting regions (that have not turned off) taking the 

anode current and generating local hot-spots. 

Figure 6.8 shows the gto with added anode n+ shorts. These provide several 
improvements. The common base gain of TrB ,a, can be expressed by the 

P 
product of the n-base transport efficiency, cc , and anode emitting efficiency Pt 

equation 6.5. 

cc t. 
T 

p pe 

Previous discussion has shown that a low value of cx is desirable for optimal P 
gto behaviour. Reduction of cc by using a wide n-base with low carrier Pt 
lifetimes is undesirable. For high voltage, high current gto's with a 

necessarily wide n-base, unacceptably high on-state voltages result. This 

gives high conduction losses and low surge current capability. Carrier 

lifetime in the gto n-base is therefore long, exceeding 100 /is. A preferred 

method of controlling (x is by controlling the anode injection efficiency, p 

F n+j p+ 

n- 

Figure 6.8 Anode Shorted gto Thyristor Model 

6.5 

T 
.. 

The gto model of figure 6.8 shows that the effect of adding the n 4- anode P 
short is to by-pass the p+ anode. This achieves a resistive short across the 

emitter junction of TrB. The effective gain, ot ., of Tr. can now be written p 
as equation 6.6. 

ot =I /(I +I) p0pcp9ps 
6.6 
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cc P of the remaining pnp transistor is unaffected and equal to lp 
c 

Ap 
0. 

lp 
s 

can be found from the base-emitter voltage, V 
Pbe I as Ip 

5=V pbe 
/Ra 

, Equation 

6.6 can be rewritten as equation 6.7 which shows that the anode short 

resistance, R,, , reduces the effective gain [35]. 

cc =aI /(I +v /R 6.7 
pe p pe pe pbe aý) 

Reducing the common base current gain of TrB increases the gto controllable 

current and turn-off gain. At turn-off, a local source of electrons from the 

n+ short assists in removal of the n-base minority carrier stored charge. 
This reduces the tail current and improves the turn-off energy loss. The gto 
blocking voltage is increased as thermally generated carriers which form the 
device leakage current are suppressed by the n+ region. This action was 
discussed for the transistor in section 6.1 which led to second breakdown. 

The gain of a transistor increases with current at lower current levels. 

Reduction of cc increases the current level required to turn-on the gto and P 
satisfy the condition (a + (x > 1. Reducing the anode injection efficiency Ph 
results in lower n-base charge and transistor TrB will move towards the linear 

region. The gto on-state voltage is increased resulting in higher conduction 
loss. Again, a compromise must be found for the anode shorted gto. Reducing 

(x increases the controllable anode current, tum-off gain and blocking 
P 

voltage and reduces the tail current. However, as cc is reduced the required P 
current to turn the gto on and the on-state voltage are both increased. 

The discussion will now focus on the cathode switched gto. Consideration of 
the cathode switch at turn-off can be understood by the model of figure 6.6. 

Series mosfet Tr,, is opened and cathode current is diverted to reverse gate 

current. Turn-off of the npn transistor, TrA, is idential to that discussed 

in section 6.1. The emitter switch techniques devised in that section are 
directly applicable to the cathode switch. The transfer of cathode current 

should be rapid and the cathode junction should be recovered by external 

circuitry. The saturation delay time will be small and energy stored in 

parasitic gate inductance will be dissipated in the avalanched cathode 
junction. The series mosfet will experience only a small voltage and can be a 
low breakdown high current device. Once the npn transistor has turned off as 
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an emitter switch, the pnp transistor turns off in the Vc 
60 mode. Thus, the 

turn-off of Tr, is unaffected by the cathode switch and conventional operation 
is resumed. The advantage of the cathode switch is to reduce the gto storage 
time by over a factor of 10. 

A second advantage of the cathode switch is to derive a simple high reverse 

current gate drive achieving unity turn-off gain. Since the cathode is an 

open-circuit by virtue of the series mosfet, current crowding is eliminated 

and there is no limit on the reverse gate current. Although the gate current 

must still flow in the lateral base resistance the cathode junction is 

unaffected by the voltage drop since it is still forward biased due to the 

remaining excess stored charge. By increasing the allowable reverse gate 

current the maximum controllable anode current is increased. The gto can also 
be used to its highest voltage breakdown rating, V,,., as avalanche 

multiplication is significantly reduced by the open-circuit cathode. The 

tum-off dv/dt rating of the conventionally operated gto is typically limited 

to 500 V1, us to prevent avalanche multiplication of the depletion layer 

capacitance charging current from destroying the device. With an open circuit 

cathode, this condition is virtually eliminated and the dv/dt rating is 

increased. A 1000 V gto was successfully used at 4000 V/, 4s on a 720 V d. c. 

rail. 

The cathode switch always operates at unity turn-off gain and allows increased 

gate current and hence controllable anode current. The device breakdown 

voltage rating and dv/dt rating are increased by virtue of the open circuit 

cathode. These effects have been achieved without effecting a of TrB . The 
P 

cathode switch has no effect on turn-on performance which would be improved 

with increasing a. Utilisation of the cathode switch would improve gto P 
turn-off ratings and reduce storage time and also allow a- to be increased to 

P 
improve turn-on characteristics. Once the gto npn transistor has turned off, 
the cathode switch has no effect on the Vc*0 turn-off of the pnp, transistor 

and the tail current persists. The tail current is conducted from the anode 
to gate removing excess n-base charge and determines the minimum off-time. As 

the turn-off is that of an emitter switched npn transistor followed by a pnp 
transistor in Vý. 

o mode, where dv/dt turn-on cannot occur, the cathode switch 
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can be operated without a conventional R-C-D tum-off snubber. The fast 

switching times achieved allow safe tum-off while traversing the periphery of 
the SOA provided power limitations are not exceeded. 

Understanding of the gto tail current is increased by considering the minority 

charge distribution during cathode switch operation. First, the tum-on 

performance will be considered for completeness. The series mosfet is closed 

and a gate current pulse applied from C.,,.. The gate current pulse has been 

used in achieving the canier distribution shown in figure 6.9. This is 

directly analogous to bringing the transistor into forward conduction as 
discussed in section 6.1. The series turn-on snubber supports the rail 
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Figure 6.9 gto On-state Minority Charge Distribution 

voltage as the switch voltage falls to zero. Anode current rises controlled 
by the snubber inductance. At low gto current levels thermally generated 

carriers become significant in comparison to the anode current. The generated 

carriers cause recombination resulting in terminal current flow to maintain 

charge neutrality. The effect is to reduce cc. The gate current pulse must be 

sufficient to compensate for this small generation -recombination current and 
bring the gto into forward conduction. At turn-off, the reverse gate current 
is equal to the forward anode current. When the anode current approaches the 

generation-recombination current level there is significant delay in removing 

stored charge and an increase in storage time results. This effect is equally 

applicable to transistors. For the gto, the turn-off gain is reduced. If the 

gain falls below unity the cathode switch cannot turn the gto off and forward 

conduction is continuous between anode and gate. 

Once the cathode switch has been turned on, anode current will start to rise. 
If the gate current pulse has been removed the anode current will define the 
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three junction diffusion currents. Holes are injected from the p+ anode into 

the wide low concentration n-base and diffuse to the p-base. Recombination is 
increased due to the long diffusion length, but the low doping level of the 

n-base ensures this is not unacceptable. The base transit time is high 

resulting in significant delay before the holes reach the p-base. The hole 

n-base transit time is also increased due to the relatively poor hole 

mobility. Electrons are injected from the n+ cathode into the p-base. 
Transit time across the base is relatively short compared to the n-base 
transit time. The gto forward current is carried by two carrier types. Holes 
injected from the p+ anode and diffusing to the cathode and electrons injected 

from the n+ cathode and diffusing to the anode. Due to increased electron 

mobility and hole recombination in the n-base the electron current is 

dominant. This is coincident with (x > cc for the two transistor model. hP 

Under high di/dt turn-on conditions the p+ anode holes are significantly 
delayed by the n-base transit time. The action is similar to that discussed 

for the transistor in section 6.1. The central junction comes out of 

saturation to compensate for the delay and the gto on-state voltage increases. 

Conduction losses are increased. Providing a high gate current pulse during 

this period increases emitter injection in an attempt to swamp the hole 

current and compensate for base transit delay time. The turn-on snubber 
inductor design is again switching device led and must be of sufficient 

magnitude to keep the gto within the FBSOA, maintaining acceptable turn-on 
losses. 

Once the switch is in steady-state, the anode current changes relatively 

slowly. The hole current that reaches the cathode junction is in equilibrium 

with the electron current being injected into the p-base. This junction 

current is given by equation Al. 16. The electron current arriving at the 

anode junction is in equilibrium with the anode injection current and again 

equation Al. 16 applies. The sum of these two current flows is equal to the 

anode current. Providing sufficient carriers reach the respective junctions 

the device will be saturated and the three junctions forward biased, figure 

6.9. The gto is designed to achieve this and is equivalent to (cý' + cc )>I of P 
the two transistor model. The device current is dominated by carrier 
diffusion caused by the increased concentrations at the forward biased 
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junctions.. The carrier gradient at the depletion layer edge determines the 
junction current, equation Al. 15, which is equivalent to the device terminal 

current. 'Me n-base is wide and of low doping level to achieve a high voltage 
device. The minority hole concentration in the n-base will be high resulting 
in a high excess stored charge and carrier lifetimes exceed 100 us. The 

forward biased central junction (required for a low on-state voltage) causes 

this excess stored charge which is proportional to forward device current, 

equation 2.3, and is shown by figure 6.9. 

Turn-off of the cathode switch is initiated by opening the series mosfet Trc 

and cathode current is diverted to the gate. 'Me minority charge distribution 

during tum-off is shown by figure 6.10. It is assumed that during the 

turn-off process the cathode stored charge is removed by external circuitry 

associated with the cathode switch. Anode current remains constant during the 
initial stages of turn-off due to the load conditions. With the cathode open 
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Figure 6.10 gto Turn-off Minority Charge Distribution 

circuit, anode current is sustained by minority electrons leaving the p-base 

and diffusing to the anode and minority holes diffusing from the n-base to the 

gate. Ile carrier gradient remains constant to satisfy the anode tenninal 

current. At the same time the excess majority carrier stored charge is 

removed. 'Me gto storage time occurs from the initiation of tum-off until 

the charge distribution shown by figure 6.10b is reached. At this point the 

excess stored charge has been removed and the central junction depletion layer 
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starts, to extend as carriers continue to be removed by the anode current. 

The cathode switch is operated without a conventional R-C-D snubber and a 
large reverse bias depletion layer is rapidly established across the central 
junction, figure 6.10c. The anode current is still unchanged and the 

depletion layer extends deeply into the low concentration, wide n-base 

sweeping out stored charge. At maximum device voltage a large charge 

concentration, with a long lifetime, remains in the n-base. A small short 
lifetime electron concentration remains in the p-base. Anode current starts 

to fall as the remaining p-base charge is rapidly consumed and can no longer 

maintain the full anode current, figure 6.10d. 

The remaining n-base minority hole charge, Qh(O), determines the starting 

magnitude of the tail current, It * With the cathode open circuit the tail 

current is conducted from the anode to the gate. The carrier gradient is 

determined by the anode junction forward voltage and the width of the 
depletion layer. The anode junction has been unaffected by the turn-off 

process so far and the junction voltage is that required to satisfy the anode 

terminal current magnitude. The voltage decreases with decreased anode 

current resulting in a decreased stored charge of both the anode region and 

n-base. The central junction depletion layer (dl) width depends on the 

applied reverse voltage which is equal to the rail voltage. Increasing the 
d. c. voltage rail increases the carrier gradient resulting in a higher 

magnitude for It and a reduced Qh (0), figure 6.1 Ia. Increasing the forward 

anode current again results in an increased carrier gradient and a consequent 
increase in It and Qh (0), figure 6.11 b. 
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Figure 6.11 n-base Minority Hole Charge 

To determine the form of the tail current after the current fall, the time 

dependant charge continuity equation for the minority holes is applicable [371. 
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I This equation gives the minority carrier distribution as it varies with both 

position and time across the n-base. If the number of carriers in the n-base 
is considered in total, the position variable can be eliminated. The 

variation of the total excess hole charge with time can be determined and 
hence the tail current. This is a well-known method of determining switching 
behaviour of semiconductor devices and is termed the "method of charge control 

parameters". The variation of excess hole charge with time, Qh(t) in the 

n-base is given by equation 6.8. 

Qh (t) = Cexp[-t/-r. I (C) 6.8 

Qh (t) is continuous at t=0 and the constant "C" can be determined by 

equation 6.9. 

Qh (0) = Qh (0k) = 't TF =C (C) 6.9 

-r, is the forward transit time and is given by equation 6.10. -% is the hole 

lifetime and -cý has been given by equation 6.1. 

1 /-rl =1 /-rh (S- 1)6.10 

Substitution into equation 6.8 for C from equation 6.9 gives the variation of 
total hole charge and is shown by equation 6.11. The total hole charge to be 

removed is It "r - 

Qh(t) = lt-rFeXP[-t/-rF' (C) 6.11 

The magnitude of the anode diffusion current or tail current, ia, can be found 

by differentiating equation 6.11 with respect to time and is given by equation 
6.12. The anode current is predicted to be exponential in shape yielding the 

expected gto tail current. 

i. (t) = It expf-t/-r. I (A) 6.12 

The tail current is largely dependant on diffusion of the n-base charge to the 
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terminal contacts. The current is not driven by external circuitry and 
depends only on the variation of charge with time. The hole charge should be 

minimised to reduce the tail current and decrease turn-off losses. Reduction 

of hole charge is achieved in the device if it is used close to its breakdown 

rating as shown by figure 6.1 la [30]. The depletion layer extends deeply into 

the n-base with the width proportional to "ak according to equation 2.1. The 

carrier gradient is increased resulting in an increased initial It The 

increased depletion layer reduces the effective base width, wb and according 

to equation 6.1 reduces Tb and hence -r.. Tb becomes very small and from 

equation 6.10 -rr = Tb. The tail associated energy loss can be found from the 
integral of the switch voltage v. , and current, i. . Assuming the gto supports 

the rail voltage at turn-off, the switch tail loss, Et . is given by equation 
6.13. 

. 

Et =. J' v. i. dt =. f- Vr i. dt = Vr 't "F (J) 6.13 

As the d. c rail voltage, Vr I increases the initial tail current magnitude, It 

tends to the turn-off load current level 1L * The forward transit time, -r" , 
decreases towards zero as the effective base width reduces. The tail loss is 

decreased if the device is used close to its voltage rating. As discussed for 

the bipolar transistor. punch-through is the usual forward voltage breakdown 

mechanism at very low temperatures. At the normal higher operating junction 

temperatures. breakdown is due to avalanche. The n-base width is larger than 

required to allow safe operation at low temperatures and consequently the 

effective base width cannot be reduced to zero at higher operating 
temperatures. Figure 6.12 shows an n buffer in the n-base forming the anode 
junction. Ile optimal n-buffer would decrease the minority excess hole charge 

Figure 6.12 gto Thyristor n Buffer 

149 



in the area unaffected by the depletion layer since it would depress p. 1 by 

providing a large source of electrons [38]. The hole lifetime, -%, would be 

reduced by about two orders. Reducing -% achieves a consequent reduction in 

'rF ' (. r, ý: T-h EPn 1 1), with a decrease in the tail loss. The n buffer would also 

allow a higher voltage breakdown level since the depletion layer would be 

contained by the n region. The buffer reduces the anode injection efficiency 
with a consequent increase in on-state voltage and gate current required to 
turn on the gto. The tail loss severely limits the switching frequency for 

the gto and an increase in conduction loss would be more than compensated for 

by a reduction in the tail loss. High voltage gto's (>3,000 V) are limited to 

a few hundred Hertz switching frequency and the gain achieved in reducing the 
tail loss would be beneficial. Selective lifetime killing in the n buffer 

would be very effective in reducing the n-base excess hole charge lifetime. 

again reducing -r,. 

Figure 6.13a shows the conventional anode short gto. At turn-off, the cathode 
current is diverted to the gate. The current filament is pulled to the p-n-p 
regions promoting anode injection and delaying stored charge removal. 
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Figure 6.13 Anode-shorted gto Structure 

Interchange of the p+ anode and n+ shorts, figure 6.13b, has advantages in the 

cathode-switched gto [381. At turn-off, the current filament is pulled 
towards the n+ region which provides a large source of electrons. The excess 
hole charge is reduced. The turn-off is now similar to the emitter switched 
transistor due to the dominant n-regions. There is an added advantage during 

the on-state. Current flow takes place in a true vertical pnpn thyristor 
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section, reducing the on-state voltage and gate turn-on current. The 

structure of figure 6.13b is similar to that of the double-gate gto, figure 

6.13c. 

The above discussion has highlighted the advantages of a cathode switched gto. 
The voltage rating, current rating and dv/dt rating of the gto are increased, 

while storage time is reduced by an order of magnitude. There is no 
limitation on reverse gate current and the gto does not suffer current 

crowding at turn-off. The gto tail current is unaffected by the cathode 

switch and dominates the device losses. Device fabrication techniques and 

cathode switch operating conditions have been discussed to reduce the tail 

current and hence tail associated loss. The cathode switch provides an easy 

solution to deriving the negative gate current drive at turn-off and may be 

used with a conventional R-C-D snubber if required. Under these conditions 
the benefits discussed above are maintained with a consequent reduction in 

device loss at turn-off. The cathode switch can be operated without a 

conventional R-C-D snubber as the fast switching times achieved allow a safe 
traverse on the periphery of the SOA. True high frequency operation can only 
be achieved with access to the p-base region allowing extraction of the stored 

n-base charge by external circuitry. 

6.2.1 The Double-Gate GTO Thyristo 

Recently developed is the double-gate gto with access to both the n-base and 

p-base, figure 6.13c [39]. The device developed by Toshiba has a 6000 V 

breakdown rating using an n-base buffer to achieve the high voltage rating. 
The buffer also reduces n-base lateral resistance below the anode region, 

reducing current crowding effects and preventing uneven reverse bias across 
the anode junction. Conventional turn-off of the device from the n-base has a 

saturation delay time of over 50 ps. Once the n-base excess stored charge is 

extracted, the small p-base stored charge is removed virtually eliminating the 

tail current and reducing the tail associated turn-off loss by a factor of 20. 

With a saturation delay of 50 ps, accurate timing is required between the two 

gate drives for minimum turn-off loss. If the p-base charge is extracted 
before the complete removal of the n-base charge the device voltage will start 
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to rise as the depletion layer is formed at the central junction. 'Me 

remaining n-base charge will be removed as a tail current increasing turn-off 
losses. 

Figure 6.14 shows the double-gate gto cascode switch. Figure 6.14b shows the 

switch based on the practical circuit discussed in section 6.3. At tum-off, 

the anode switch, Tr,:., is opened and anode current diverted to the upper 
gate. The saturation delay time to remove the excess n-base stored charge 
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Trc, 

(cl 

4 p 

p 

(b) 

-- to 

- -tO+t sa t 

Figure 6.14 Double-gate gto Thyristor Cascode Switch 

would typically be reduced to 5 /is. At this point the switch voltage would 

start to rise forming the central junction depletion layer. Detecting the 

rise in voltage activates the cathode switch, Tr 
CA' 

Ilie remaining small 

p-base charge is rapidly extracted through the lower gate, typically in under 
I ps. The tail current is virtually eliminated and the gto would turn off 
like a p- n diode during reverse recovery, similar to the emitter switched 
transistor. Turn-off losses are minimised by adaptive synchronisation using 
the voltage rise to trigger the cathode switch. The switch could provide 

unltrasonic operation at considerable voltage and current levels. 

6.3 EMITTER SWITCH CIRCUIT OPERATION 

Application of the emitter switch theory discussed in section 6.1 led to the 

construction of the circuit shown by figure 6.15. The circuit is based on the 

optimal bridge configurations discussed in Chapter 3 and incorporates many of 
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the circuit techniques already discussed. The upper switch shown as SI would 
have identical form and associated circuitry to the lower switch. Circuit, 

components parts necessary to the operation of both switches have been shown. 
These consist of the freewheeling diode (D2) and spongy clamp (C2, RI, D3). 

Figure 6.15 Emitter Switch Circuit Diagram 

PARTS: Trl = DTIOO-900; Tr2 =4x IRFPO5OX; Tr3 =2x IRFP05OX; 

Tr7 = 2N6274*, Tr4-Tr6, Tr9 = MTH30N20; Tr8 = ZTX751; DI = DSF5712, 

132-134. D7-DIO = BYT30PI1000; D5 =2x BYT30PI1000; DI I= BA159, 

D6 =2x MBR3045; (D 12, D 13) = MUR3060; D 14-D 17 = MUR I 10; 
R3 =2x 22R, 50 W; RI, R2 =2x 2R2,50 W; R4 =6x 18R, 2 W*, 

R6 =8x 22R, 2 W; R7 =6x IOR, 2 W; R8 =4x IOR, 2 W, R9 = IOR-, 

RIO 4x 2ýR, 2 W; RI I= IK; C2, C3 =2x0.47 juF, 1000 V; 
C4 2x0.22 jjF, 1000 V; C5 = 2n2,1000 V; CII=4x 22 nF, 50 V; 

C7, C9 =2x 500 pF, 1000 V; C8, CIO =2x 2n2,1000 V; 

C12 100 nF, 50 V; ZD4, ZD6, ZD7 = 77 V, 15 W; ZD2 =4x 30 V, 5 W; 

ZD3 4x 15 V, 5 W; ZD5 = 68 V, 25 W; ZD6 5V6, IW; Ll = 210 jjH; 
LS I core =2x T22, Siemens; LS2-LS4, CT5 core 2x FX4053, 
CT3 E-core =2x FX3750; 
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6.3.1 Switch Tum-On 

Turn-on is initiated by simultaneously closing mosfets Tr2, Tr4, Tr5 and 

opening mosfet Tr3. Mosfets Tr6 and Tr9 are already open. A base current 

pulse of 20 A peak (peaked by C12-) and 12 A steady state is provided to Trl 

from Ti4. The collector voltage is monitored and when it falls to zero Tr4 is 

opened, interrupting the base current. Optimal charge has been transferred to 

TO to initiate current rise. While the switch voltage falls, the saturable 
inductor, LS2, supports the rail voltage, limiting current rise and hence 

turn-on losses to a negligible level. To enable the switch to operate at 
100 kHz on ad. c. rail of 720 V it was necessary to minimise switching losses. 

The saturable inductor was included to achieve this. Within 100 ns of the 

collector voltage falling to zero, LS2_ saturates and collector current 
increases rapidly. The current rise is controlled by the centre-tapped 
inductor, U. L3 is air-cored, being wound on a non-magnetic former and 

contributes 2.3 /iH to a total turn-on snubber inductance of 3 juH. 

The collector current rises at 200 A/ps until diode DI recovers. During this 

period the transistor base current is provided from the secondary winding 
CT3 

B9 of current transformer CT3 via mosfet Tr5. Transistor TrI has a d. c. 

current gain of at least 5 up to 250 A, the maximum collector current 
including diode recovery. The "boost" secondary winding, CT3 

B. 
has a turns 

ratio of 2: 5. providing 2/5 of the collector current directly to the 

transistor base. Series components are minimised in the secondary circuit to 

reduce transient delay effects. The boost base current level is required to 

reduce the effect of base transit delay time as discussed in section 6.1. 

With the base driven with this boosted current during high collector current 
di/dt, the transistor will still desaturate. The value of turn-on snubber 
inductor, U, is the minimum required to keep transistor TrI within the FBSOA. 

After diode recovery, the collector current falls to the load current level. 

The excess energy stored in L3 by the reverse recovery current is transferred 

to the upper spongy clamp and dissipated (133, C2t RI). Excess energy is 

stored in the air-cored inductance of LSZ and the leakage inductance of CT3. 

This energy is dissipated in the loop formed by Trl, TO and D2. At diode 

recovery, the on-state voltage of transistor TrI has risen to a maximum of 
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typically 30 V. The collector voltage is monitored and base current is 

provided from the boostwinding until the collector voltage has been driven 

back down towards quasi-saturation. Mosfet Tr5 is opened, breaking the 
boosted base current. 

Simultaneously as Tr5 is opened, mosfet Tr6 is closed. the secondary current 

of CT3 is transferred to the steady state winding, Ms. Excess energy stored 
in the leakage inductance of CT3 by the boost current is dissipated in ZD5. 

ZD4 provides the transient parallel current path controlling switch Tr5 

over-voltage. ZD5 is arranged to be of lower voltage than ZD4 and divert the 
boost current from the transistor base, preventing saturation. The boost 

current flowing'in leakage inductance L'IB ' will decay according to 
VZD5 Z_ LIB diý /dt. ZD5 is a high voltage zener diode to rapidly effect the 

transfer of current from the boost winding to the steady state winding. 

During the steady on-state the collector current increase will be controlled 

by the filter inductors LI and L2. The rate of change is comparatively small 

and transistor base transit time is negligible. The turns ratio of the steady 

state winding, CT3s 9 
is 1: 5 providing 115 of the collector current to the base 

circuit. This satisfies the worst case d. c. current gain of transistor TrI, 

which is 5 at 200 A and low V 
ce 

The basic emitter switch shown by figure 6.1 used a conventional bakers clamp 
(D,,, DI) to keep the transistor in quasi-saturation. The collector diode, DH 

must be rated at over 720 V and up to 40 A. At best the diode could be a fast 

recovery, epitaxial device. When the switch turns off, the collector voltage 
is clamped to the base voltage by the recovery of D.. At high load current 
levels, significant reverse recovery current flows in DH until it recovers 

causing many problems with the base associated circuitry. During the steady 

on-state the collector voltage is monitored by the signal diode DII figure 

6.15. This signal is used to regulate the base current to TrI using the shunt 

of TO and Tr8 [131. The collector voltage is set by the two series diodes D7 

and DS which achieve quasi-saturation. As diode DII is a signal diode it does 

not cause problems associated with reverse recovery. The transient response 

of the shunt is inferior to the bakers clamp. If the bakers clamp forms a 

compact design around the transistor, current can be rapidly diverted between 

155 



the two diodes, D. and DI 
,, as stray inductance is minimal. Transient response 

of the clamp is reduced by the operating delay in the transistors TO and Tr8 

and the increased loop stray inductance. The network formed by D16, ZD8 and 
RII in figure 6.15 significantly improves the otherwise poor response of the 

shunt. As the collector voltage rises, DII blocks and the storage time of Tr8 

can be long, delaying current diversion from the shunt to the transistor base. 

Th e added network now removes excess base charge of Tr8 reducing current 
transfer time. A compact circuit layout reduces stray inductance and improves 

transient response. 

From turn-on until the initiation of tum-off the transistor has been operated 

with optimal base current, maintaining the transistor as close to 

quasi-saturation as possible. The 3-stage, adaptive base control ensures that 

a command to, turn the switch off will achieve the shortest storage delay time. 
The drive ensures the transistor stays within the SOA during high collector 
current di/dt. The switch drive requirements are minimal, requiring only low 

power mosfet drivers. The high power base drive is derived from the current 
transformer ensuring the switch is easily driven. 

6.3.2 Switch Tum-Off 

To turn off the emitter switch, simultaneously mosfets TO, Tr6 are opened and 

mosfets TO, TO are closed. Mosfets Tr4 and Tr5 are already open. The clamp 

mosfet, Tr3, replaces the conventional parallel combination of a capacitor and 

zener diode, that was shown by figure 6.1 (C,,, ZD,, ). At high current 

operation, capacitor C', is rapidly charged and the voltage clamping zener ZD" 

must dissipate significant power. The conventional approach has further 

adverse effects. It delays the transfer of emitter current to reverse base 

current and capacitor C., is likely to oscillate with parasitic inductance, 

generating unwanted forward base current. Before turn-off, forward switch 

current flows in stray circuit inductance. The clamp circuit, figure 6.15, 

Tr3, D6 also incorporates stray inductance. When cascode mosfet TO is 

opened, the emitter current is transferred to reverse base current, delayed by 
loop stray inductance. The voltage forcing the transfer is the emitter ' 
voltage or blocking voltage of Tr2 less the base voltage of TO. By replacing 
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the conventional base circuit with the clamp, Tr3, the base is clamped to 0 V. 
The voltage impressed across the stray inductance is the blocking voltage of 
Tr2. Emitter current falls according L di. /dt and the transfer to VT 

R2:::::: ST 

time of emitter current is minimised as required. The cascode mosfet has a 
breakdown voltage of 50 V to allow a high current rating device. The device 

voltage is clamped to 45 V by ZD2 (30 V) and ZD3 (15 V) achieving maximum 

voltage across the stray inductance. Mosfet Tr2 is rapidly turned offand an 
R-C snubber (RIO, C1 1) controls transient voltage over-shoot compensatiqg for 

the delay in ZD2 and ZD3. Emitter current is transferred at over 1000 A//Is. 

The zener diodes dissipate the energy stored in the stray inductance and can 
be low power devices if a compact circuit layout is used. 

At the instance of turn-off, base drive mosfet Ti-6 is opened to remove the 

unwanted base current. Mosfet TO is closed and the current of CT3 
B 

is 

transferred to the path formed by D13, Ti-9 and ZD3. The transfer time is 

dependant on the clamping voltage of ZD7 (77 V) which is impressed across 

stray inductance. Diode D12 is included to ensure current diversion if 

turn-off is initiated during the boosted base drive period. It is not 

necessary to divert current from the base circuit during the transfer since 
the clamp will conduct and prevent forward base current. The emitter junction T'rJ- 

will appear as a short circuit until junction recovery and the current of 
CT3 will take this path in preference to ZD2. The current flows to the clamp 

and continues until recovery of the emitter junction. At this point the 
breakdown voltage of ZD2 (30 V) is less than the series breakdown of ZD3 and 
the emitter junction. Having recovered the emitter junction, the current from 

TO is diverted to ZD2 to prevent avalanche breakdown and reduce dissipation 

in Trl. The charge stored in the emitter region is proportional to forward 

switch current. By current transformer action the recovery current is equally 

proportional. The recovery current is adaptive and recovers the emitter 
junction before switch voltage rise. 

The maximum clamp current is equal to the collector current plus the reverse 

emitter current, or 1.2 times the collector current. The clamp conducts this 

current for the majority of the storage time which is typically less than 
I us. The clamp mosfet and diode must have a high pulsed current rating but 
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require only a low continuous rating. Mosfet and Schottky technologies are 
suitable; utilising the high pulsed current rating of each. The series diode, 

D6, is required to prevent reverse switch conduction due to the parasitic 
diode of mosfet, Tr3. When the switch current falls, the stray inductance of 
the clamp circuit and transistor TrI base lead ensure base circuit current 

continues. The source connection of mosfets Tr2 and Tr3 was fonned of a2 cm 

wide, 3 mm thick, copper busbar to reduce stray inductance effects. At a 
typical current fall of 2000 Alus, up to -60 V is induced in this copper bar. 

This negative voltage transient appears at the transistor base and increases 

the collector-base over-voltage. Transient over-voltage must remain within 
the V 

CbO 
breakdown rating. The continuing clamp current finds a path through 

the parasitic diode of TO and avalanches the emitter junction of Trl. 

Parallef base-emitter circuits have been avoided to ensure that parasitic base 

current oscillation cannot occur. The avalanched junction must dissipate the 

stray inductance associated energy which is small if a compact circuit layout 

is used. 

During the storage time, transistor TrI is conducting from collector to base. 

At current fall, a parallel path is necessary to take the collector circuit 

current which is continuous. Ideally, the snubber would be connected between 

collector and base. This is unsuitable as forward base current must be 

elminiated at all costs. A compromise is necessary and two small R-C snubbers 

are used to control transient switch over-voltage. The snubbers provide the 

required parallel path until the usual spongy clamps operate. The first R-C 

snubber (R6, C8) by-passes the switch and clamp forming a low inductance path 

to the 0V star connection. This snubber provides a transient parallel path 
for the collector and 0V line stray inductance. The second R-C snubber (R7, 

CIO) by-passes transistor TrI forming alow inductance path to the base 

circuit. The snubber current must find a path by-avalanching the emitter 
junction but is preferable to inducing forward base current. The snubber 

provides a low inductance path for the collector and base stray inductance. 

Both snubbers take advantage of their low time constant, requiring only a low 

power resistor as discussed in Section 3.5.1. 

Once the switch voltage exceeds the rail voltage, the upper spongy clamp (134, 
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C3, R2, LS3) and lower spongy clamp (D5, C7, C4, R3, LS4) circuits come into 

operation. The reset of a saturable inductor has already been discussed. The 

reset of the current transformer CT3 is similar and dominated by the 

magnetising inductance. Capacitor C4 is arranged to be of low value such that 
the extended oscillation caused by the increasing inductance of CT3 and LS I 
does not unduly effect the reset time. The initial oscillation of the lower 

spongy clamp will be between the air-cored and leakage inductance of LS I and 
CT3 and the clamp capacitor C4. This value of inductance must be low to 

prevent excessive voltage on C4 according to equation 3.2. This places a very 
tight design on the two series components. LSI is constructed with one turn 

and the ferrite cross-sectional area selected for the required saturation 
delay time. Typical transformer models show that leakage inductance is 

proportional to the number of turns [401. By winding CT3 with only two 

primary turns kept its leakage inductance to an acceptable level. The penalty 

paid. is an increase in magnetising current, increasing the minimum operating 
frequency to prevent saturation. The series parasitic inductance of LS I and 
CT3 constributes 0.7 IiH to the total turri-on snubber inductance of 3 'UH. 
Since C4 is a low value capacitor (0.44 #F) its voltage rises rapidly as LSI 

and CT3 are reset to their magnetising current levels. Clamp capacitor C3 is 

of a higher value (1.0 gF) and ensures maximum volts appear across LS I and CT3 
by effectively clamping the top of LS I to V. . Reset of the turn-on snubber L3 
is performed by a longer time period oscillation with clamp capacitor C3. 

Significant over-voltage appears on the clamp capacitors C3 and C4 causing 

current to divert to the discharge resistors. This increases the reset time 

of the collector circuit components to an unacceptable value. The addition of 

saturable inductors in the discharge path prevents this diversion until full 

reset has been achieved. After this point the inductors saturate allowing 

conventional R-C-L discharge. Since voltage headroom is not of a premium 
there is no benefit in allowing partial discharge before reset is complete. 
The minimum off-time for full reset of the collector components is 3.0 ps, 

achieved by using the two spongy clamp circuits shown. 

A3 lis, 5A reverse emitter current pulse is provided by CT4 which overlaps 
the turn-off time. The current swamps any small parasitic forward base 
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current oscillations and acts to cut-off the emitter junction at low collector 

current levels. CT4 ensures the emitter switch will turn off if the turn-off 

gain of TrI falls below unity. A current transfon-ner was used due to the high 

transient voltage excursions at the point of connection. During the steady 

off-state, the emitter junction is held in reverse biase by the R-C snubber of 
Tr2 (RIO, CI I). The capacitor slowly discharges providing emitter junction 

reverse leakage current. 

In summary the emitter switch circuit discussed above attempts to implement 

the important operating concepts discussed in section 6.1. The transistor is 

optimally driven with a 3-stage base current circuit that is adaptive to 

collector voltage change. Initiation of tum-off at any time achieves minimum 

storage time. The base circuit switches are all mosfet technology, ensuring 

the emitter switch is easily driven by a low power driver. At turn-off, 

forward base current is eliminated by several adaptive circuits. A minimum 

off-time of 3 ps is achieved by using an upper and lower spongy clamp. 

6.3.3 Circuit Construction 

As discussed earlier, the amplifier is to be water cooled. Advantage is taken 

of this to produce a compact layout. The transistor TrI and freewheel diode 

DI are both hockey-puk packages and mounted between two water cooled 

aluminimurn blocks, figure 6.16. The four blocks are clamped by two studs but 

the diode and transistor blocks are electrically isolated from each other. 
The cascode mosfet, TO, is formed by four parallel IRFP050X devices J03P, 

50 V, 60 A). These are directly mounted onto the emitter block achieving 

electrical connection through the package. The clamp circuit, Tr3, D6, is 

formed by 2 MBR3045 Schottky diodes (T03P, 45 V, 30 A) and 2 IRFP050X 

mosfets. The clamp components are mounted onto a copper busbar and connected 

via their packages to minimise stray inductance. The clamp circuit is 

connected physically close to the transistor base lead. The above components 
form the critical part of the circuit layout. The remainder of the mosfet 

switches, Tr4-Tr6, TO, are MTH30N20 devices (T03P, 200 V, 30 A) providing 

a more than adequate voltage rating and suitable pulsed current rating. The 

spongy clamp and series base diodes, D3-D5, D7, D8, are BYT30PI-1000 devices. 
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Figure 6.16 Physical Construction of the Emitter Switch 

These provide high pulsed current rating and low transient impedance or 
turn-on time. The shunt diode, D 11, is a BA 159 device (1000 V, I A). The 

shunt transistors are 2N6274, TO, (npn) and ZTX75 1, Tr8, (pnp). All zener 
diodes are low power, 5 W, plastic package devices. Emphasis is placed on 

compact circuit layout utlising high pulse rating components. Where possible 

components are directly mounted on the aluminiurn blocks or copper busbars for 

circuit compactness and reduction in stray inductance. The freewheel diode 

block is connected to the switch block through the snubber inductor, current 
transformer and saturable inductor. The emitter switch driver is mounted 

close to the power module in a shielded steel box to limit RFI induced noise 

problems. 

6.3.4 Circuit Technique 

The complete switch driver circuit is shown in Appendix VI. The emitter 

switch is provided with two levels of protection. The first is linear 

detection and looks for the transistor voltage to rise above a preset level. 

This can occur during over-drive conditions or base drive failure. The linear 

detection circuit is similar to that used for the 6 kW module and utilises the 

temperature independant, high threshold voltage of 74AC technology, figure 

5.11. A similar circuit is used to detect the transistor on-state voltage 
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reaching quasi-saturation after diode recovery and interupting the boosted 

base current. Voltage fall is detected by the same circuit to interrupt the 

turn-on pulse. Diode recovery is detected by CT5. Maximum recovery time can 
be determined for the diode at maximum load current and temperature. If the 
diode has not recovered within this time it is deemed to have failed and the 

switch is turned off, providing the second level of protection. At diode 

recovery, the voltage at the detection point, CT5, will fall negative due to 

transient delay in the clamp circuits. This negative voltage cannot be 

prevented from reaching the control circuit and severe noise problems are 
induced. Reverse recovery is detected by the circuit shown in figure 6.17. 

BYF20 

1. 

B 206 
14 1k ov C" 1nF CT5 

1: 15 nn lilt 

Figure 6.17 Diode Recovery Detection Circuit 

The circuit provides electrical isolation, eliminating noise induced problems 

with the driver. At diode recovery, the primary current starts to fall and 
hence the secondary current. The voltage across 14 reverses and a negative 

pulse is provided to the input of the control circuitry. Soon after diode 

recovery, CT5 saturates and is reset at switch turn-off. If the circuit has 

not been latched within 1.5 us the switch is turned off to prevent device 

failure. The signal that indicates diode recovery has occured is used to 

enable the quasi-saturation detection circuit. If the transistor does not 

reach quasi-saturation within 4 /is, a fault condition is determined and the 

switch is turned off. The signal that indicates the transistor has reached 

quasi-saturation is used to enable the linear detection circuit. 

The mosfet gate driver for the cascode mosfet is identical to the driver used 
for the 6 kW H-bridge, figure 5.10, and utilises the high speed opto link, 

figure 5.8. The clamp mosfet is driven in antiphase to the cascode mosfet, 

again with the same translation stage, figure 5.10. Mosfets Tr4 - Ti-6 have 

their source connected to the base of transistor TrI. During the steady 
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on-state. the base voltage will be at a maximum of 1.5 V with respect to 0 V. 
The mosfet driver has a voltage rail of + 15 V, therefore achieving aVgr. of 
13.5 V for Tr4 - Tr6. rd, I ,) 

for the mosfets will be acceptably small. 
During high base current di/dt at both turn-on and turn-off the base voltage 

can change by ±60 V. Mosfets Tr4 - Tr6 are driven with the circuit shown by 
figure 6.18. Under steady state operation, the mosfet is driven by the usual 

+1 5V I llo-t'tr- 

fa 1R db 
1: 1 dcl 

1R db PlR 

JL 560R 
0 1.5/ils JnF Q trb 
I 

trb 

dc rd 
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S 

Figure 6.18 Boosted Mosfet Gate Drive Circuit 

translation stage of tr, and trb. At tum-on, the mosfet drive is 

supplemented by the pulse transfonner cta. ct a 
keeps Vg3 at + 15 V regardless 

of base voltage excursions. After 1.5 us the drive from ct a 
is removed. 

During the on-state, transistor trc is held off by diode d., and transistor 

tr 
a must provide continuous current through ra and rc. At turn-off, da is 

reverse biased and trc rapidly discharges the mosfet gate capacitance. 

Negative source excursions up to the breakdown voltage of tr, and d. can be 

tolerated. Transistor trc holds V., at 0V regardless of base voltage 

excursions. 

The source of mosfet Tr9 is at an indeterminate voltage. Mosfet Tr9 conducts 

current during the storage time of TrI and during the current fall in CT3,. 

This has a maximum time period of 2 us and consequently TO can be 

satisfactorily driven with a pulse transformer. Tr9 is driven with an 
identical circuit to figure 6.18 with the on-pulse extended to 3 /is and with 
the translation stage of trý to tr, removed. 
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6.3.5 Current Transformer Analvsis 

Figure 6.19 shows the equivalent circuit of the current transformer CT3. At 

tum-on of the emitter switch, base current is provided by the boost winding, 
"B", via Tr5. Collector current and hence primary transformer current rises 

at 200 A/ps during diode recovery. The boost winding voltage rises to 20 V to 

overcome the stray circuit inductance and transformer leakage inductance , L, 
B 

voltage drops. An e'quivalent voltage is generated across the winding SS. 

Mosfets Tr6 and TO must block at least 40 V to prevent CT3 secondary current 
flowing in winding SS and reducing the boost base drive current. 
I 
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Figure 6.19 Current Transformer Equivalent Circuit 

The secondary winding of CT3 is wound with 10 turns, the boost winding being a 

ýentre tapped connection. Since windings B and SS are identical, it can be 

= and RB 
= Rr expected that L'1 

Bs of the equivalent circuit. The primary 

winding is wound with two turns. Using a small number of turns reduces both 

leakage inductance and magnetising inductance, causing magnetising current to 
increase [401. The transfer of current from the boost winding to the steady 

state winding is initiated by opening Tr5 and closing Tr6. Before the 

transfer an energy of 1/2. (L IB+LSt (B) 
)ý2 is stored in the leakage and stray 

inductance of the boost circuit. After the transfer, the stored energy is 
2 

reduced to 1/2. (LB + Ll.,., + Lst(ss))is The stray wiring inductance, Lst, 

is similar in the two circuits and I.,,, = Ll,,., L, . According to the turns 

ratio, ý= 2i. and therefore an energy of iS2 (L1 + 3/2. L, 
t) 

is dissipated in 

the zener clamps. The transfer time is dependant on the zener voltage, VZD5' 

and total inductance in the two circuits. Maximising V, 
., D5 achieves a rapid 
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transfer from boost to steady state current. Losses are independant of zener 

voltage as shown above, but are proportional to inductance. Decreasing the 
leakage inductance (small number of turns) and stray wiring inductance 

(compact circuit layout) reduces both the zener loss and current transfer 

time. 

The transformer primary current, ic I is formed of winding current iP and 

magnetising current iM (neglecting the small core loss associated with ic). 

The primary winding voltage has been determined by the secondary circuit 

conditions during the on-state. The reflected voltage causes the magnetising 

current to increase accordingly to v=L di /dt. Neglecting leakage and MMM 
resistance effects and assuming the steady state winding dominates the 

on-time, then vm = ý6 v. . v. is determined by the loop voltage drops of D 10, 

Tr6, D7, D8, Vb 
. of TrI and the on-state voltage of Tr2 and has a maximum 

value of 8 V. The maximum on-time is that for i to increase to the core 

saturation level. Using equation A2. i of Appendix II, the maximum on-time is 

given by equation 6.14. 

AB /v = 5/8. AB = 50, us (s) 6.14 on(max) Ns 
sss 

where B5 core saturation flux density = 0.4 T 

A core cross-sectional area =2X 10 -4 m2 

When the emitter switch is turned off, the transistor collector current falls 

and the transformer primary current is no longer determined by the load 

conditions. Assuming the emitter junction of TrI has recovered then the 

secondary transformer current will be flowing in zener diode ZD2. ZD2 clamps 
the current transformer output to 30 V. Neglecting resistance effects, this 

voltage is impressed across the leakage inductance, Llss and L1B. The secondary 

current, i, will decay to zero according to VL )dir /dt. Since S ZD2 - 
(LI 

SS+1B 

iP= 5is , the primary current will decay to the magnetising current level, iM 

The secondary current cannot reverse because of series diodes D9 and D 10. The 

magnetising current must continue and flows to the lower spongy clamp circuit. 
An L-C oscillation is formed between L and the clamp capacitor, C4. The 

M 
voltage across the transformer reverses and the magnetising current is reset to 
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zero. The L-C oscillation has a frequency of 1/(2nvf[L C ]). A negative voltage m4 

of 5 vM appears across DIO and 2.5 vm across D9. Before diodes D9 and D 10 can 
support the reverse voltage they must recover. Recovery current flows in ZD5 

and D17 respectively, preventing avalanche of other base associated components. 

In parallel with the current transformer resetting, the saturable inductor is 

reset. At switch tum-off, the current in the saturable inductor flows through 

the current transformer primary voltage of 6V (caused by the reflection of 
VZD2 ). The current then flows to the clamp capacitor, chargining C4. The clamp 

voltage is impressed across LSI as the transformer voltage is determined by the 

secondary circuit. The current in LS1 falls to the magnetising current level 

when an apparent increase in inductance occurs as the core is reset. Since 

ýs1 must equal i CT3 ' the overal-I reset is a balance of effects discussed above. 
At all times the equation V= Ldi/dt must be observed and the clamp voltage is 

distributed across the series inductance components to ensure this. 

6.3.6 Emitter Switch Performance 

Typical emitter switch waveforms are shown by the following figures. Current 

measurement was performed with a Tektronix current probe P6021 and voltage 

measurement with P6009, XIOO, 120 MHz probes. Waveforrns were recorded 

with a digitising oscilloscope, HP-541 IID. The waveforms were recorded 

with a load current of 200 A at turn-on rising to 220 A at turn-off and a d. c 
rail voltage of 600 V. The emitter switch voltage, Vcs , is a good 

approximation to the transistor voltage at turn-on since the cascode mosfet 

voltage is approximately zero. At turn-off, the cascode mosfet supports a 
constant 45 V which can be seen across the switch during transistor storage 
time. At collector current fall, the transistor emitter is clamped to zero by 

the mosfet parasitic diode and the switch voltage is the transistor voltage. 
Figure 6.20 shows the 3-stage base current control. The turn-on pulse is 

removed shortly after'collector voltage fall. The boosted base drive is shown 

with a peak current of 100 A corresponding to a peak diode recovery current of 
250 A. The transfer from boost drive to steady-state drive is effected by the 
transistor reaching quasi-saturation. The transfer takes 200 ns dissipating 

76 W at 100 kHz in the clamping zener ZD2. During steady state operation the 
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Figure 6.20 3-Stage Base Current 

Control Wavefon-ns 

base current is modulated by the shunt. Figure 6.21 shows the corresponding 

collector waveforms at turn-on. Turn-on loss is negligible due to the action 

of the saturable inductor LS 1. The saturable inductor can be seen saturating 
150 ns after the collector voltage reaches zero. Collector current rises at 
200 A/ps to a peak of 250 A. The transistor desaturates to 30 V at peak Ir r, 
Figure 6.22 shows the corresponding turn-off waveforms. Direct collector 

current measurement was not possible because of the introduction of stray 

V=150V/div t=120ns/div 1=50A/divV=150V/div t=200ns/div I=50AIdiv 
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Figure 6.21 Tum-on Collector 

Figure 6.23 Transistor Vc. 
X 

Rating 
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inductance resulting from probe insertion. Measuring the base current yields 
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sufficient information to determine the collector current waveform. Figure 

6.22 shows that emitter current is transferred to the base at over 1000 A/ps 

using the optimal snubber of the cascode mosfet. Reverse base current, lb 
r 

is increased above the collector current level by the emitter current injected 

from CT3. During the storage time the voltage across the cascode mosfet can 
be seen at 45 V. Storage time lasts for 750 ns before voltage rise occurs. 
Emitter junction recovery occurs 100 ns before the collector voltage rises. 
Collector voltage rises in under 200 ns to a peak of 765 V. The transient 

over-voltage occurs due to the delay in the voltage clamp circuits. 
Subsequently, the transistor voltage is clamped by the spongy clamp circuits. 
The collector current fall is drawn in by the dotted line and falls in under 
100 ns. 'Me base current shows the dissipation of stray inductive energy as 

the emitter junction is avalanched. The emitter breakdown voltage is 19 V 

while di/dt is 120 A in 200 ns. Dissipation in the emitter junction at 
100 kHz is an acceptable 20 W. The base circuit stray inductance is 30 nH 
(30 mm of wire). Figure 6.23 shows turn-off performance at a collector 

current of 300 A and a d. c. rail of 600 V. The transistor used (DT500 - 1000) 

has the ratings shown in table 6.1 The transient over-voltage exceeds the 

Vc 
or rating showing that the Vc 

0. rating is applicable for emitter switch 

operation. Maintaining voltage overshoot at the Vcor rating allows a headroom 

of 100 V for fault tum-off conditions etc. Figures 6.24a and 6.24b show the 

voltage increase on the two spongy clamps. The lower spongy clamp, figure 

6.24a is rapidly charged as current in CT3 and LS I is reduced to the 

V= 150 V/div t=500 ns/div I=50 A/div 
11 

,, 816 V- :: 840 V- 
VC 

4 
VC 

3 

-2 
0A 220 A 'C- 

-II --- - Z- ,I 
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(CL) 

Figure 6.24 Spongy Clamp Waveforms 
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magnetising current level. The upper spongy clamp, figure 6.24b, is charged 
over a longer time period ensuring maximum voltage appears across LS I and 
CT3 to effect a rapid reset. The voltage rise shows the expected sinusoidal 

shape as the saturable inductors LS3 and LS4 prevent premature discharge of 
the clamp capacitors. 

Three transistors of similar voltage rating but differing current ratings were 
tested. Device ratings are summarised in table 6.1. All devices were mounted 
in the hockey-puk package allowing ready comparison. 

v v ' I t t 
Cox cor cont max sat fi 

M M (A) (A) (PS) (us) 

DTIOO-900 900 800 200 300 8 1 

DT500- 1000 1000 850 400 500 9.5 1.5 

DT47-1050 1050 850 150 175 3.5 1 

Table 6.1 Transistor Device Ratings 

The devices were tested on a d. c. voltage rail of 500 V to 720 V. The voltage 

rail did not effect turn-off characteristics except for a small increase in 

voltage rise time to attain the increased supply rail. Figure 6.25 compares 
the voltage rise time of the three devices at 600 V. All three devices show 

t 
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Figure 6.26 Current Fall Time 
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an increase in rise time below 60 A as the collector current charges the 
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, device output capacitance and snubber capacitance at a constant rate. Since 

- UIL. Above 60 A the voltage rise shows two distinct IL C dv/dt, trv 
' 

portions, figure 6.22. The first portion is a parabolic rise to 50% of the 

supply rail as the collector junction recovery is completed. The second 

portion is the linear charing of the device output capacitance. The early 

parabolic rise increases turn-off losses and must be considered for power loss 

calculations. All three devices operate with a turn-off dv/dt exceeding 

3000 VI/js with the DT50011000 operating at 6000 V/ys. 

Current fall time of the DT500-1000 was measured at 70 ns for a turn-off 

current of 200 A. Current fall time for the DT47-1050 was 40 ns at 100 A. 

Figure 6.26 shows the variation of current fall time of the DTIOO-900 against 

turn-off collector current. The current fall time is maintained below 100 ns 

between 60 A and 200 A. Below 60 A, diversion of collector current to the 

snubber circuits increases the observable current fall time. Results showed 

that all 3 devices show at least a 10 times improvement in current fall time 

over conventional base controlled transistors. 

Figure 6.27 shows the variation of storage time with turn-off collector 

current for the three devices. The DT47, already being a faster device 

showed a5 times improvement. Both the DTIOO and DT500 had at least a 10 

times reduction in storage time. Storage time remains almost constant over 

the current range of 30 A to 300 A. This compares with a proportional 

relationship for conventional base driven transistors. 

fm) DT47 DT100 

DT50 

600 V Ir (A) 

lbo 260 300 

Figure 6.27 Storage Time Against Current 
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6.3.7 Emitter Switch Conclusion 

The emitter switch allows the bipolar transistor to be operated without a 

conventional tum-off snubber at frequencies in excess of 100 kHz. Storage 

time and current fall time are reduced by over a factor of 10 and remain 

almost constant over a wide range of turn-off collector current. The emitter 

switch allows the transistor to be used continuously at its maximum voltage 

and current ratings operating around the periphery of the SOA. 

The DTIOO-900 transistor was tested up to 260 A and 720 V. Current fall time 

was reduced from I ps to 100 ns and storage time from 8 /is to 600 ns. A 

minimum on-time of less than I us is achieved with an adaptive 3-stage base 

current control that attempts to maintain the transistor in quasi-saturation 

at all times. A minimum off-time of 3 lis is achieved with two spongy clamp 

reset circuits ensuring both linear and magnetic collector circuit components 

are reset. The DT500-1000 transistor was operated up to the limits of the 

power supply at 300 A and 720 V achieving a rating of 216 kVA. Again, storage 
time and current fall time are reduced by over a factor of 10 while turn-off 
dv/dt exceeds 6000 V/, us. The DT47-1050 was tested up to 140 A and 720 V. 

Current fall time was reduced by over a factor of 10 while storage time was 

reduced by a factor of 4. 

The emitter switch provides the basis of constructing the 24 kW D-class 

amplifier. Ratings of 720 V d. c., 62 A n-ns, 186 A pulsed and 100 kHz are 

easily achieved with either the DTIOO-900 or DT500-1000 transistors. By 

maintaining the transistor over-voltage below the Vc 
ar rating allows a 

headroom to the Vcex rating for fault condition turn-off. With current fall 

times below 100 ns at the operating levels required, switching losses will be 

minimal in comparison to the output power rating of 24 kW continuous and 
72 kW pulsed operation. Efficiencies calculated for the switch from the 

observed waveforms are in excess of 98% at the maximum achieved pulse rating 

of 216 kVA and higher at the normal operating conditions of 24 M 

The emitter switch remains easily driven by virtue of the mosfet technology 

used for base current control. The high power base driver requirements are 
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derived from a current transformer in the switch collector. The emitter 

switch has many further applications. Examples are true high power (>600 kVA) 

ultrasonic motor control or switched-mode power supplies. 

6.4 THE CATHODE SWITCH CIRCUIT OPERATION 

The circuit used for the cathode switch is similar to the emitter switch and 

shown by figure 6.28. The switch driver is the same as that used for the 

emitter switch with a change in decoding to initiate the correct gate drive 

switch. 'Me current transformer has been retained for cathode junction 

recovery at turn-off. During diode recovery, the boost winding current is 

directed to the gate to compensate for the n-base transit delay time. When 

diode recovery is detected by CT5. Tr5 is opened and current is transferred to 
the steady state winding. During the steady on-state, the secondary current 
freewheels in the low voltage loop formed by Tr6 allowing a long on-time 
before core saturation. The shunt regulator is not required. The turn-on 

pulse from Tr4 is increased to 30 A for 6 jus followed by a continuous gate 

current of 2 A. Apart from these modifications the circuit operation remains 
identical to that discussed for the emitter switch. 

Figure 6.28 Cathode Switch Circuit Diagram 
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PARTS: gto I= DGT304SEIO; R8 = 10 x IOR, 2 W; R12 = 15R, 50 W. 

All other. components as for Figure 6.15. 

6.4.1 Cathode Switch Performance 

Two gto devices were tested and their ratings are shown in table 6.2. The 

devices were tested on a d. c. rail of 500 V to 720 V with an anoode current of 
30 A to 320 A and a switching frequency of 16 kHz. Measurement equipment 

was the same as that detailed in section 6.3.6. Anode current could not be 

directly measured for the same reasons collector current was not measured for 

the emitter switch. The gate current is measured and shows both the anode 

current fall and tail current. The switch voltage, V 
as I 

is a good 

representation of the gto voltage. 

Vd 
rm 

Vd lt(av) ltcm t 
sat tf i dv/dt 

(V) (V) (A) (A) (PS) (PS) (v/ßs) 

DGT304SEIO 1000 800 250 700 It 1 500 

DG306SE21 2100 1800 210 600 12 2 500 

Table 6.2 gto Thyristor Device Ratings 

Figures 6.29a to 6.29d show the turn-off waveforms for the two devices. Both 
devices show similar waveforms and experience a turn-off dv/dt exceeding 
4000 V/, us. The critical dv/dt rating is given by table 6.2 at 500 V/Ps and 
the results show that the snubberless cathode switch can safely exceed this 

rating. During the storage time the voltage waveform is similar to the 

emitter switch as Vas reflects the cascode mosfet voltage. The voltage rise 
is linear indicating the constant anode current charging the device depletion 

capacitance. Transient over-voltage is well controlled by the voltage clamp 

circuits. The cathode current is transferred to the gate at over 1000 A/, us 

and the reverse gate current shows the cathode junction recovery current 
injected from CT3. The reverse gate current exceeds both specified magnitude 
and dI9 /dt device ratings. The cathode junction recovers during the voltage 

rise time and before current fall time. Anode current falls to the initial 

tail current magnitude, It . after the voltage rise indicating snubberless 
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Figure 6.29 Cathode Switch Tum-off Waveforms 

operation. The tail current decays exponentially as predicted by equation 
6.12. The tail current lasts for 15 /is in the higher voltage device with a 

time constant of 2.5 ps. The tail lasts for 6 us in the lower voltage device 

as would be expected with a narrower n-base region. 

Figures 6.30a to 6.30d show the variation of tum-off switching times with 
d. c. voltage rail and anode current for the two devices. Figures 6.30a and 
6.30c show that the tail current starting magnitude is strongly dependant on 

8 

I 

I 
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Figure 6.30 Cathode Switch Tum-off Characteristics 
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both turried-off anode current and d. c. voltage rail [301, [311, [41]. This 

confirrns the analysis of section 6.2. The results of figures 6.30b and 6.30d 

showed little variation with d. c. voltage rail. Voltage rise time, trv' 
increased slightly with voltage rail due to the longer time required to attain 
the higher rail. The results are shown for a typical rail of 600 V. The 

storage time is significantly reduced with the cathode switch by a factor of 

over 20. The storage time remains almost constant over the current range. At 

lower anode currents, storage time increases as the generation-recombination 

currents delay the removal of stored charge. Current fall time is reduced by 

nearly a factor of 10 for the lower voltage device and by over a factor of 20 

for the higher voltage device. The current fall time is that for the anode 
current to faU to the tail current magnitude. Current fall time remains 

almost constant at 150 ns allowing snubberless operation. Voltage rise time 

reduces with increased anode current since trv - 1/10 as the constant current 

charges the device depletion layer capacitance. 
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6.4.2 Cathode Switch Conclusion 

Both gto devices tested were operated up to 320 A, 720 V and 16 kHz in the 

snubberless cathode switch configuration. The rating of 230 kVA achieved was 

at the limit of the available power supply. No limitations were observed that 

would prevent their ratings being increased. The tail current persists in the 

cathode switch and dominates the switching losses and consequently total 
device losses. Calculated losses for the DGT304 device showed that the tail 

current accounted for 85% of the total turn-off switching losses of 1.4 kW at 
720 V, 220 A and 16 kHz. For similar operating conditions, the tail accounted 
for 90% of the 1.6 kW turn-off losses for the DG306 device. Typical operating 

efficiencies for the two switches approach 97% at rated output. Reduction of 
the storage time has reduced the minimum off-time by over 10 /is for the two 
devices. The tail current determines the minimum off-time and plasma 

spreading at tum-on determines the minimum on-time. At a switching frequency 

of 16 kHz a duty cycle variation of only 20% (from 32% to 52%) can be 

achieved. 

The cathode switch provides an easily driven gto thyristor switch. Turn-off 

ratings are significantly improved with an increase in dv/dt rating and 

reduction in current fall time and storage time. Ultrasonic snubberless 

operation up to 230 kVA has been achieved without apparent limitation. The 

cathode switch is n6t suitable for ultrasonic motor control as the duty cycle 

variation is too small. Due to the small storage time, the cathode switched 

gto may be suitable as a fast response high voltage high current switch. An 

application may be as a controllable fuse or an ultra high power switched-mode 

power supply. A conventional R-C-D snubber is also applicable to the cathode 

switch. In this more conventional approach the cathode switch provides an 

easily derived, high current reverse gate drive. Improved turn-off ratings 

and reduced saturation delay time are achieved. 

6.5 24 kW AMPLIFIER CONCLUSION 

The two switches presented in this section have been fully documented and 

proven for reliable operation. Neither switch shows any sign of limitation 
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and power ratings can be extended with suitable selection of the bipolar 

device. Improved tum-off performance is traded against complexity of the 

switch driver and a necessarily compact and integrated approach to the switch 
layout. The emitter switch is suitable for the 24 kW amplifier, ultrasonic 

motor drives and s. m. p. s. applications. The cathode switch is limited to 

16 kHz modulation at best as the tail current dominates switch losses. At 

16 kHz, a duty cycle variation of only 20% -is attainable and therefore a 

reduction in switching frequency below ultrasonic operation would normally be 

required. The cathode switch is suitable for a d. c. rail exceeding 2000 V and 

the double-gate gto cascode switch presented could ultimately achieve true 

ultrasonic operation at considerable power levels. 

Academic research objectives were not served by full construction of the 24 kW 

amplifier. The emitter switch has been designed with consideration to 

H-bridge operation. Reverse switch current paths are prevented to ensure the 
freewheel diode conducts all the load current at switch tum-off. The switch 
is *based on the optimised H-bridge layout discussed in Chapter 3 using spongy 

clamp reset at both turn-on and tum-off. Minimum on and off times have been 

kept low to prevent distortion of the generated output current waveform. The 

switch is always operated such that a turn-off command achieves the shortest 
delay to load current commutation. Using the DTIOO-900 or DT500-1000 

transistors, adequate ratings can be achieved from the emitter switch for 

24 kW continuous operation and 108 WA pulsed operation. The switch can also 

tolerate voltage rail variation, maintaining the required rated output. 
Either transistor has adequate voltage headroom for fault condition tum-off 

without addition of transient clippers or zener clamps. 

The developed emitter switch would provide a 24 kW D-class amplifier for 

application in vibration test equipment. Power to volume ratio would be 

increased by nearly four times, achieving a paralleled output power of over 
500 kW from a cabinet of 6' x 2'6" x 19". 
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7.0 CONCLUSIONS 

This Chapter concludes the research work presented in this thesis. The 

research has subsequently provided two 6 kW D-class amplifiers for vibration 
test equipment that have entered full production. The basis for increasing 

the power to volume ratio has been developed to a prototype level. 

7.1 GENERAL CONCLUSIONS 

Two forms of the 6 kW D-class amplifier were produced. Based on the mosfet 

switch, both amplifier types achieved typical operating efficiencies exceeding 
93 % at rated output. The output current waveform is a low distortion 

representation of the amplifier input voltage signal operating over the 
frequency range of 5 Hz to 5 kHz. Distortion figures are typically better 

than 0.4% at rated output and better than 0.6% at 10% of rated output. The 

amplifiers were successfully applied to the shaker load in both single and 

parallel module form. 

The current controller requires one feedback variable of prefiltered load 

current and generates a switching pattern to optimise power transfer between 

the load and supply. Semiconductor associated losses are equally distributed 

between the four H-bridge *quadrants. The contoller is able to deal with the 

complex impedance of the vibrating table load and has proven to be ideally 

suited to random waveforms where the load impedance is continuously variable. 
The controller is based on a two-point control method and consequently 

operates with a variable switching frequency. The controller is suitable for 

maximising output voltage from a given d. c. voltage rail and minimising 

switching losses. The variable switching frequency creates problems in 

controlling unwanted RFI and EMI emissions and filtering the switching 
harmonics from the fundamental waveform. 

The 6 kW H-bridge is based on an optimal layout design. The power switch is 

used close to its voltage breakdown rating to maximise bridge output power. 
The discrete IRF250 mosfet device was subsequently replaced with the isotop 
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package increasing both efficiency and power to volume ratio without degrading 
distoition. 

In an attempt to further improve the power to volume ratio of the amplifier, 
the emitter switch and cathode switch were developed. The emitter switch 

reduces transistor storage time and current fall time by over a factor of 10. 

Turn-off voltage ratings are improved and the switch is operated without a 

conventional R-C-D snubber on the periphery of the SOA. The switch is 

characterised by a minimum on-time of I lis, achieved by a three-stage optimal 

and adaptive base current control technique which attempts to maintain the 

transistor in quasi-saturation at all times. A minimum off-time of 3 /is is 

achieved with a dual voltage clamp reset circuit. The emitter switch has been 

operated up to 216 kVA on a 720 V d. c. rail at a switching frequency of 
100 kHz. 

The cathode switch was developed in parallel to the emitter switch. The 

cathode switch allows the gto to be operated without a conventional R-C-D 

snubber to its maximum breakdown voltage of Vd,, while increasing the maximum 

controllable anode current. The gto dv/dt rating is increased by at least a 
factor of 8. Storage time and current fall time are again reduced by at least 

a factor of 10 to typically 600 ns and 200 ns respectively. The tail current 

persists in the cathode switch and dominates the turn-off losses. The gto 

minimum off-time is significantly reduced by the reduction in storage time. 
The cathode switch is shown operating up to 230 kVA on a d. c. rail of 720 V at 
16 kHz. At this frequency the duty cycle is limited to 20% from 32% to 52% 

and the tail current contributes 85% of the total switch losses. 

For each cascode switch type the voltage breakdown rating, dv/dt rating and 

controllable current rating are increased, while storage time, current fall 

time and voltage rise time (coincident with snubberless operation) are 

reduced. These improvements are traded against increased circuit complexity 
and switch on-state voltage. 
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7.2 AUTHOR'S CONTRIBUTION 

The first area of contribution has been the formulation of an optimised 
H-bridge layout for a switch modulation frequency of up to 150 kHz. This 

subsequently provides a switching frequency of 300 kHz into the load. A full 

mathematical analysis of the spongy clamp or soft voltage clamp has been 

approached with the prediction of clamp voltage and current waveforms. 
Analysis of the switch turn-on snubber has shown optimum design 

considerations. Some novel circuit techniques have been presented to control 

switch over-voltage and maximise the power output from the semiconductor 

switch. 

The second area of contribution has been in current feeding of complex 
impedance loads. The developed controller ensures the load current is a 

representation of an input voltage signal regardless of load impedance. The 

controller achieves low distortion waveforms (<0.4%) over the audio frequency 

range of 5 Hz to 5 kHz. The controller requires a single feedback signal of 

prefiltered load current. A technique has been proposed that allows load 

voltage information to be extracted from the current state variable. 
Switching patterns are presented that are controlled by the extracted load 

voltage information and optimise the transfer of power between the supply and 
load. This minimises the required switching frequency of the power device and 
increases the system efficiency. Switching losses and conduction losses are 

equally distributed between the four H-bridge switches of the D-class 

amplifier. The current control circuit is ideally suited to loads that 

exhibit a continuously random impedance over their driven range. The load may 
have a variable power factor from leading to lagging and the controller is 

therefore applicable to synchronous machines, sonar, actuators and vibrating 
tables. 

The final area of contribution has been in the development of true high power, 
high frequency, cascode switches. The emitter switch has been presented with 

peak power ratings of 216 kVA at a switching frequency of 100 kHz. An 

analysis of device physics related to the emitter-switched transistor has been 

presented and discusses optimal operating conditions for the switch. Circuit 
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techniques have been shown that implement these conditions allowing the switch 

to operate up to the power levels shown above. There has been no observable 
limitation to the emitter switch that has been presented and power rating can 
be increased as bipolar technology allows. In parallel to the emitter switch, 

thja cathode switch has been presented. Several circuit techniques have been 

presented that ensure safe operation at the power levels quoted. The cathode 

switch is presented with power ratings of 230 WA at an ultrasonic switching 
frequency of 16 kHz. Again there has been no observable limitation with the 

c athode switch when operated as discussed in the thesis. The cathode switch 

will allow Operation on a d. c. voltage rail exceeding 2000 V. Full analysis 

of the cathode switch is presented with particular emphasis on device physics. 

The gto tail current has been analysed and optimal operating conditions to 

minimise the tail associated switch loss are presented. A discussion has been 

undertaken in adapting the gto design to benefit the cathode switch with 

techniques presented for reducing the device tail current and on-state 

voltage. gto design has also been considered for improving turn-on 

performance. The improvement in gto turn-off characteristics have been 

presented with increased dv/dt rating, voltage breakdown and controllable 

anode current. A reduction in storage time, current fall time and the 

dependance of tail current on rail voltage and turn-off anode current have 

also been shown. The cascode switch principal has been considered in 

application to the recently introduced double-gate gto thyristor. Adaptive 

synchronisation of turn-off by the two device gates is presented to minimise 
device turn-off switching loss. 

7.3 SUGGESTIONS FOR FURTHER WORK 

To date, research into natural selection or two-point controllers has been 

limited in comparison to the fixed frequency pwm techniques. This work bas 

shown that low distortion waveforms, with optimum power flow control can be 

achieved. Improvements in associated technology will benefit this type of 

controller and is worthy of continued research. Suggestions have been made 

that distortion will always be lower with a natural selecting switching 
frequency compared to that of a fixed frequency. Further research is necessary 

to confin-n this but if distortion is of prime importance, as with the shaker 
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load, the two-point controller is worthy of further consideration. 

Alternatively, improvement can be made to the current controller by moving 
towards a fixed switching frequency. Investigation is necessary to tie the 

optimal switching pattern to a fixed modulation frequency. To prevent 
increased distortion figures, the circuit must be re-assessed. The hysteresis 

band is strongly dependant on the d. c. voltage rail and this must be 

considered in the amalgamation. A second proposal is to consider variation of 
the hysteresis band over the fundamental cycle. By varying the width of the 

error band it may be possible to approach fixed frequency modulation. As the 

magnitude increases the band must tighten to prevent the switching frequency 

reducing. This would be easier with an all digital circuit and compromise may 
be necessary in maximum fundamental frequency and distortion. 

The second area of further work would be in the area of cascode switching. 
Construction of the 24 kW amplifier would provide interest in current control 

at the increased voltage levels. The cascode switch is fori-ned of three basic 

blocks - the bipolar device, series cascode mosfet and base or gate clamp 

circuit. Integration of these components in a hybrid package for example, 

could provide significant benefit in reduction of stray inductance, circuit 

connections and volume. Further to this the design considerations presented 
for the cascode switch would again benefit both tum-on and tum-off 

performances. Temperature effects of the existing cascode switches must also 
be considered and the variation of tum-off characteristics documented. 

Future device development could provide true ultrasonic operation at very high 

power levels. Of particular interest in the near future is the double-gate 

gto thyristor. The double cascode switch is applicable and would provide a 
6000 V ultrasonic switch. The cascode switch is also applicable to the SIT 

and SITh discussed in Chapter 2. When these devices become more readily 

available an integrated approach may also be considered here and would provide 

very short storage and current fall times. 
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APPENDIX I 

REVIEW OF THE STEP PN JUNCTION 

This appendix provides a brief review of the step pn junction and provides the 
background for later discussions on device physics. The important equations 

will be stated here, the derivation of which can be found in many text books. 

In a semiconductor material, for example silicon or germanium, the number of 

electrons, n, in the conduction band, those free to carry current, is given by 

equation Al. 1, while the number of holes, p, is given by A 1.2. In intrinsic 

or pure semiconductor n=p=n,. 

Nc exp[-(Ec -Er)/kT] ALI 

p=N, exp[-(Ef -Ev)/kT] Al. 2 

The combination of Al. I and A 1.2 leads to the important result 

np = Nc Nv exp[-(Ec -Ev)/kT] = n, 2 Al. 3 

Extrinsic semiconductor has been doped with an impurity element such that the 

number of holes or electrons has been increased. If the doping element is 
from the Group V donor atoms then n-type semiconductor has been forined. If 

the doping element is from the Group III accepter atoms then p-type 

semiconductor is formed. The number of electrons in n-type semiconductor, nn 
is increased approximately to the number of donor atoms, Nd* Equally, in 

p-type semiconductor the number of holes, pp, is approximately equal to the 

number of accepter atoms, Na. The doping level is such that both Nd and Na 

will be much greater than n, . For n-type semiconductor: 

n2_ . p. n, - Ndp, 
ý 

AIA 

therefore p. is very small. For P-type semiconductor: 

pp np = n, 2 
-- N. np Al. 5 
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and np will be very small. Electrons in n-type semiconductor are majority 
carriers while in p-type they are minority carriers. Similarly holes are 
majority carriers in p-type and minority carriers in n-type. The pn junction 

is formed by the contact between an n-type and p-type semiconductor and is 

shown by figure Al. Ia. At the junction, due to the high concentrations of 
mobile carriers, a diffusion current flows. Electrons flow from the n-type 

semiconductor to the p-type and vice versa for the holes. The flow of these 

charges leads to a diffusion current. The diffusion currents are given by 

equations AI. 6 and AI. 7. 

Jý = -D (-e) dn/dx 

JP Dp e dp/dx 

2 
(A/M ) Al. 6 

(A/M2 ) Al. 7 

Before any charge movement occurs the semiconductor bulk is electrically 

neutral. The flow of these mobile charged carriers leaves a static space 

charge, figure Al. I b. The space charge has an associated potential, figure 

P, i p 

1 
np, 

ýp A kn (C) 

Figure Al. I Diode Junction Characteristics 

VL -0 E 

1, 

NV, 

Al. I c, and electric field, figure Al. I d. 'Me region of static charge is 

called the depletion layer since it is depleted of mobile carriers. The space 

charge gives rise to a field current which in the limit equals the diffusion 

current and the net flow of electrons and holes across the junction is zero. 

Jn =- Dn (-e) dn/dx + lj,, (-e)(dv/dx)n =0 (A/M2 ) Al. 8 

JP =- Dp e dp/dx - pp e (dv/dx)p =0 (A/m2) Al. 9 
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The junction, unbiased and in an equilibrium state, shows a voltage drop of 
V., figures Al. 1c, at the space charge layer. Rewriting and integrating 

equations Al. 8 and Al. 9 leads to an expression that gives the hole and 

electron concentrations at the edge of the depletion layer in terms of the 

junction voltage. 

p. - pp exp [- eVO /kTj Al. 10 

np =nn exp [- eVO AT] A1.11 

Outside of the depletion layer there remain many mobile carriers. Application 

of an external voltage, V, will almost entirely be dropped across the 

depeletion layer since this is the area of highest resistance, being depleted 

of carriers. The voltage therefore effects the junction potential, Vý .A 
forward bias voltage reduces VO while a reverse bias of negative voltage 
increases VO . The junction potential is now V. - V. Substitution into 

equations Al. 10 and Al. 11 and rewriting shows the effect on the carrier 

concentrations at the depletion layer. 

(VO V) = (kT/e) In [pp 1 /P, (kT/e) In [n 
n1 

/n 
P 

(V) Al. 12 

The indicates that the junction is no longer in equilibrium. The arguments 

of the "In" terms must change in sympathy with the applied voltage. Since pn 

and nP are both much smaller than pp and nn then it is reasonable to assume 

that the minority carrier concentration is most effected as this involves the 

least amount of charge transportation. As a result it can be assumed that pp 

pp and n. nn. Rewriting gives: 

Pn I=pp exp [-e(VO - V)/kTJ : np 1=nn exp [-e(VO - V)/kT] A1.13 

or 
P. p. exp [eV/kT] 1 

np= np exp [eV/kT] 

Figure A 1.2 shows the effects of the applied voltage on the carrier 

concentrations at the depletion layer edge. The change in carrier 

concentration leads to a carrier gradient resulting in a diffusion flow of the 

A1.14 
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1-I-I 
np Fj j x 

J1 In p 

n 

L2 0 L, 

Figure A1.2 Diode Minority Carrier Concentrations 

minority carriers. Referring to figure A1.2, boundary conditions are p. 1 and 

nP 1 at x=0 and p. and nP at the contacts where x=L, and Lý respectively. 
Assuming that the carrier lifetimes are long and little recombination occurs 

over the lengths L, and L2 then: 

J= Jý +ý=- Dp e dp/dx +Dne dn/dx (Alm') Al. 15 

J=e. (Dppn/Ll + D. np/L., ). (exp[eV/kT]-I) (AIM2 ) At. 16 

2 
J= Jý. (exp[eVAT]-I) (A/M ) Al. 17 

The current is found by multiplying the current density by the cross-sectional 

area-, A: 

I= AJ 

I=I.. (exp [eV/kT] - 1) 

At. 18 

(A) Al. 19 

Figure Al. 3 shows the plot of equation Al. 19 which is the typical diode 

characteristic. The carrier concentration at the depletion layer edge and the 

junction current have now been established as a function of the applied 

voltage, equations Al. 14 and Al. 19 being the most important results. 

To determine the width of the depletion layer it is necessary to use Poisson's 

equation. The space charge density, p, figure Al. I b, is related to junction 

potential, VO , figure A 1.1 c, by equation A1 . 20. 
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Figure Al. 3 Diode Junction Current Against Applied Voltage 

d2 v/dx 
2=-. 

P /C where c= er CO (VIM2 ) A1.20 

The charge density can be determined by the number of acceptor and donor 

atoms, N. and Nd*e is the permitivity of the material. The depletion layer 

width is the sum of p-type depletion layer of length xP and the n-type 
depletion layer of length Xn - Simple integration and substitution of A 1.20 

yields equation Al. 21 and A1.22. 

xp .= (2c/e)1/2. Vý 1/2. 
Nd 

1/2 
I(N 

a+ (N& Nd)1/2 ) (m) A 1.21 

Xn= (2c/e)l 
/2 V0 1/2 

Na 
1/2 

I(N d+ (Na Nd)1/2 ) (m) A 1.22 

The depletion layer width is the sum of xP and Xn I given by equation A 1.23. 

(X 
n+xp) (m) A1.23 

= (2c/e)l 
/2. v0 1/2. 

(N a +N df 
1/2 

. [(N a 
/Nd) 1/2 

+ (Nd IN, )1/2j (M) 

191 



APPENDIX 11 

DESIGN OF THE SATURABLE INDUCTOR 

All. I Value of Unsaturated Snubber Inductance 

The saturable inductor can be designed by considering the simple switch of 
figure A2.1. At turn on the switch voltage, vS , is given by equation A2. I and 

the switch current, i. , by equation A2.2 for 0<t< tf v* 

I- t/tt ,) 

's = Vre'(2L4tf, ) 

DI 
L L4 

vr 
S 

j2p. 

L 
-IS 

!! ý! tvs 

Figure A2.1 Switch Turn-on Snubber 

(V) A2.1 

(A) A2.2 

The value of series inductor LA is the unsaturated inductance and tf v, 
the 

switch fall time. For ideal snubber action the inductor should saturate when 

the switch voltage falls to zero since the losses will be minimised and 

maximum control of the load current achieved. The value of saturated 
inductance can be determined either by the required current level when the 

switch voltage reaches zero, given by equation A2.2 when t= tf v, 
Alternatively, the value can be determined for an acceptable amount of turn on 

switching loss. Equation A2.3 gives the switch turn on losses and Equation 

A2.4 gives the required value of unsaturated series inductance for an 

acceptable amount of losses, Ia* 

losses Jtýv vAdt xf (W) A2.3 

01 

tfv vr (I 
- t/t 

fv 
). v 

rt2 
/(2L4t, 

v) 
xf 
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L4 V2 tfv2 

r 
/(241. ) xf (H) A2.4 

The required value of 1A can therefore be determined from equation A2.2 or 
A2.4. 

AII. 2 DELAY TIME 

For optimum performance the core should saturate just as the switch voltage 
falls to zero. Under this condition the switch turn-on loss is minimised and 
load current control starts at the earliest moment. Equation A2.5 relates the 
inductor voltage and core flux while equation A2.6 substitutes the actual 

voltage into A2.5 

V NO/dt (V) IINJ V dt (Wb) A2.5 

+Vrt2 /(2Ntf 
v) 

(Wb) Vr UN - Vr tf 
v 

/2N (Wb) A2.6 

for 0<t< tf 
v 

fort >tfv andý< ý, 

Since +=B. A where A is the cross-sectional area of the core then at 

saturation +, = Bs. A. For optimum performance core saturation ocurrs, when t. 

equals tf v' 
Equation A2.6 can be rewritten as equation A2.7. 

t=2B A2.7 
s, 

ANN, = tf (s) 

All. 3 UNSATURATED INDUCTANCE AND CORE ENERGY 

The typical magnetic relationships are shown below: 

Ni = HI B=u., ui Hý=B. A 

Inductance can be derived from common formulae and is shown by equation A2.8. 

L= N+/i = NABA =N2 AB/(HI) (H) A2.8 

The core energy can similarly'be derived and is shown by equation A2.9. 
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E= 1/2. Li 
2= 

1/2. N2AB/(HI). H2 12 IN 
2 

(W) A2.9 

E= 1/2. BHAI for B< Bs (W) 

All. 4 OPTIMUM PERFORMANCE 

For a given set of parameters the snubber inductor can be optimised by 

minimising the stored energy and maximising the inductance and delay time. 

Shown below is a comparison of these quantities. Since B= ju, U, H= /IH, the 

table has been compiled in terms of B andu, eliminating H. 

decrease increase 

Energy B2 A]/(2/i) low B, 1, A /I 
Delay 2Bs AN/Vr high N, A, B5 

Inductance N2 Aull high I N, /, t, A 

Magnetising I Bl/(pN) low B, I N, p 

The changes that improve performance without degrading another quantity are 
increase N and p and reduce 1. For a given core, the inductance and delay can 
be increased by increasing the number of turns. 

When the core saturates it is necessary to have a definite air-cored 
inductance, therefore this must be determined first. It may be that for a 

given core the required air-cored and saturated inductance are incompatible in 

which case a compromise is necessary or an alternative core must be chosen. 

A11.5 TOROIDAL INDUCTANCE 

A commonly used core for the saturable inductor is the toroid. It is easy to 

use and available in many common high frequency ferrites. The ferrite chosen 

must be a high frequency type to minimise core losses and have a high initial 

pen-nability, M, , to maximise the unsaturated inductance and delay time. The 

core dimensions must be suitable for the size of wire used and to achieve the 
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required inductance and delay. The unsaturated toroidal inductance can be 

determined by the following argument. The toroidal dimensions are given in 

figure A2.2. Typical relations are shown below 

B= 110piH Nill 

hl 

u, Nill 

Figure A2.2 Toroid Physical Dimensions 

For a toroid, at radius "r", equation A2.10 holds [231. 

B =, uo/j, Ni/(2nr) 

The following relationships are typical. 

total flux = B. A 

flux linkage = N+ 

L inductance = X/i = N+/i 

T'herefore the total flux in the toroid of height h is found by integrating 

across radius r, equation A2.11 

ý=ir0 Bxhdr 

(T) A2.10 

(Wb) 

(Wb) 

(H) 

(Wb) A2.11 

The toroidal inductance is given by equation A2.12 which has as its solution 

equation A2.13. 

N2 lj., u, h/(2n).,,, fr0 dr/r 

N2, u,, u, h/(2n). Inf% /r. ] 

(H) A2.12 

(H) A2.13 

Equation A2.13 gives the required inductance in terms of physical parameters 

and can be used to design the saturable inductor. 
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APPENDIX III 

SPONGY CLAMP ANALYSIS 

The full mathematical analysis of the spongy clamp will be considered in this 
Appendix. The first section is on the two part analysis where the spongy 

clamp can be considered as an L-C oscillation to reset the snubber inductor 

followed by an R-C-L discharge of the clamp capacitor. 

AIII. I TWO-PART ANALYSIS 

Figure A3. la shows the inductor reset and figure A3. lb the capacitor 
discharge. The loop voltage equation for the reset of inductor LA is written 

as equation A3.1. 

v 
L4 

vC3 (V) A3.1 

VrI -L Dl 
VR21 R2 

vL tL4 JiL4 
D6 VLsl Ls 

Yr 

vj 
C3 VGJ ý4c 

C3 C3 

(G) (b) 

Figure A3.1 Spongy Clamp Operation 

Rewriting and differentiating with respect to time gives equation A3.2. For 

an initial starting condition of i 
L4 = IL' the solution to equation A3.2 is 

given by equation A3.3. 

= L4 d 
2. 

Ide =0 (V) A3.2 ý4 1ý3 'L 4 

ý4= IL COS (0ý t) (A) A3.3 

where w0=I vf(L4 
C3 ) 
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The clamp capacitor voltage can be found by integrating equation AM since 
VC 

3 
ý: - I/C 

3 
A4 

. The capacitor voltage is given by equation A3.4. Equations 

A3.3 and A3.4 are valid for iL4 >0 as diode D6 blocks negative current. The 

reset time of the inductor is when 0 and occurs when t= n/(2w) or 
iL4 =0 

ntf(L4 C3)/2 and the maximum clamp voltage is Vr+ IL Vf(L4 /C3 ) 

v=V+ IL vf(L4 ). sin(c, ) t) C3r 
'C3 

0 (V) A3.4 

The discharge of the clamp capacitor is an L-C resonant circuit damped by R2. 

The loop voltage equation can be written as A3.5 

Ls d21C3 /dt 
2+ 

R2d'C 
3 /dt + 'C 

3 
/C3 :-0 (V) A3.5 

The solution is dependant on the relative magnitudes of the series components. 
For the circuit to be overdamped and prevent oscillation 1ý > 21(1.. ý, /C3 ). This 

is desirable since oscillation would delay the reset of C3. Assuming 

therefore that the ciruict is suitably damped the solution to equation A3.5 is 

given by equation A3.6, where the initial starting voltage of C3 is 

Vr + V. 
v, 

VOv is the clamp capacitor overshoot voltage of Ir,. %f(L4 
/C 

3 
)' 

iC3 -Vc) V 
l(L. Irn2 

- ml ]). (exp [-ml t] - exp [-M2 tl) (A) A3.6 
or i IL'V((L4 1IR2 2c 

4L, 1). (exp[m, tj - exp [m2 t)) C33 (A) 
2 

where m., (R 2- vr[R 24 Ls 'C3 ])/2Ls 
2 

mR+- 4L, ])/2Ls 2(2 
/[Pý2 

. 

/C3 

The peak discharge current occurs when di 
C3 

/dt =0 and is given when 
t= In[m, /m2 I'(M1 - M2 The clamp capacitor voltage is found from the 

current integral since VC3 '/C3"'C3 A and is given by equation A3.7 where 

m, and m2 are as for equation A3.6 

vC3 `ý- vo 
v 

/(C 
3 

LS (M2 
- ml J). (exp[-m2 tj/M2 - exp [-m, t]/ml) + Ný, (V) A3.7 

The discharge current of the clamp capacitor is given by equation A3.6. This 

current produces i' R losses in the discharge resistor R2. The loss can be 

determined by integrating the square of the current over the discharge time 
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which for a complete discharge is from time equal to zero until infinity. The 

loss in the resistor, ER 2' 
is given by equation A3.8 

F -= p2 dt (W) A3.8 R2 *`2 'o Jo 'C 
3 

= R2 Aý .0 J' (expf-2m, tj - 2. expf-(m, + M2)tl + exp [-2M2 t]) 

where A= Vo 
V 

l(LS EM2 - MI 3) 

Performing the integral and substituting for A gives equation A3.9 

22 
E R2 = R2 Výv /(2L 

s *MlM2'EM1 
+ M21) (W) A3.9 

Substitution for ml and m2 gives equation A3.10 

2 
Fit 2=v ov .c3 /2 (W) A3.10 

and substitution for Výv gives equation A3.11 

E R2 
= IL2 

. 
L4/2 (W) A3.11 

The losses are equal to the stored energy in the turn-on snubber and shows 

that the spongy clamp is dissipative. The capacitor energy increases from 

1/2. C3 Vr2 to 1/2. C3 (V 
r+V0 V)2 . By substituting for the overshoot voltage 

VOv 9 the increase in energy of capacitor C3, SEC3 
(OFr) I at turn-off is given 

by equation A3.12. 

22 
6E C3 (OFF 1/2. C3 (V 

r+ 
IL VýrN 'C3 J) 

- 1/2C 3 
Vr (W) A3.12 

1/2 -44 
1L 

2+ Vr IL 
*%f 

(L 
4c 3) 

M 

The energy is stored from two sources, the first from the turn-on snubber and 

secondly delivered from the power supply or load. Since the losses are 
2 

112. L4 IL the second energy term, Vr ILW(L4 C3 ) is returned during the 

discharge. 
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AIII. 2 SPLIT TURN-ON SNUBBER INDUCTANCE 

The effect of splitting the tum-on snubber inductance can be determined by 

consideration of figures A3.2a and A3.2b. At turn-off the loop voltage 

equation is given by equation A3.13. 

Vr 
-v C3 

+v 
L31 -v L41 

= 

vr 
v 

I tv 
f 

L If 

III 

ýN 

Dc 2 

1ý tVL4-0 L4ý 
I. - . 

ov r: r 
IV 

C3 
(a) 

(V) A3.13 

VIP 

i JVLJ IL 
Gi 

iL4 
1111'VL4 

ov 
(b) 

Figure A3.2 Split Turn-On Snubber 

Assuming Iý is constant over the inductor reset time and obeying Kirchoff's 

current law, then d iL41 ý -diL31 Rewriting equation A3.13 and 
differentiating with respect to time gives equation A3.14, which can be 

rewritten as equation A3.15. 

Lý3'd 
2 ý31 Ide - 

ý41/C3 
- L41 C? ý41 Ide =0 (V) A3.14 

d2 /dt 
2. (L4 11 ý41 + L3 )+ý41 /C3 0 (V) A3.15 

Equation A3.15 has the same fon-n as equation A3.2 and has an identical 

solution when L31 + L41 = L4 

. Splitting the turn-on snubber inductance has no 

effect on the reset time and capacitor over-voltage at turn-off. At turn-on 

the loop voltage equation is given by equation A3.16, neglecting semiconductor 

voltage drops. 

vv-v'- 
r+ L31 L4 1 (V) A3.16 
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Again assuming IL remains constant over the diode recovery time and 
d iL31 = -diL4 , equation A3.16 can be written as A3.17. 

v 
ir 

--': L41 dý41/dt - 
L3'dý31 /dt M A3.17 

Equation A3.17 can be written as A3.18 

V,, = (L3 1+ L4 1 
)Aý41 /dt (V) A3.18 

Equation A3.18 has the same form as the tum-on condition for figure A3. Ia. 

Again, if L31 + L41 = L4 then identical turn-on characteristics are achieved. 

AIII. 3 ENERGY TRANSFER CONSIDERATIONS 

Energy transfer will be considered at turn-off while the inductor is reset. 
Energy transfer between load and supply will not be considered outside of this 

time. Equally at turn-on, energy transfer will only be considered for diode 

recovery effects. 

A111.3.1 0V Loop Tum-off 

Figure A3.3 shows the 0V loop turn-off condition for the two circuit layouts 

of figures A3. la and A3.2a. Neglecting the semiconductor voltage drops the 

load voltage in figure A3.3a is zero and the load energy remains constant. 

Energy drawn from the supply, Er, during the inductor reset is given by 

equation A3.19, where tr = inductor reset time of nwr(L4 C3 )/2. 

&Er =0 -1 
tr VA dt = -Vr IL 

01tr cos(w. t)dt (J) A3.19 
= -V r1L kf(L4 C3 ) 

This energy is stored on clamp capacitor C3 and has been shown by equation 
A3.12. In figure A3.3b the load voltage is effected by the two series snubber 
inductors. The load voltage is reversed and the load power is reduced. The 

same current still flows from the supply in the same reset time therefore an 
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R2 

IL V, 
A A 

V VL 'L IVI. 4 L -4C 
v ii 

d+ 

L 
E VC3 

C3 

(a) (b) 

Figure A3.3 0V Loop Energy Transfer 

energy of VrIL AL,, C3 ) is stored on the clamp capacitor (where LT = L3 
1+ 

L4 1 

As has already been shown there is no difference between the two snubber 
layouts if Lr = 

L4 and an identical energy, given by equation A3.12, must be 

stored on the clamp capacitor. Before turn-off only 1/2. L41 IL 
2 

is stored in 

the snubber inductance which is typically half the energy stored in figure 

A3.3a before turn-off. The remaining clamp capacitor energy comes from the 
load. Neglecting semiconductor voltage drops, the load voltage is given by 

equation A3.20. 

VL '-ý - YL 
31 (V) A3.20 

assuming diL31 = -diý4, then equation A3.21 follows: 

YL 
31 -"'ý v 

LT 
Ld3 

1 IL4r 
(V) A3.21 

Using equation A3.4 the total inductance voltage vr, is given by equation 
A3.22. 

v LT 
=VC3-VR=I Of(lt'C3 ). sin(oý (V) A3.22 

The increase in load voltage can now be determined and is given by equation 
A3.23. The change in load energy occurs during the inductor reset. After 
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this time the load voltage falls to zero and load energy remains constant. 
The load energy change, &E,,, is given by equation A3.24 

VL i-- -1 L 
L3 

1 11"r 
*Vr 

(L4r 'C3 ). sin(cAý 0 (V) A3.23 

8EL = _0 It 
r VL iL dt (J) A3.24 

= -I L2 
L3 

1 
(J) 

The energy determined by equation A3.24 is split into two equal parts. The 

first is stored on the clamp capacitor, C3, and achieves the required total 

energy transfer to the clamp. 'Me second half is stored in the upper snubber 

inductor which now conducts the load current. 

AIII. 3.2 -V Loop Tum-Off 

Figures A3.4a and A3.4b show the -V loop turn-off condition for the two 

snubber layouts. In figure A3.4a the load voltage is clamped to the rail 

voltage Vr , by diodes DI and D4. Current flowing from the load to the clamp 

R2 

C3 

(a) (b) 
Figure A3.4 -V Loop Energy Transfer 

capacitor during inductor reset is 'L COS wo t. The energy lost from the load 

to the capacitor has the same form as equation A3.19. The solution is the 

same and equal to -Vr IL /(L4 C3 ). This does not account for energy transferred 

from the load to the supply during the inductor reset time, tr I which is given 

by equation A3.25. 
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&E 6 -L - 8E C3 
--': Vr IL tr - 

Vr IL J(L 
4 

C3) (J) A3.25 F 
r 

vr1L ýf(L4 C3 ). (n/2 - 1) 

and SEL = V, Irv(L4 C3 ). n/2 (J) A3.26 

In figure A3.4b the load voltage is increased above the rail voltage by VL31 * 
VL31 has been determined by equations A3.21 and A3.22. Energy transferred 
from the load, SEL, is given by equation A3.27 

0ftr V1, ý dt (J) A3.27 
tr1 

0f 
(I 

L 
Lt 11'r 

*%(Lt 
/C3 )sin(&) t) + VdLdt M 

0 
L3 1 IL 2+ Vr IL vf(L,, C3 ). n/2 M 

The energy lost from the load is increased by L, 31 lt2 above the 0V loop 

turn-off condition. The energy is split equally between the clamp capacitor 

and upper snubber inductor L31. Energy transfer to the supply and clamp 

capacitor are identical for both snubber layouts. 

AIII. 3.3 Tum-on Energy Transfer 

Figures A3.5a and A3.5b show the turn-on condition for the two snubber 

circuits. After diode recovery the excess stored energy in the turn-on 

Dl cl 
v D5c-T3 C2 T 

IL IL VL21 fi"4 
w--, 1 11 

ii 

L4' L4. 

L LI 

02 
VL 

Rl 

-, 0., 
41 

S2 S, 2 
D2 

1 

(b) 

Figure A3.5 Turn-On Snubber Energy Reset 
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snubber inductance must be dissipated. This occurs either in the switch S2 

and diode D2 for figure 3.5a or the spongy clamp resistor, RI for figure 3.5b. 

In figure A3.5a the load voltage is increased by the diode voltage drop VD 
2 as 

the reverse recovery current freewheels in the path shown. The voltage across 
inductor LA is the semiconductor voltage drop Of (VS 

2+V" 2)V' Current falls 

linearly according to VL4 = L4di/dt. YL 
4 is small and the reset time is long. 

Assuming the load current remains constant during the inductor reset, the 
22 

snubber inductor energy reduces from 1/2-44(IL + 1rd to 1/2. L4 IL 
* The 

difference is given by equation A3.28. 

6E L4 
-'ý -L 4* 

(IL 'r 
r+ 1/2 Irr 2) 

(J) A3.28 

The increase in load energy is given by equation A3.29. The inductor reset 

time, tr, is L4 Ir 
r 

'v 
L4 * 

v"vLV -4- v (J) A3.29 D2 
1L tr --'ý D2'Llric 41( D2 SO 

The total energy dissipated during the inductor reset, Ed, is given by 

equation A3.30. 

Ed = -6EL4 - 8EL = 1/2. L4 1ý 
"2+ 

Vs; 
t 

l1r, 1,, L4 /(VI12 + VS2) (J) A3.30 

In figure 3.5b the load voltage is increased by -V L41 ' which can be determined 

from consideration of equation A3.21. The reset of the inductor is indentical 

to the turn-off condition with an L-C osciflation formed between C2 and LIr - 
The reverse recovery current, 'r 

r' 
is drawn through the clamp capacitor 

causing the typical clamp voltage of I,, vf(lr )sin(w t) + V,,. The /C2 
0 

semiconductor voltage drops are negligible compared to the clamp capacitor 

over-voltage. The change in load energy is given by equation A3.3 1. 

SEL 
of 

tr VL dt = oftr 
IL 'r 

r 
L4 

1 1"4r 
*f 

(LIZ 'C2 )sin(c% t) (J) A3.31 
ILIrrL4 (J) 

where 0 
03 ' lvf(Lýr C2 tr 

0 
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The change in stored snubber inductor energy SE,, T 
is given by equation A3.32. 

6F-LT 
-6E L'3 1- 6E L41 (J) A3.32 

- 1/2. L3 11rr2 
(1/2.1-41 (IL -ý* 'r 

r)2_ 1/2. L41 IL 2) 

2 
- 1/2. I-r 'r r 

L41 Ur 
r 

P) 

The second term is transferred to the load according to equation A3.3 1. The 

increase in capacitor energy can be determined from the turn-off analysis with 
the result that 1/2. Lr Ir 

r2 
is stored on the capacitor and subsequently 

dissipated. An energy of Vr 'r 
r %f("4r C2 ) is transferred from the supply to the 

capacitor during inductor reset and returned during capacitor discharge. The 

energy of 1L Ir 
r 

L4 1 transferred from the snubber inductor to the load is 

greater than that of figure 3.5a. 

AIIIA COMPLETE SPONGY CLAMP ANALYSIS 

Figure A3.6a shows the complete clamp circuit including the discharge path 

parasitic inductance. This circuit will form the basis of the following 

analysis which is applicable to both snubber layouts discussed in section 
AIII. 3. Considering the circuit as a whole introduces a fourth order 
differential equation which cannot be readily solved without computer 

analysis. Analysis may be approached by some practical assumptions. 

IL Dl 'R2 t R2 VR2 

iL41 L4 I VL4 Ls 
D6 

c: ý C3 'C31 rr 
f VC3 

(a) 

W R2 

12U 

th C3 C= 

Figure A3.6 Complete Inductor Reset 
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A111.4.1 Neglecting Discharge Path Inductance 

If the discharge resistor is a low inductance type and the circuit connections 

kept short, the parasitic inductance in the discharge path is reduced to a 

negligible level. The equivalent circuit is shown by figure A3.6b. There are 

two loops and the voltage equations can be written as equation A3.33 and 

A3.34. The equations apply for iL4 > 0* 

vr- L4d 2 
q, /dt2 

- q, /c3 - L4 d'2 /dt =0 (V) A3.33 

L4d 
2 

q, /dt 
2+ '2 P2 + L4d'2 /dt =0 (V) A3.34 

subtracting equation A3.34 from equation A3.33 yields equation A3.35. 

"2 (ql 'C3 - Vr )R2 '2 
'* (A) A3.35 

At t=0 the following initial condictions apply; q, (0) = C3 Vr; 

dq, /dt(O) = '1 (0) = 'L; '2 (0) = 0* Using these starting conditions and 

performing the Laplace transform of equation A3.33 gives equation A3.36, where 

F[ j is the Laplace transform of the operator [19]. 

VrA=L4 (S2 Fjql ]- SC3 Vr 
- Ir) + F[q, I/C3 + L4sF['2 I A3.36 

Similarly the Laplace transform of equation A3.35 is given by equation A3.37. 

F[i 21 = (F[q, I'C3 
- V, /s)/R2 A3.37 

i2 is eliminated from equation A3.36 using equation A3.37. This yields 

equation A3.38 which can be rearranged as equation A3.39. 

Ffql I(S2 + 1/[L4 C3 1+ S/IR2 C3 1) : "'- 

V /(L4s) + Vr/R2 A3.39 
r+ 

SC3 Vr + IL 

F[q, I == (S2 + a, s+ 3ý )/(S[(S + OC)2 +wd2 ]) Aý. 39 
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where a,. -`ý 1/(R2 :a 1/(L4 a= 1/(2R2 -' 
'L l(Vr C3 + CO 

0 
C3 ): CO 

2 
== P 

2C32): 222 
L 1/(4 "2 to cc +W ao &)d l/( 

4 
C3 )0d 

Equation A3.39 is a standard form of Laplace transform and can be solved using 

suitable tables. The solution to equation A3.39 is given by equation A3.40 

and substitution for the constants gives the form of q, , shown by equation 
A3.4 1. 

q, == a. 
1W 2+ 

1/(W 22- 
ala +a )22-2 cc) 

2 

d Wo Wd 
0+ 

Wd (a, x 

exp[-cd]. sin (wt + (C) A3.40 
22 

where tan- 1 (wd /cc) + tan- (wd (a, - 2cc)/[cc - 03 d-a, a+ aO 

q, = Vr C3 + I(, /wd. exp[-(xtl. sin(wdt) (C) A3.41 

The current i, and capacitor clamp voltage vc3 are given by equations A3.42 

and A3.43 respecitvely. Curent i2 is given by equation A3.44 and resistor and 
inductor voltage by equation A3.45. 

il = dql/dt = /w. ). exp [-atl. cos(wt + 
0 

(A) A3.42 

where = tan- 1 (cdw, 

v=q, /C 'ý- v+Iw). exp [-cxt]. sin(wdt) (V) A3.43 C33r Ll( dC3 

i2 ý2 
== (q, 'C3 

- 
Vr )'P"2 = IL /(ojdR2 C3). exp[-cxtl. sin((o)dt) (A) A3.44 

v VIR2 - L4 ' ). exp[-ottj. sin(wd t) -'= 12 P'2 = IL /(w 
d 

C3 (V) A3.45 

The inductor reset current, i 
L4 ' 

is given by equation A3.46. When iL 
4 reaches 

zero the inductor is fully reset. Equations A3.33 to A3.46 apply for i 
L4 > 0. 

After this time the circuit reverts to a capacitor discharge. 

ý4 : -ý iI-i2= Irif(c%/wd). exp[-cctl. cos(wdt - ý) (A) A3.46 

When t= (n/2 + ý)/% the inductor is reset since 'L 4=0. The initial 
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starting conditions for the capacitor discharge can be found by substituting 

the value for t above into equations A3.43 and A3.44. 

AIII. 4.2 Tuned Frequency Domain Transformation 

In the frequency domain, the series resistance and inductance of figure A3.6a 

can be transformed to a parallel combination, figure A3.7a. The series 
impedance, Z, is given by equation A3.47 which can be rewritten as equation 

A3.48. 

Z=R2+ jWl-ý; * I/Z =. 1/(R 2+ jao A3.47 

+ /P I/Z 1/(R 211 2 
)2 + I/OwL 

- 
[I + (R2 /[wL 

5 
121) A3.48 

'/(P'2 11 + '/Q 
2 

1) + 1/0(, OLS[l + Q2 1) 

I/R + I/OwL, ý) 
where Q= R2/(wlý R= R2 (I + I/Q2) :L=L (I + Q2) 

pps 

r-ý= C3 =ov 

(CI) 

vr 
R 

c: ý3 C3 

(b) 

Figure A3.7 Frequency Transformation 

VP 

cpl 
:3 

J 

The transformation is valid at one w and is a reasonable assumption as the 

oscillation between LA and C2 is Yirtualy sinusoidal. Addition of CP across 

the parallel circuit, figure 3.7b, cancels L at resonance. By cancelling L 
PP 

the analysis reduces to that of section AIII. 4.1 achieving identical results. 
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AIII. 4.3 a. c. Equivalent Circuit Frequency Domain Transformation 

Performing the transformation discussed in section AIII. 4.2 and redrawing the 

circuit achieves the a. c. equivalent circuit shown by figure A3.8. Three loop 

currents are formed and the loop voltage equations are given by equations 
A3.49 toA3.51 

L4 d2 il /dt 
2 

": 0 (V) A3.49 +1 'C3 
' 
('l '2 ) "" 

Rp d(i 2-i3 )/dt +1 /C3 
* 
('2 - 'l )=0 (V) A3.50 

i+L. ý d /dt =0 (V) A3.51 RP ('3 -2)p 
'3 

CR Lp 
4 

[1 

r. - I L 

1'3 
I 

L i, T 12 '3 

Figure A3.8 a. c. Equivalent Circuit 

Substituting from equations A3.50 and A3.51 into equation A3.49 eliminates i, 

and i2 and is given by equation A3.52. 

32 L4 d4 i3/dO + L4Lp/R2 /dt + (L4 +L )d Ide =0 (V) A3.52 '-ý C3 
-ý3 

'3 
p 

'3 

2 
using the substitution i3 -'ý exp[mt], m exp[mt] is a common factor of equation 
A3.52 and can be removed. The equation reduces to a second order polynomial 

which is soluble. Equation A3.52 has four roots two of which are zero. 'Me 

complete soultion to equation A3.52 is given by equation A3.53. 

i3=A, +A 2t+ A3exp[(-ot + jwd)tl +A4 eXPI(-Ot - 
j(A) 

d)tI (A) A3.53 

where a l/(2R2 :W2W2+ (x 
2= CO 

0d 
'/(L6 C3 

L6 L4 L /(L4 +L 
pp 

A, -A 4 are constants dependant on initial starting conditions. 
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For the initial starting conditions of i, (0) = I,; i, (0) =ý (0) = 0; 

vc3 (0) == Vr and using equations A3.49 to A3.51 to give i, in terms of i3' the 

inductor reset current 
it4 (='l ) is 

given by equation A3.54. It is assumed 

that as t approaches - currents il to i3 go to zero. 

'= I V( + L4 /L ). exp [-cct]. cos (wd t- (A) A3.54 iL4 
L Coo (A)d 

*(Ip 

IL lf(03o /wd). exp[-at]/cos(wdt - (A) 

Equation A3.54 has an idential fonn to equation A3.46 and indicates that the 

inductor reset current is of the same general shape. w,, is modified by the 

parallel inductance of L4 and L. The clamp capacitor voltage is given by 
P 

equation A3.55. Again these equations are valid for iL 4>0. After this 

time, t= (n/2 + +)/wd, the circuit reverts to the R-C-L discharge discussed 

in section AIII. 1. The starting condition is found by substituting 

t= (n/2 + f)/&)d into equation A3.55. 

v c3 
I/C 

3' 
'('l - 

'2 )dt = L4 dil /dt 
I L4 

-A) 1-ý. ). exp[-(xtl. sin(wd t) L 
/(( 

d 
C3 

(V) A3.55 

(V) 
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APPENDIX IV 
PSPICE SIMULATION OF THE SPONGY CLAMP 

PSPICE is a dedicated circuit simulation package. Figure A4.1 shows the 

circuit to be analysed with added anotation to distinguish the node points and 

component labels. 'I'lie, simulation program is shown below. 

SPONGEY CLAMP 
MI 11 900 MODI 
Ll 32 15ONH 
L2 43 15ONH 
CS1 50 IUF 
CS2 17 1UF 
DB1 2 11 MOD3 
DSI 11 5 MOD3 
DFI 41 MOD2 
DS2 74 MOD3 
DF2 02 MOD3 
RS1 651.8 
RS2 7a1.8 
LSI 61 35ONH 
LS2 80 35ONH 
RGATE 10 9 2.2 
VGATE 10 0 PULSE(15 -8 0 O. Osus 0.05us 5US IOUs) 
VSUPPLY 10 170 
ILOAD 13 71 

. MODEL MODI NMOS(VTO=3.5 KP=13.4 LAMBDA=O. CGSO=SNF 
+CBD=0.7NF CGDO=1.4NF PB=l RD=0.025 LEVEL=I) 

. MODEL MOD2 D(RS=O. OO5 TT=20NS CJO=50PF) 

. MODEL MOD3 D 

. TRAN 10ONS 16US SUS 5ONS 

. OPTIONS LIMPTS=10000 ITL5=0 NOPAGE NOMOD RELTOL=. 0015 

. PROBE 

. END 

PSPICE Program 

211 

Figure A4.1 Simulated Circuit 



APPENDIX V 

TURN-ON SNUBBER ANALYSIS 

Figure A5.1 shows typical diode recovery. Charge recombination within the 
device will occur at the start of the reduction in forward current. Current 

falls according to ý, = 1,, - V, t/L4. Charge recombination can be 

approximated by equation A5.1. 

Q. exp[-t/Tt] 

IDA 01 

L4 

Figure A5.1 Diode Recovery 

(C) A5.1 

IL 

S2 

Q. is the initial diode stored charge and dependant on forward current 

according to Q0 = Ir. -rt. -rt is the diode forward transit time. Stored charge 
is not removed by the device terminal current until the forward current 

reaches zero and reverse current starts to flow. 7"he reverse recovery current 

reaches a peak of 'r 
r and charge is removed between tj and t3* For a typical 

diode that is tailored to have a soft recovery characteristic, area "I" is 

approximately equal to area "2". 'Me charge of area I and hence area 2 is 

given by equation A5.2. 

QA, = QA2 = 1/2.1ý, (t2 - tl )= 1/2.1"2 L4 /Vr (C) A5.2 

'Me initial stored charge, Q. 
, can be approximated by equation A5.3. 

Qo ý QA1 + QA2 + q.,, 03 )ý1, 
,2 

L4 /V, + Q. exp E-t3 'Tt I (C) A5.3 
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Appendix III has shown that the turn-on loss is 1/2"r 
r2 

L4. From equation 

A5.3 this loss is given by equation A5.4. 

Loss = 1/2.1 
"2 

L4 = 1/2. Q. V, (I - eXP[-t3 /rt 1) (J) A5.4 

Losses reduce as t is reduced, when t=0 then losses are reduced to zero. 33 

From diode data sheets t2 and hence t3 is reduced for increasing di/dt which 

occurs with reducing the turn-on snubber inductance. Turn-on losses are 

minimised as the tum-on snubber inductance is reduced. 

APPENDIX VI 
EMITTER SWITCH DRIVER CIRCUIT DIAGRAM 

Figure A6.1 shows the emitter switch driver which was subsequently applied to 

the cathode switch. The driver is based on the 6 kW mosfet switch driver 

discussed in Chapter 5. 
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Figure A6.1 Emitter Switch Driver 
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